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Academic Research Institutes in the Microwave Field 
NATHAN MARCUVITZ* 


burgeoned forth on the campuses of many colleges 

and universities throughout the United States. 
Fulfilling at their inception a national need in time of 
crisis, they have continued in these less critical times to 
contribute importantly to the national research pro- 
gram. Their impact on academic curricula has been 
~ varied but no less important. The effective increase in 
faculty provided by academic research institutes is per- 
mitting the expansion of graduate course programs into 
ever widening areas of science and engineering in a man- 
ner responsive to contemporary scientific and technical 
developments. Expanded curricula and research facili- 
ties make it possible for students in increasing numbers 
to enter into research programs that attempt to prepare 
them realistically for the demands our technological so- 
ciety imposes upon them. Despite these evident ad- 
vantages, research institutes have yet to find a truly 
permanent place in the academic structure. Financial 
difficulties, together with related problems of securing 
balance between research and academic obligations, 
characterize this paradoxical situation. Since these 
points bear strongly on the question of the proper uti- 
lization of our national scientific and engineering po- 
tential, let us examine the role academic research insti- 
tutes can play on the educational scene with particular 
stress, by example, on those in the microwave field. 

Recent public emphasis on the need for expansion and 
intensification of our general educational program from 
the secondary to the graduate school level does not 
place in proper perspective the influence of such expan- 
sion on basic research in this country. For however 
great is the need for more graduate scientists and engi- 
neers, equally great is the need for that specialized and 
quite small echelon of graduates upon whom falls the 
disproportionate burden of the exploratory research on 
which future engineering applications depend. The 
problem of insuring a properly qualified national supply 
of scientists and engineers does not necessarily reflect 
the problems peculiar to the needs of the research 
minded group with which we are concerned herein. A 
balanced national educational program demands the 
separate consideration and solution of the distinct prob- 
lems involved in the two categories. 

Academic research institutes influence mostly the de- 
velopment of the “upper segment” of graduate scientists 
and engineers, although they are not without influence 
on the entire body of students and faculty. The staff at 
such institutes is primarily composed of an admixture 


GS bore World War II, large research institutes have 


* Director, Microwave Research Institute, Polytechnic Institute 
of Brooklyn, Brooklyn, N. Y. 


of research scientists and engineers who allocate their 
time in varying degrees to teaching and research. Such 
institutes should tend to supplement (but not replace) 
the classic type of departmental research involving a 
key professor plus a small group of graduate students. 
Because of the greater facilities and staff concentrated 
at research institutes, a broad spectrum of interdepart- 
mental research programs is made available to a large 
number of graduate students and faculty. The unusual 
opportunities thereby provided for training and con- 
tributing to significant research programs, can and 
should be incorporated as an integral part of a graduate 
curriculum. If this potential for creative effort resident 
in academic research institutes is to be properly ex- 
ploited, their flexibility of operation should not be ham- 
strung by an inadequate budget and by their involve- 
ment in programs indistinguishable from those in indus- 
trial research laboratories. 

Since the cost for the training of graduate students is 
many times higher than for undergraduates, the addi- 
tional maintenance of research institutes, which appear 
to be a necessary adjunct of every major graduate 
school, imposes financial burdens on tuition supported 
private colleges that are almost impossible to carry 
without outside cooperation. Up to the present, govern- 
ment sponsorship has been, for the most part, the 
financial mainstay of this type of academic research ac- 
tivity, but the vagaries of annual congressional budgets 
impart an aura of uncertainty to this source of research 
funds. This uncertainty has, in turn, not proven bene- 
ficial to the morale and program of academic research 
staffs. It is to be hoped that the recent re-evaluation of 
government sponsorship of basic research will result in 
a policy more conducive to the development of the 
academic potential in this area. 

Consideration of the question of government spon- 
sored research must, of course, include both academic 
and industrial research. Since the term research has be- 
gun to cover an ever widening spectrum of activities, it 
is of interest to contrast differences in the nature of 
university and industrial research programs that stem 
from different motivations. The primary goal of aca- 
demic research is the pursuit of programs of broad ex- 
ploratory research that conforms with the basic aca- 
demic obligation of training scientists. Research in 
industrial organizations, on the other hand, usually has 
specific, economically motivated, technological goals. 
This does not imply an absence of exploratory research; 
in fact, some industrial organizations engage in funda- 
mental research programs of which any university 
could well be proud. However, differences in motivation 
do exist and these should be properly exploited in the 
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national interest by means of academic and industrial 
programs that complement rather than duplicate one 
another. This demands a government policy that with 
proper balance effectively utilizes the potentialities of 
those programs of academic and industrial research 
whose development appears indispensable for the 
healthy growth of our national economy vis-a-vis that 
of other nations. This, in turn, demands distinct fiscal 
policies for application to university as against indus- 
trial research. The nature of an academic research opera- 
tion is such that long-term repercussions are created by 
budgetary changes that would have little influence on 
an industrial operation. 

Not unrelated to the fiscal problem is the nature of 
the research programs at some existing academic re- 
search institutes. For, in order to maintain an effective 
staff under the present fiscal support structure, con- 
tractual obligations are assumed which often run 
counter to what is considered as proper academic re- 
search. Resulting pressures to “produce” and to obtain 
contracts involve the research faculty in time consuming 
efforts that inhibit the full utilization of its abilities and 
talents. This involvement is tolerated only because of 
the conviction that a research effort is a vital part of a 
graduate academic program and by the pious hope that 
some of the defects of the present academic research 
structure will ultimately be remedied. Hoped for reme- 
dies would provide long-term funding on a broad ex- 
ploratory basis for at least 50 per cent of the total 
budget of a research institute. This would assure, cer- 
tainly in the applied science field, the desired flexibility 
and stability for the development of research programs 
in keeping with the basic academic obligation of training 
graduate scientists and engineers. If such programs were 
carried out on a national scale, it should be possible to 
insure at key academic institutions throughout the 
country the existence of centers engaged in specialized 
and high-level research programs as an integral part of 
academic activity. 

Academic research centers should have a varied na- 
ture dependent on the scientific manpower capabilities 
of specific institutions. Some should be devoted to basic 
research in the fundamental and classic meaning of the 
term; others, such as research institutes at engineering 
colleges, should be devoted to broad spectrum research 
characteristic of the applied sciences. In the latter cate- 
gory belong the academic research institutes in the mj- 
crowave field. From these we shall attempt to choose, by 
way of illustration, a few typical research programs that 
provide possibilities for graduate training and signifi- 
cant scientific contributions and are, as well, a desirable 
supplement to related industrial efforts. 

About 15 years ago, technical advances in the rapidly 
growing microwave field created a need for development 
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of a network theory utilizing distributed and lumped 
circuit elements more general than the then familiar 
inductance, capacitance, and resistance elements so 
effectively employed at the lower frequencies. Under 
wartime pressure, academic research contributed to a 
microwave network and mode theoretic viewpoint that 
conditioned the thinking of microwave engineers and 
provided valuable assistance to the development of 
microwave components for numerous radar systems. 

At the present time, the advent of novel anisotropic 
microwave devices incorporating ferrites, plasmas, and 
other electron beam loaded waveguides is lending im- 
petus to the creation of more general network and 
fundamental physical viewpoints to provide a corre- 
sponding service for present-day microwave engineers. 
High speed rockets and missiles have given great techni- 
cal importance to flush mounted “open waveguide” 
structures of the surface and leaky wave type. Here too, 
there is room for the development of network techniques 
for the quantitative description of interacting radiative. 
discontinuity elements, in order to provide stimulation 
for future applications. Continuing technological pene- 
tration into the millimeter part of the electromagnetic 
spectrum is bringing forth fundamental problems that 
demand facile multimode network or quasi-optic theo- 
ries for the quantitative understanding of wave phe- 
nomena in this range. Recently developed semiconduc- 
tor and other solid state structures have placed new 
classes of active and nonreciprocal microwave network 
elements at the disposal of microwave engineers. This 
added versatility creates new horizons for theories in 
analysis and synthesis of distributed electromagnetic 
structures. 

Of a somewhat different character is the need for 
broad interdepartmental programs to exploit magnetic 
resonance and other microwave spectroscopic tech- 
niques that promise to yield not only important techno- 
logical applications, but also useful information at 
molecular and cellular levels in the fields of biophysics, 
physics, and physical chemistry. One can continue along 
these lines but the above are exemplary of a few of the 
programs that can and are being pursued at academic 
research institutes in the microwave field. 

In summary, it is evident that we have tried to state 
the case for the establishment and financing of aca- 
demic research institutes as an integral feature of a 
graduate school activity. At present, the research view- 
point is an unintegrated supplementary activity fre- 
quently hampered by inadequate and academically un- 
balanced contractual arrangements. If basic research at 
academic institutions is to be regarded as vital to our 
national economy, it ought to be effectively utilized bv 
government and industry to permit the realization of 
its full potential. 
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_ A Wide-Band Double-Vane Torque-Operated Wattmeter 
for 3-CM Microwaves* 


A. L. CULLEN}, B. ROGAL, anp S. OKAMURAS 


Summary—tThis paper describes a torque-operated wattmeter for 
waveguide, capable of measuring power in the range of 10 to 200 
watts in the wavelength range 3.05-3.45 cm, with an accuracy of 
about 2 per cent over most of the wave band. 

The instrument is an absolute standard since its calibration de- 
pends only on measurements of mass, length, and time. Negligible 
power is absorbed, and the instrument is insensitive to mismatch. 


INTRODUCTION 


for 3-cm microwaves has been described, and it has 
been shown that an accuracy of about 13 per cent 
can be obtained with the instrument when working 
into an accurately matched load. 
The present instrument has been designed to operate 
satisfactorily over a wider band of frequencies, and in 
addition its sensitivity to mismatch is greatly reduced. 


[i an earlier paper! a torque-operated wattmeter 


CONSTRUCTION 


The general arrangement of the instrument is shown 
in Figs. 1 and 2. The wattmeter consists essentially of a 
short vertical section A of waveguide, connected by 
E-plane bends to horizontal input and output sections, 
and containing a movable element. The latter consists 
of a glass tube B to which two thin metal vanes are 
attached. The vanes are separated by one quarter 
guide wavelength at the midband frequency. A small 
mirror fixed to the lower end of the glass tube is used in 
conjunction with a lamp and scale to indicate the angu- 
lar position of the movable element. 

The movement carries also a locking cone used to 
clamp the suspension by means of the lever £, when 
the instrument is not in use. The lower end of the sus- 
pension dips into a dashpot containing silicone oil, thus 
ensuring “dead-beat” response. 

The movement is suspended by a 15-micron-diame- 
ter quartz fiber C from a vertical shaft D. 

The shaft D is held by a collet in the extension 
mounted in the center of the shaft of the driven wheel 
of the worm gearing associated with a slow motion drive. 

Two dials and a vernier indicate the angular position 
of the shaft D. 


* Manuscript received by the PGMTT, October 1, 1956; revised 
manuscript received, July 26, 1957. 

+ University of Sheffield, England. 

t Wayne-Kerr Labs., Surrey, England. 

§ University of Tokyo, Japan. 

1A. L. Cullen and I. M. Stephenson, “A torque-operated watt- 
meter for 3 cm microwaves,” Proc. IEE, vol. 99, pt. 4, p. 294; July, 
1952. 
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Fig. 1—Construction of the wattmeter. 


Fig. 2—X-Band wattmeter and scale. 


The ends of the horizontal guides are blocked with 
half guide wavelengths of expanded polythene to screen 
the vanes from draughts. The base of the wattmeter 
rests on three leveling screws, and a spirit level is built 
into the base. 


PRINCIPLE OF OPERATION 


When microwave power flows through the waveguide, 
the associated electric field produces a torque tending 
to rotate the vanes into line with the unperturbed elec- 
tric field. The torque produced is proportional to the 
square of the electric field strength magnitude, and 
hence to the power flow. The resulting deflection of the 
movement is compensated by turning the torsion head. 
The angle through which the torsion head must be re- 
turned to restore the vane to its initial position is there- 
fore a measure of the microwave power. 

A transmission line analog shown in Fig. 3 is helpful 
in understanding the action of the instrument. Each 
vane acts like an electrostatic voltmeter connected 
across a transmission line. The inductive diaphragms 
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shown in Fig. 1 are equivalent to inductances shunted 
across the electrostatic voltmeters and so chosen as to 
cancel their capacitive reactances so that the resultant 
impedance of each shunt is infinite. There is then no dis- 
continuity in the line. 

When the load into which the wattmeter works is 
matched, the relationship between torque and power 
can be written 


T = KP. (1) 


Fig. 3—Equivalent circuit of wattmeter. 


When the load is not matched, a correction factor 
must be introduced into this equation to allow for the 
effect of mismatch. The mismatch correction factor is 
easily deduced with reference to Fig. 3. Suppose that 
there is a voltage minimum at B. The impedance at 
such a point will be Zo-s, where s is the voltage standing- 
wave ratio (Vmin/ Vmax), and the square of the rms volt- 
age at this point will be Vs? = PZ)-s where P is the net 
power flow. Because of the quarter-wave separation be- 
tween A and B, there will be a voltage maximum at A 
and the square of the voltage at A will be V42=PZ)/s. 
In the actual wattmeter, the total torque is equal to the 
sum of the torques on the individual vanes, that is, to 
V4?+ Vz? in the analog. Hence, the torque is given by 


1 1 
[PS 3 (s+ —)«e. (2) 
2 Ss 


The constant K is the electrical calibration constant 
introduced in (1). 
Thus, the mismatch correction factor is 


peri 
ms s+), (3) 


A fuller analysis shows that this factor is valid for any 
position of the standing-wave pattern. Since F'> 1, the 
sensitivity of the instrument is increased slightly by 
mismatch. If s>0.9 the increase is less than 4 per cent. 

A single-vane wattmeter may be in error by as much 
as +10 per cent under the same conditions depending on 
the position of the standing-wave pattern, if no mis- 
match correction is made. 
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The correction factor 


1 1 
(+3) 
2 Ky 


for the double-vane instrument is strictly valid only at 
the design wavelength. At other wavelengths the mis- 
match correction becomes 


Lee 
(= ae s) 4 —(- _ :) cos ¢ cos Bl. (4) 
DONS Pia es: 


In this expression ¢ is the phase angle of the reflection 
coefficient of the load which determines the position of 
the standing wave relative to the vanes, @ is the wave- 
guide phase constant 27/dg, and / is the separation be- 
tween the centers of the vanes. If, as is often the case, 
the position of the standing-wave pattern is not known 
the mismatch correction is uncertain. The limiting 
values of the mismatch correction factor are 


t/a e/a 
>(- 23 :) + >(- _ s) cos {l. (5) 
dp Ss 2; AN 


The percentage error arising from the second term of 
(5) depends on the wavelength and on the standing-wave 
ratio. At 3.3 cm, for example, there is a possible error of 
+1 per cent if s=0.9, or +4 per cent if s=0.95, the 
design wavelength being 3.20 cm. 


CALIBRATION 


The calibration of the instrument involves two sepa- 
rate stages. 

The first stage is the electrical calibration in which 
the constant K is determined. This constant is equal to 
the torque per unit power for a matched load. The sec- 
ond stage is the mechanical calibration in which the 
angular deflection of the movement per unit torque is 
obtained. 


Electrical Calibration 


The electrical calibration is obtained from measure- 
ments made with a low-power waveguide test bench. 

The calibration procedure and its theoretical basis 
have been dealt with in detail elsewhere? and it is beyond 
the scope of the present paper to do more than to draw 
attention to the following points: 


1) The procedure is still valid if magnetic as well as 
electrical fields make a significant contribution to 
the torque. 

2) Only length (and angle) measurements are in- 
volved. No electrical power standards of any kind 
are involved. 

3) Any mismatch introduced by the wattmeter in the 
input guide does not affect the calibration though 
for functional reasons such mismatch is kept as 
small as possible. 


* A. L. Cullen, “A general method for the absolute measurements 
et seh power,” Proc. IEE, vol. 99, pt. 4, p. 112; February, 
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Fig. 4—Matching angle vs wavelength. 


4) The constant K is a function of 0, the angular posi- 
tion of the movement and of wavelength. 


The calibration procedure must be carried out at a 
sufficient number of wavelengths in the wave band re- 
quired to enable a smooth curve of K against \ to be 
drawn. 

The optimum value of # for best match (the matching 
angle) is also plotted as a function of wavelength. 


Mechanical Calibration 


The mechanical calibration consists essentially in de- 
termining the specific couple of the quartz fiber suspen- 
sion. This is done most conveniently by timing torsional 
oscillations when several rods of known moments of 
inertia are attached in turn to the movement. If k is the 
specific couple, the static deflection 6) of the movement 
under the influence of a steady torque 7 is given by 


A ; (6) 
This is also the angle through which the torsion head 
must be turned to restore the movement to its initial 
position. 
The determination of k has involved measurements of 
mass, length, and time only. Once again, no measure- 
ment of power is involved. 


Over-All Calibration 


Combining (1) and (6), we have the following relation- 
ship between torsion-head rotation and power when the 
load is matched: 


P = K' (7) 


where K’=k/K. 

Eq. (7) is the basic equation of the instrument. The 
constant K’ has the dimensions watts/degree if the 
angle @) is measured in degrees. 


Typical Calibration 


Two experimentally determined curves are required 
for using the double-vane wattmeter. The first is a plot 
of matching angle against wavelength and for a typical 
instrument takes the form shown in Fig. 4. 
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Fig. 5—Power calibration 


The second curve gives the power per degree as a func- 
tion of wavelength and for the same instrument has 
the form shown in Fig. 5. 

The calibration is carried out individually for each 
instrument. 

The errors do not exceed 0.4 per cent for mechanical 
calibration and 0.25 per cent for electrical calibration. 


SPECIFICATION AND PERFORMANCE 


The wattmeter will measure power in the range of 
10-200 watts. If the source is pulsed, it will measure 
mean power but the peak power should not exceed about 
50 kw. 

The mismatch produced by the wattmeter is small, 
not falling below 0.9 in the band 3.05-3.45 cm. The 
power lost in the instrument is around 2.5 per cent; it 
stays relatively constant over the band (to within 0.2 
per cent) and compares with about 1.5 per cent loss of 
power in the same length of normal guide. When mak- 
ing precise measurements this loss has to be taken into 
consideration as shown later in comparison measure- 
ments against a water calorimeter. 

The over-all accuracy of the wattmeter is as follows: 


in the band 3.10 to 3.35 cm +2 per cent 
3.05 to 3.10 cm +3 per cent 
Sigs) to 3.45 cm +3 per cent. 


COMPARISON WITH WATER CALORIMETER 


Tests have been carried out in which the power of a 
cw magnetron was measured simultaneously by the 
torque-vane wattmeter and by a water-calorimeter 
wattmeter, the latter acting as a termination. 

The comparison was carried out at a wavelength of 
3.26 cm, the magnetron being capable of maximum out- 
put of 10 watts. A continuous flow water calorimeter 
was used, consisting of a thin pyrex-glass tube extend- 
ing across the waveguide at a narrow angle in a plane 
parallel to the broad face. The power was measured in 
terms of the equivalent mains-frequency power required 
in an auxiliary heater coil to produce a rise in temper- 
ature (about 0.5°C) identical with that due to micro- 
wave power. 

Two sets of readings were taken as follows: 


1) With the wattmeter connected directly to the 
calorimeter with s=0.92. 
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2) With the wattmeter connected to the calorimeter 
via a matching unit with s=0.99. 


The readings of the two instruments for powers in 
the range 8-10 watts are given in Table I. 


TAB EE a! 


COMPARISON OF TORQUE-VANE WATTMETER AND 
WATER CALORIMETER 


Torque-Vane Water Per Cent 
Wattmeter Calorimeter Difference 
1) s=0.92 
9.02 watts 8.89 watts +1.46 
8.94 8.84 +1.13 
9.65 9.48 +1.80 
9.17 8.85 +3.60 
9.10 8.84 +2 .94 
9.19 9.06 +1.44 
Average difference between the two instruments 2.1 per cent. 
2) s=0.99 
9.10 watts 8.97 watts +1.4 
9.02 8.92 +1.1 
8.98 8.85 +1.5 
9.34 9.33 +0.1 
8.94 8.87 +0.8 
9.02 8.82 +2.3 


Average difference between the two instruments 1.2 per cent. 


These results have been corrected to allow for the 
measured attenuation in the connecting waveguide. 
Furthermore, in case 1) above, the wattmeter readings 
have been corrected for mismatch using (3), and in case 
2) above the small loss of power in the matching trans- 
former has been taken into account. . 

Since the attenuation through the double-vane watt- 
meter was 2.4 per cent (measured value) a figure of 1.2 
per cent was used in estimating the power loss between 
the vanes and the output flange. All corrections have 
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been applied to the readings of the two wattmeters in 
such a way that the corrected power measured by each 
is referred to the output flange of the double-vane watt- 
meter. 

The accuracy claimed for the continuous flow water 
calorimeter was +1.5 per cent and that for the double- 
vane torque-operated wattmeter was +2 per cent at 
3.26 cm. 

CONCLUSION 


The work described in this paper shows that the initial 
aim of designing a wide-band torque-operated micro- 
wave wattmeter has been achieved. The accuracy 
claimed has been verified by comparison with the best 
water calorimeter wattmeter available. 

The instrument is an absolute standard of power in 
the microwave band. 
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Traveling-Wave Resonators* 
a het dh MILOSEVICT AND R. VAUTEYT 


Summary—lIn the first part of the paper, the principles are given 
which have led to the conception of the traveling-wave resonator, 
and the calculations enabling its operation to be understood are 
presented. 

The second part describes the apparatus in detail and examines 
it, bearing in mind its use as high-power testing equipment. 
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PART I—PRINCIPLE OF OPERATION 


INTRODUCTION 


HE testing of the power-handling capacity of a 

microwave transmitter and associated circuit, at 

far more severe conditions than the nominal ones, 
has always been considered a very difficult problem for 
which no valuable solution had been found until the 
present time. 
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, Two solutions have been proposed to overcome this 
problem: 1) testing of waveguides at low pressure and 
2) testing of waveguides in standing wave. In this case, 
special hybrid circuits! are used for decoupling the mag- 
netron from the circuit to be tested. By means of “cas- 
caded” hybrids the value of apparent power in wave- 
guide is multiplied by 2" where is the number of 
cascaded hybrids. 

In the first method, using low pressure conditions, 
there is no exact relationship between testing and operat- 
ing conditions. This is due to the fact that the value of 
breakdown voltage depends upon the nature, pressure, 

_and ionization of the gas, as well as upon the pulse length 
and repetition rate. 

In the second method, using hybrids, the circuit to be 
tested is placed within the voltage loop of the standing 
wave. When testing a component, the terminal shorting 
plunger is moved along \,/2 (where \, is the wavelength 
inside the waveguide) to make sure that every part of 
the component has actually been subjected to the maxi- 
mum voltage. In fact, this method suffers from two ob- 
vious drawbacks: 


1) It is necessary to check voltage handling capacity 
for each part of the component by moving the 
shorting plunger, which will increase consider- 
ably the duration of test. Furthermore, in the 
case of intricate components there is still con- 
siderable doubt as to the exact value of breakdown 
voltage. 

2) The hybrid circuit increases the test voltage by a 
+/2 ratio only. For higher test voltages, the num- 
ber of hybrids should be increased. This is rather 
difficult because of the larger number of adjust- 
ments required. 


PRINCIPLES OF OPERATION IN THE 
PROPOSED METHOD 


Circuit Using a Hybrid Circutt 


A microwave feedback circuit using a hybrid circuit, 
shown in Fig. 1, has been proposed for use on an electron 
accelerator.’ 

In this circuit, the transmitter feeds into leg 3 of the 
hybrid. Incident energy is divided between legs 1 and 2. 
Leg 1 is connected to a matched load. Leg 2 loops up 
through waveguide A on to leg 4. The power transmitted 
along leg 2 is reinjected, therefore, into the hybrid cir- 
cuit through leg 4. This power is divided between legs 1 
and 2 and the process is repeated indefinitely. Leg 3 
(transmitter) is decoupled from leg 4 (reinjection) so 
that the standing-wave ratio, looking from the trans- 


1L, Young, “A hybrid-ring method of simulating higher powers 
than are available in waveguides,” Proc. IEE, vol. 101, pt. HIE pp: 


189-190; May, 1954. } 
2C, W. Miller, “The design of linear accelerators for X-ray 


therapy,” Metropolitan Vickers Gazette, pp. 121-125; December, 
1953. 
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mitter, depends upon the hybrid circuit matching con- 
ditions and the load on leg 1. 

The proper adjustment of the phases, so that the 
reinjected power will add to the incident power, will 
result in the storing up of a certain amount of energy 
within the ring A. Assuming zero attenuation in the 
ring, the relative voltage level is 


Fig. 1—Microwave feedback circuit. 


Fig. 2—Overvoltage in the traveling-wave resonator using a hybrid 
circuit (or a 3-db directional coupler) vs ring attenuation. 


For example, with an incident power of 1 mw, the ap- 
parent power within the resonator will be 


1 mw X (2.42)? = 5.85 mw. 


When assumiug losses equal to A db, the over-voltage 
coefficient NV is given as 


1 
MR) Eg-@ 
The curve showing variation of N vs attenuation is 


shown in Fig. 2. 

For easily obtained attenuation values, the overvolt- 
age is slightly greater than 2, but this value, in many 
cases, is not sufficiently large. 

It has proven possible to get higher overvoltage 
values by modifying the preceding circuit. This has 


N with e% = 104/29, 
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been performed by replacing the hybrid circuit with a 
directional coupler. The coupling coefficient is adjusted 
according to the ring attenuation. Thus, the system in- 
corporating a hybrid circuit is now a special case in this 
more general system. 


Circuit of Traveling-Wave Resonator Using a 
Directional Coupler 


Two types of circuits might be proposed, as shown in 
Fig. 3 and Fig. 4. Maximum WN values are identical for 
both circuits, but the values of optimum coupling co- 
efficient differ in each case. 


4 | DIRECTIonac ' 
R4 4 COUPLER 


eee 


—— 


Fig. 3—Microwave feedback circuit with directional 
coupler—circuit I. 


Fig. 4—Microwave feedback circuit with directional 
coupler—circuit IT. 


The two circuits in Fig. 3 and Fig. 4 are not grossly 
different. They could be compared to a conventional 
resonator connected to a transmission line where the 
terminals are planes 1 and 3 in Fig. 3, or planes 1 and 
2 in Fig. 4. 

It is easy to deduce the properties of Fig. 3 from Fig, 
4 by inverting planes 2 and 3, which means that C is re- 
placed by C/(C—1). The coupling coefficient C of the di- 
rectional coupler is expressed as the ratio of the incident 
power to the transmitted power in the adjacent wave- 
guide. In the design Fig. 3, the greater the losses in the 
ring, the smaller the coupling coefficient must be for 
optimum performance. 

In the case of Fig. 3, relations between incident and 
reflected waves are as follows 
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ia Roye~ (+78) (1) 
I3 = R3p3 (2) 


Ii Rye +28) | (3) 
and in the case of Fig. 4 they are 
1h, —) R3e7 (+78) (4) 


IT, = Rops (5) 
IT, = Rie e+) (6) 


where 


; =incident-wave amplitudes, 
R;=reflected-wave amplitudes, 
p:=reflection coefficients, 
e*= 104/29 = attenuation in the ring (A in db), 
8 = phase shift (in radians) through the ring. 


Traveling-Wave Resonator Characteristics 


Taking into account (1)—(6), together with the feed- 
back and matching conditions, the traveling-wave 
resonator characteristics are computed from the scatter- 
ing matrix of a directional coupler. The matrix of a 
directional coupler is as follows: 


C—1 1 
0 ve se = j— 0 
JSC JC 
VC —1 0 J 
VC ve 
Ils] = 2 ata 
vat Vora 
ve ie 
Sch cupe/Geee 
0 == = 
JSC VC 
In the case of the circuit in Fig. 3 
R C-—1 
Fea ean tae YS (8) 
Tr, JSC See 
eer = er (9) 
1 Ge 
Nance SS eee f—— 2 (10) 
V1 — e Gout } 
In the case of the circuit in Fig. 4 
R; 1 
N= | = SSS (11) 
I; VC — VC — 1-e-4 
5 1 
mo Toes a 
1 
NVinex = Wiper = VCopt ° (13) 


Nmax is identical for both circuits for a given amount 
of ring attenuation. Variations of Nmax and Cope are ‘il- 
lustrated in Fig. 5, as a function of ring attenuation A. 
N has been plotted (dotted curve) for the particular 
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40 A dB 


Fig. 5—Nmax, Copt, and Copt II vs ring attenuation. 


case where C=3 db. It is to be noticed that this curve 
meets the Nmax curve at A =3 db. 

The microwave resonator is generally of interest 
when testing low attenuation circuits—say less than 3 
db (and even less than 1 db), which is often the case. 

In the experimental setup with a variable directional 
coupler (consisting of, for instance, two 3-db directional 
couplers and a phase shifter placed in one of the two 
legs connecting the two 3-db couplers) either circuit 
may be used depending upon the component to be 
tested. But, when it is a laboratory model, the first cir- 
cuit will be preferred because the coupling coefficient 
is lower and the corresponding directional coupler is 
easier to make. 

The scattering matrix is also useful in studying the 
reflection coefficient of the ring as seen from the mag- 
netron side. 

The reflection coefficient p: = (Ri/J:) in relation to re- 
flection coefficient pz (circuit II) is given as: 


1 72 
aka 
I P2- (14) 
Tee 3 pee ar 
¢ 


This value is always less than pz and equals zero 
at optimum coupling, thus demonstrating that at 


e e 7 
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optimum coupling the whole incident power is trans- 
mitted into the feedback ring and no power is sent into 
the output load. The insertion loss introduced by the 
feedback ring, in the case of the permanent circuit, is 
expressed as 


C 
-: : (15) 


For optimum coupling conditions, it can be seen that 
the insertion loss is infinite. 

The reflection coefficient in the feedback ring caused 
by the output load is expressed as 


(16) 


This coefficient is always smaller than the reflection co- 
efficient of the load. 

In any case, in an experimental setup, output load 
and waveguide mismatches may be corrected by adding 
a reactor to the ring. By this means the Ry wave is can- 
celled before reaching the component to be tested. A 
monitoring coupler is placed between the reactance and 
the component in order to check cancellation. 


Part II—DESCRIPTION OF PRACTICAL RESONATOR 


TRAVELING-WAVE RESONATOR 


The practical design of a traveling-wave resonator 
for microwave operation is illustrated in Fig. 6. Design 
of circuits is illustrated by the block diagram in Fig. 7. 

In this experimental setup, working since July, 1954, 
in the Microwave Laboratories of the Compagnie 
Francaise Thomson-Houston, TH 5657 and TH 5586 
magnetrons have been used with a peak power of 
approximately 800 kw. Power obtained within the reso- 
nator varies from 3 to 8 mw depending upon the com- 
ponent under test.’ 

The resonator consists of the following microwave 
parts, all designed for handling high-microwave power 
and withstanding air pressure of several kg/cm’. 


SPN) olerrazza, “Traveling-wave resonator,” Tele-Tech., p. 84; 
November, 1955. This paper confirms the CFTH laboratory re- 
searches described herein. 


Fig. 6—Photograph of the traveling-wave resonator using a 


variable directional coupler. 


PRESSURIZED WinDOWS 


COMPONENT UNDER TEST . 


REFLECTED WAVE R, 


PHASE SHIFTER 


REACTOR 


PRESSUR/ZED 
window 


: | 
VARIABLE 
D/RECrionvaL 
3 COUPLER 
DIRECTIONAL 


COUPLER 


Fig. 7—Schematic diagram of a traveling-wave resonator. 


Phase shifter, 

Reactor, 

Variable directional coupler, 
Measuring directional couplers, 
Pressurized windows. 


Phase Shifter 


In traveling-wave resonators, the phase shifter en- 
ables the adjustment of the length of the feedback loop 
to obtain resonance conditions. 

The unit consists of a 3-db directional coupler and of 
two identical plungers simultaneously moved in order 
to insure a common shorting plane (see Fig. 8). 

Assuming that a signal I is sent into leg 1 and that leg 
4 is correctly matched, by writing (7) which can be ex- 
pressed as: 


Rll = [sl] 21 
with 
[S| = || se 


for the 3-db coupler, and allowing for the required con- 
nection conditions 
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Fig. 8—Circuit diagram of phase shifter. 


l= Roe 2ibx 
I; = 
Ts = 0 


R3e7 2382 


with 


we obtain 


[= ee 


jl ye—*ib= 


Therefore, the system is correctly matched (R=0) and 


by moving the plungers by Ax, the following phase shift 
is obtained 


Ad = 2BAx. 


The experimented resonator operates over a 2700 to 
3100-mc band: maximum plunger elongation is 100 mm 
and total phase shift is 400°. Power-handling capacity 
is good, the only limitation being given by the power 
handling of the 3-db coupler: approximately 3 mw at 
atmospheric pressure. With a pressure! of 2 kg/cm? 8 
mw were recorded, without any sign of breakdown dis- 
charge. 


Reactor 


The reactor is used for cancelling wave R, (see Fig. 7) 
before reaching the output plane of component under 
test. Two types of reactor may be used. 

Plunger Reactor: By displacing both plungers of the 
preceding design in either direction respectively we may 
use this design as a reactor (see Fig. 9). 


“ All pressure figures are gauge pressure readings. 
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Fig. 9—Circuit diagram of plunger reactor. 


In such a case, correct connection conditions are now 


Ig = Roe 28 @—-v) 
T3 = R3e—2#8 et) 
I, = (0. 


The same computation, starting from 


[Rll = Ils, 


‘{[ZI| 

as before gives 

—jIye—?#* sin 2By 
I; 


/2 
|R|| = 


jl ye" cos 2By 


The reflection coefficient in leg 1 is therefore: 


Ri 


a 


— je—*ibz sin 2B y. 
lL, J By 


Plunger offsetting adjustment (2y) makes it possible 

to vary the standing-wave ratio in leg 1. 

|p| =Oif y=0 and |p| = 
whereas x adjustments alter the phase of the reflected 
wave. 

This circuit shows the advantage of two independent 
adjustments, namely, as a phase-shifter and reactor. 

In the operating reactor shown in Fig. 10, the dis- 
placement y can vary over a 0-45 mm range, that is, 
slightly more than \,/8. Power trials were carried out 
with a 5-mw magnetron, with a standing-wave ratio of 
1.5 and a pressure of 2 kg/cm’. 

Quartz Rod Reactor: This reactor consists of four cy- 
lindrical rods made of fused silica; the diameter of the 
rods is 12 mm and the length is 80 mm. These silica rods 
are parallel to the wide side of the waveguide and per- 
pendicular to the propagation direction. Distance be- 
tween the rods is 17.5 mm which is equal to A,/8 at 
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Fig. 10—Photograph of plunger reactor. 


phase shifter 
ae 


ae 
4 


3aB Coupler 


Fig. 11—Circuit diagram of variable directional coupler. 


3000 mc. Total displacement is slightly greater than half 
the width of waveguide. This design insures proper 
matching of any standing-wave ratio (vswr) up to 2. 
The power-handling capacity is superior to the conven- 
tional reactor (where the dielectric rods are perpendicu- 
lar to the wide side of waveguide). 

Tests have been conducted successfully with a peak 
power of 2.5 mw (at normal pressure and a vswr equal 
to 2 before matching). 

In the same conditions, the conventional reactor did 
not operate above 1.7 mw. 


Variable Directional Coupler 


This directional coupler makes it possible to adjust 
the coupling between the main guide and the feedback 
loop, for the optimum value Copt. 

The system consists of two 3-db couplers mounted in 
cascade and a phase shifter inserted in one of the con- 
necting legs of the 3-db couplers. 

A study of the diagram in Fig. 11 shows that the 
system has the same directional properties as an individ- 
ual 3-db coupler. Now, assuming x, the path difference 
between legs (2’-1’) and (3/—4’), coupling conditions 
are expressed by: 


ip Ike Ly = e Bt. Ry 
Ty => Ry Ty = e Br. Rey, 


By taking into account the preceding conditions and 
writing for each 3-db coupler the (7) relation, the fol- 
lowing equation is obtained: 


16 Ri 
If Ro 
168 
T3 R3 
I, Ry 
with: 
0) ef al 2—Ba /2) sin ue 
2 
e) (7 /2—Bx/2) sin Be O 
2 
S)) = 
(S’) Be 
0 je? 8z!l2) cos eg 
2 


With a reference plane shift, as given in the diagonal 
matrix 


oe © © © 

0 6 0 @ 
(P) = 

oO @ @& @ 

O © @ @ 


it is possible to write this new scattering matrix: 


(SCE) GS) (PB): 


Putting 
yee b = ei(Gx/2—n/2) 
6 = ei (Gx/2) 
and 
d = ef(r/2) 


the matrix (S’’) may be written 


820 Bx 
0 sin— Jj cos — 0 
2 2 
_ Bx . Bx 
si — 0 Coat 
r 2 2 
|s"| = ' Aish 
j cos — 0 sin — 
Bx Be 
0 7 C0g Sasi es 0 
Z 2 


which proves that the described circuit is working in 
the same way as a directional coupler having a coupling 
value of 
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1 
Bx 


cos? — 
2 


6, 


By simply making x vary between 0 and \,/2 the com- 
plete range of coupling values may be covered. 


Bx 
2 
os Bx 
(0) jet Bx!2) cos — 
Me 
_ Bx 
ae 
e741 (w/2+Bx/2) sin ae (0) 


Pressurized Window 


Two materials have been tested. The first one was 
fused silica; the second one was teflon in the form of a 
sheet several millimeters thick. 

A dielectric window into a waveguide is equivalent 
to a shunting capacitor. In order to match this over a 
wide band, the height of guide was increased on each 
side of the dielectric sheet and the length was adjusted 
in order to obtain the proper series inductance Ly. 
Shunting inductances L» consisting of rods, are also in- 
serted at the point of height discontinuity. The corre- 
sponding diagram is shown in Fig. 12. All sharp edges 
due to waveguide section variations have been carefully 
rounded. 


Fig. 12—Matching the pressurized window. 


A standing-wave ratio of 1.02 is obtained between 
2700 and 3300 mc. Two quartz windows were used dur- 
ing power tests to permit pressurization in the reso- 
nator. The test space between the two windows was at 
atmospheric pressure. Breakdown discharge occurred 
at a power between 5 and 6 mw. 

The teflon window was tested at atmospheric pres- 
sure. During test, the window was placed between two 
quartz windows. The remaining section of the resonator 
was under higher pressure. At 6 mw, breakdown dis- 
charge occurred in the waveguide as well as in the teflon 
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»and quartz windows. The quartz window can withstand 

relative pressures up to 2 kg/cm? (we experienced 
quartz failure once at 3.5 kg/cm? and once at 4 
kg/cm’). The teflon window has already withstood a 
relative pressure of 4.5 kg/cm”, but further tests are 
still in progress. 


CONCLUSION 


The principles of operation of a traveling-wave reso- 
nator designed by the authors have been described. 
Constituent elements have been discussed and the ap- 
_ plication to high-power tests was mentioned. Now the 
fact is stressed that power-handling testing is not the 
sole application of traveling-wave resonators. This cir- 


cuit may also be used for other types of measurements. 
For instance, in the case of optimum coupling, attenua- 
tion introduced in the main waveguide is infinite and 
variation of attenuation within main waveguide aorund 
this value is very rapid. This can be applied to measure- 
ment of low variations in attenuation when studying 
surface treatments for waveguide, gas tube losses, etc. 
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Reflection Coefficient of E-Plane Tapered Waveguides" 


KATSU MATSUMARUt 


Summary—This paper treats the reflection of linearly and sinus- 
oidally tapered waveguides. In the first part, reflection coefficients 
of linearly tapered waveguides for dominant modes are calculated. 
Graphs of the vswr of tapers for different impedance ratios are 
plotted showing that the vswr does not go to unity at multiples of a 
half wavelength. In the second part, reflection coefficients of sinus- 
oidally tapered waveguides are calculated. Experimental data verify 
the theory for both kinds of tapers of various lengths at 4 kmc band. 

Linear tapers perform almost as well as exponential tapers, and 
better than shorter hyperbolic tapers. The reflection coefficients of 
sinusoidal tapers can be about half as small as that of the linear 
tapers, and these tapers compare favorably with the Dolph-Tcheby- 
cheff and the Willis taper of improved design. 


INTRODUCTION 


EFLECTION coefficients of tapered waveguides 
R can be calculated by formulas described in the 


references,!? but these formulas give only rough 
values. Reflections of several nonuniform transmission 
lines were theoretically treated by Burrow,’ Scott,* 
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manuscript received, October 29, 1957. ; 
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Corp., Tokyo, Japan. 
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Klopfenstein,® Collin,®:7 Willis and Sinha,® Bolinder,?'® 
and others. Most papers treat the magnitudes of re- 
flection coefficient of particular tapers that are mathe- 
matically convenient to analyze, but in microwave cir- 
cuit we often need practical formulas and convenient 
graphs to determine the reflection coefficients. These 
several papers are mainly theoretical, with very limited 
experimental data on tapered waveguides. 

In the first part of this paper, approximate theo- 
retical calculations of the reflection coefficient of linear 
tapers are presented. From the derived formulas, useful 
graphs were compiled in terms of the suitable ratios of 
input-to-output surge impedances. To confirm the for- 
mulas experimentally at 4 kmc, we have made two 
groups of tapers in which the ratios of surge impedances 
are 2.0 and 2.4. The agreement between calculated and 
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measured values of reflection coefficient was found to 
be very good. 

A sinusoidally tapered waveguide may be used to 
shorten the length of the taper. In the later part of this 
paper general formulas for the reflection coefficients of 
these tapers are described. To confirm the formulas, we 
made a third group of tapers in which the ratio of input- 
to-output surge impedance is 2.4. The calculated curve 
of reflection coefficient of these tapers agreed very well 
with that of the observed. Bolinder was the first to de- 
rive accurate formulas for linear and sinusoidal tapers. 
While his results are in terms of magnitude of the re- 
flection coefficient, we have derived explicit formulas of 
complex reflection coefficients of tapered waveguides. 
By means of our practical charts, we can easily deter- 
mine the exact reflection coefficient of a tapered wave- 
guide. 


CALCULATIONS AND CHARACTERISTICS OF 
REFLECTION COEFFICIENT OF LINEARLY 
TAPERED WAVEGUIDE 


In Fig. 1(a), Wi and W2 are rectangular waveguides, 
which are connected by an £-plane linear taper. The 
surge impedances of W; and W2 and the taper are Z,, 
Z2, and Z(x), respectively. The origin of x is at the 
longitudinal center of the taper, and the length of the 
taper is /. Let us assume that the Z(x) is a linear func- 
tion of the variable x and Z, is larger than Z, viz., 


Li Ze, (1) 
M+Z2. %L2:-Z 
Ze) = a = ! ; ot (2) 


Furthermore, we assume that Z;, Z., and Z(x) are 
positive real. In Fig. 1(b) two transmission circuits 
whose surge impedances are Z,’ and Z,’, are connected 
by a step discontinuity. If the electromagnetic wave 
propagates from left to right, the element of reflection 
coefficient dR is given by (3) when Z;’ is only slightly 
different from Z,’. It is 

Wags, — Zi dZy' 

= = (3) 


dR = == 
Lie Zyl ie 22 


By considering the phase difference, we can obtain R of 
the taper of Fig. 1(a) by the following integration pro- 
cedure. With 


Z,—Z 
CF eS ys 
/ 
1 pie e7 728 (e+1/2) 7, nea 
=— . anc 
Aba Ge ae pee ee a 1 hae tna 
ae a ae 
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Fig. 1—Illustration of the coordinate in a taper. 


The wavelength in the taper, A, is constant, and £6 is 
2r/d,. Putting 


2(Z2—Z1) 
Ge ee 
(Z1 + Zo)l 
(4) becomes 
Coen 7: 1/2 g—128(e+1/2) 
R= Sat ————_—— dx. (5) 
(Ze+ Zi)lJ we 1+ qx 


As a first approximation, we consider (5) when g is 
negligibly small. In this case, the taper may be consid- 
ered an exponential one. Then, 


igh 1a ee | sin (2nl/ro) | 


6 
2 22 2nl/rg ( ) 


This result is identical with the equation given by 
Ragan.” Values of |R| derived from (6) show that the 
reflection coefficient reduces to zero at the minimum 
points. Eq. (6) is not applicable for general cases when 
q is not equal to zero. To acquire a more accurate and 
useful equation, we must integrate (5) by considering g 
properly. 
By using the approximate relation, 


1 
= 1 <n , Vr} 
pepe qu + 9?x?, (7) 
we have from (5) 
sin B1- cos Bl(1 + g?l?/4) 
+ (i cos Bl — sin 61/8) 
pi Z2— 2, X (—q sin 61/2 + gq? cos 1/28) 
(Z2 + Z,)6l v 


sin? B1(1 + q?l?/4) 
—j\+ (i cos Bl — sin 61/8) 
X (qcos 61/2 + q? sin Bl/28) 


This equation is identical with (6) when we put g=0. 
From the explicit formula (8) we can easily calculate a 
magnitude of R of a taper. Eq. (8) was derived on the 
base of assumption (1). We may also use this formula 
for the case of Z,>Z,. However, except for extremely 
short tapers, the calculated magnitudes of R are equal 
for both the input and output sides. 
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Fig. 2—Curves show vswr’s of linearly tapered waveguides 
calculated from (8) with Z;/Z2: as the parameter. 


TAPER LENGTH 


Fig. 3—Method of taper design. 


Placing values of Z1, Z2, and / in (8), we can calculate 
the vswr of a taper from the relationship, 


1+ |R| 
vswr = ———__ 

. 1— [Rl 
Fig. 2 shows graphs of calculated vswr’s for various 
values of Z:/Z». It is to be noted that usually the re- 
quired bandwidths for microwave systems are rela- 
tively narrow, thus the method of design of a taper 
will be mentioned here. Let us suppose that for a given 
value of Z,/Z2, the vswr is as shown in Fig. 3. If the 
allowable value of the vswr is o,, we draw a horizontal 
line across oy. By estimating widths of AZ, ALz, etc., 
we can determine the necessary length of the taper. 

Now, we compare the reflection characteristics of 
a linear taper with that of others. First, we com- 
pare the | R| calculated from (8) with that given in 
Bolinder’s paper." In Table I, a very good comparison 
is shown for the case of Z;/Z,=2.0. Bolinder’s for- 
mula is expressed in terms of complicated Bessel func- 
tions and gives only the magnitude of R. It is believed 
that our formula for R in (8), being simpler and virtually 
as accurate, will prove to be more practical for designing 
of a taper. Next, Klopfenstein® described the perform- 
ances of exponential, hyperbolic, and Dolph-Tchebycheff 
coaxial tapers for the case of Z;/Z,.=1.5. Fig. 4 com- 
pares the performance of the linear taper with these 


TABLE-~I 
1/drg 0.2 OFS 0.4 0.5 0.6 0.8 0.9 1.0 hit eZ 1.3 1.4 
(8) 0.28 0.18 0.09 0.04 0.07 0.08 0.07 0.04 0.02 0.03 0.05 0.04 0.03 
R 
| Bolinder | 0.27 0217 0.09 0.04 0.07 0.08 0.07 0.04 0.03 0.04 0.05 0.04 0.03 


TAPER LENGTH/Ag 


Fig. 4—Performances of linear taper (Z;/Z.=1.5). a:hyperbolic, 
b:exponential, c: Dolph-Tchebycheff, d:linear. 


three other types. It is shown that the reflection of 
a linear taper is not too different from an exponential 
one. The reflection of the Dolph-Tchebycheff taper 
is shown to be much better than the linear, but this 
should be confirmed experimentally. The hyperbolic 
taper is disadvantageous for waveguide applicatons. 
Briefly the conclusion is that, in most cases, a linear 
taper may be substituted for an exponential. 

For microwaves applications, one should use a re- 
flection formula of a tapered transmission line which 
has been experimentally verified. The reasons are as 
follows. Most theoretical formulas are approximations 
derived on the bases of assumptions. For example, the 
waves propagating in waveguides are not TEM in char- 
acter. The definition of a surge impedance of a wave- 


1 Bolinder, ibid., p. 67 (Fig. 27). 
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guide is merely formal. Strictly speaking, the equivalent 
circuit of a taper is composed of many reactances, and 
hence it is frequency dependent. Moreover, higher 
modes may be induced in the output or input terminals. 
For example, Lewin” treated the reflection cancella- 
tion at junctions between waveguides and horns. The 
calculated values of reflection coefficient cannot be ac- 
curate for extremely short tapers, of course, and it is im- 
portant to determine the minimum lengths for which 
the formulas may be used. For these reasons, we deter- 
mined to get experimental data. We performed experi- 
ments at 4 kmc, because this band is most convenient 
in view of the precision of measurements available at 
our laboratory. 


EXPERIMENTS—PartT I (Z2/Z,=2.0) 


For a dominant mode in a waveguide of constant 
width a, the surge impedance is proportional to the 
height &.1° The first experiments were made for the case 
that Z2/Z; is 2.0. That is, the internal sizes, b and a, of 
the waveguides were 58.1 mm X58.1 mm and 29.1 mm 
X58.1 mm. Lengths of tapers were from 17 cm to 2 cm 
at intervals of 1 cm. Accuracy of internal sizes in 
the plane of flanges was approximately +0.2 mm. The 
vswr was measured on the rectangular side using a 
specially made sliding wooden dummy load on the 
square side. The residual vswr of this dummy load was 
approximately 1.01 at this band. We eliminated errors 
due to this load by shifting its position. The law of the 
crystal on the standing-wave device was measured. The 
data were taken at a frequency of 4 kmc (A, =9.82 cm). 
Observed and calculated results are shown in Fig. 5, to- 
gether with other data. Observed points shown by white 
circles coincide well with the dashed curve for tapers 
longer than 0.5 \,. The mean error in the vswr of the 
tapers longer than 0.5 \, was as small as 0.005. In this 
example Z2 is larger than Z,, so that, the calculated 
magnitudes of vswr are not equal to the curve c shown 
in Fig. 2. However, the deviations of vswr from that 
curve are extremely small. We may use Fig. 2 for this 
example. It is believed that graphs of Fig. 2 are generally 
inapplicable for tapers shorter than 0.5 dg. So, it is im- 
portant to determine the minimum lengths for which 
other authors’ formulas may be used. 


EXPERIMENTS—Parv II (Z;/Z,=2.4) 


We measured vswr’s of another group of tapers con- 
necting waveguides with internal dimensions of 29.1 mm 
X58.1 mm and 12.0 mm X58.1 mm, for which Z1/L2 
is almost 2.4. Lengths of this group are from 20 cm to 
3 cm at intervals of 1 cm. The constructional accuracy 
of this group is not as good as the first group; namely 
almost +0.35 mm. Measurements were made at a fre- 


2 L. Lewin, “Reflection cancellation in waveguides,” Wireless 
Eng., vol. 10, pp. 258-264; August, 1949, 

13 Schelkunoff, “Electromagnetic Waves,” D. Van Nostrand 
Co., Inc., New York, N. Y., pp. 316-322; 1943. 
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Fig. 5—Results of measurements of vswr of linear tapers. White 
circles show observed values, and the dashed curve the calculated. 
The ratio of Z2/Z, is 2.0. Black circles and the solid curve show 
the corresponding values for the ratio of Z;/Z2 equal to 2.4. 
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Fig. 6—Illustration of the coordinate in a taper. 


quency of 3960 mc; that is, \, was almost 10.0 cm. Fig. 
5 shows the results. Black circles show observed values 
and the solid curve the calculated. In this group, again, 
the results coincide well for tapers longer than ONE: 
Deviations are slightly greater than the first group; the 
mean error of the vswr is as small as 0.008. 


CALCULATION OF REFLECTION COEFFICIENT 
OF SINUSOIDALLY TAPERED WAVEGUIDE 


We calculate the reflection coefficient of a sinusoid- 
ally tapered waveguide for the dominant mode in the 
same way as that for the linearly tapered waveguide. 
The width a of a rectangular waveguide is constant, 
and its height 6 varies sinusoidally as shown in Fig. 6. 
We assume that Z:, Z2, and Z(x) are positive real and 
Z, is greater than Zs, thus, 


Bi Zi. (9) 


From (10), 
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m(Z. — 1 TX 
dZ(x) = BVA) sin (=) dx. (11) 


21 


Thus, if the electromagnetic wave propagates from left 
to right, R of the taper in Fig. 6 can be obtained, after 
considering the phase factor, from 


(Ze = Z1) l e728 sin (rx/1) ‘ 
= Geet 12) 
21(Z2 + Zi) 0 Zs = La (“*) 
= cos 
Zot Zi l 


To evaluate this integral, we put 


Wx 
+ r? cos? (=). (13) 
Using this approximate relation, we obtain 
ps l : 
R= LY ea oy e782 sin (=) 
2(Z2+ Zi) 4 0 l 
Tx Tx 
. \1 —r cos (“) + r? cos? (=) dx. (14) 
On evaluating (14) we find 
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It is clear that (15) isa function of r and //h,. Asa check, 


we put 7=0 in (14), and (15) is given by 


= 1 Z.—- Le (= 
R= — TTaNCOS =) 
2 Z2,+2, dg 
. f (=) Ane (= \ 
cos | —— } — j — 
\ Ss . 7 sin 4 
i jan _ = / | =ht 
x a = 
Ae TARY Bat 1 Mieka? 


In this equation, if / tends to zero, R becomes 


VATA 
R=——_ - 
Z2+ “41 


So, (15) converges to the reflection coefficient of two 
directly connected waveguides. In Fig. 7, curves show 
vswr’s for various values of Z:/Z2, corresponding to 
those in Fig. 2. It should be mentioned that the curves 
of the vswr do not go to unity at the minimum points 
and their maximum points ascend in accordance with 
the ratios of Z:/Z». As for a linear taper, Fig. 7 may be 
used for the case of Z.>Z. The reflection character 
described in this chart shows clearly the very high qual- 
ity of these tapers. It is mentioned that the vswr’s in- 
crease suddenly for tapers shorter than 0.7)g. 


ro a(Z2 — Z1) 
Ze + Za 


Whig Or i 

r2 ae r? ms 

5) (=) (=) a 4 (=) - (=) 

G, Se) Ng l 
Aa | 

r e 
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Fig. 7—Curves show vswr’s of sinusoidally tapered waveguide as 
the parameter of Z,/Z2. The impedance ratios are 1.3 to 3.8. 
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Thus, for approximately equivalent performance, the 
sinusoidal taper can be made about half as long as the 
linear taper. Next, we compare the sinusoidal taper 
with the taper which was described in Willis and Sinha’s 
paper.” In this case, Z1/Z2 is equal to 2.0. Fig. 8 shows 
reflection coefficients of both tapers. The length of the 
sinusoidal tapers is almost 0.65 A, for | R| equal to 0.042 
as compared with 0.5 A, for the Willis taper, but this is 
compensated by a faster reflection drop-off in the sinus- 
oidal taper. Lastly, we compare the sinusoidal taper 
with the taper which was described in Klopfenstein’s 
paper.!® Fig. 9 shows reflection performances of both 
tapers. The Dolph-Tchebycheff taper appears to be 
somewhat better, but not by a major degree. Thus from 
Figs. 8 and 9 we see that as to the reflection character, 
a sinusoidal taper compares well with several kinds of 
tapers designed by more difficult methods. Conse- 
quently, for many applications the sinusoidal taper - 
would be preferable from the standpoint of design sim- 
plicity coupled with adequate performance. 


EXPERIMENTS—Part III (2;/Z,=2.4) 


As the second group, we experimented for the case 
that Z;/Z»2 is 2.4. To confirm the formulas, it appears 
most favorable to use taper lengths near the first mini- 
mum point of the vswr curve, so that lengths from 0.5 
d, to 1.0 A, with intervals of 1 cm were used. The ac- 
curacy of measurements was, on the whole, improved 


TABLE II 
1/dg 0.5 0.6 0.7 0.8 0.9 1.0 18 122 153 1.4 eS 
(a5) 1.24 1.14 1.06 1.05 1.06 1.06 1.04 1,02 1.01 1.02 1.02 
VSWR 
Bolinder 25 13 1.07 1.05 1.06 1.06 1.03 1.01 1.02 1.03 1.02 
TABLE III 
Length (cm) 10 11 12 iS 14 15 16 17 18 19 20 
Linear. 1.04 1.07 LO 1.09 1.05 102 : : 
moe 3 0 1.05 1.07 1.06 1.04 1.02 
Sinu. 1.06 1.04 1.02 elt 1.02 02 1202 WOE 1.01 1.01 1.01 


COMPARISON WITH OTHER TAPERS 


Now, for the case of Z;/Z,=2.0, we show the vswr’s 
from (15) with those calculated from Bolinder’s paper" 
in Table III. The agreement of the two sets of values is 
very good. We next compare sinusoidal tapers with 
linear tapers. As an example, let us consider a wave- 
guide wavelength \, of 10 cm. The vswr of these two 
tapers are given in Table III for Z,/Z, equal to 2.0. 


1% Bolinder, op. cit., 


Trans. Roy. Inst. Tech. 
(Fig. 26). n oy. Inst. Tech., Stockholm, p. 65 


compared to that of the two previous groups. Measure- 
ments were also made at 3.96 kmc. The results are ex- 
pressed in Table IV and show excellent agreement. As 
shown by the curve d in Fig. 7, the observed values of 
vswr yield a minimum near the taper length of 0.75 X, 
and a maximum near 0.9 \,. It is believed that the 
mean error in the vswr of tapers longer than 0.8 Ay is 
about as small as 0.01. 


* Willis and Sinha, op. cit. (Fig. 3). 
'* Klopfenstein, op. cit. (Fig. 6). 
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Fig. 8—Reflection coefficient as a function of //A, for the example of 
Willis and Sinha’s paper and sinusoidal taper. Solid line: sinus- 
oidal, and dashed line: the Willis taper. 


CONCLUSION 


The reflection coefficient of a linearly and a sinusoid- 
ally tapered waveguide can be calculated quite ac- 
curately by (8) and (15), respectively. Except for ex- 
tremely short tapers, the calculated magnitudes of R are 
equal for both the input and output sides. For most 
cases, however, we may directly determine vswr’s by 
means of the graphs described in Fig. 2 and 7. Both the 
observed values of the vswr of linear tapers longer than 
0.5 A, and sinusoidal tapers longer than 0.8 A, coincide 
with calculated values at most within the limit of 0.01. 
The effect of neglecting higher terms in (8) and (15) is 
very small, so that (8) and (15) are generally sufficient 
for practical uses. 
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Fig. 9—Reflection coefficient as a function of //dg for the 
Dolph-Tchebycheff taper and sinusoidal taper. 
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The reflection performance of a linear taper is almost 
as good as an exponential one, and a sinusoidal taper 
is comparable to the Dolph-Tchebycheff and the Willis 
taper of improved design. 
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Propagation in Ferrite-Filled Microstrip* 


MORRIS E. BRODWINT 


Summary—tThe propagation constant of a ferrite-filled microstrip 
is measured as a function of the longitudinal static magnetic field. 
The results agree with the analysis by Van Trier of the infinite paral- 
lel plane waveguide filled with gyromagnetic media. The analysis is 
extended to anisotropies greater than 0.5. A simple relationship be- 
tween propagation constant and anisotropy for the quasi-TEM mode 
with small spacing (X<),) is noted. Cutoff spacings for higher 
modes are calculated. An apparatus for the measurement of propaga- 
tion constant independently of interface reflections is described. 


INTRODUCTION 


media possessing tensor permeability has been 

the subject of considerable investigation. This 
interest has been stimulated by the development of 
low-loss ferromagnetic materials called ferrites which 
easily exhibit electron spin resonance. Van Trier! has 
solved the case of a circular waveguide filled with ferrite 
and biased in the direction of propagation. He also an- 
alyzed in some detail the ferrite-filled parallel plane 
waveguide with a longitudinal magnetizing field. The 
case of circular waveguide filled with ferrite material 
and magnetized in the direction of propagation has 
also been treated by Kales.? Lax’ has investigated the 
rectangular waveguide partially filled with ferrite and 
transversely magnetized. 

The principal experimental work with ferrites has 
been largely restricted to the circular and rectangular 
waveguide structures. The only reported work in strip- 
line waveguide is that of Fixt and Arditi.® Fixt placed 
the ferrite material between two coupled strip-lines. 
When the stripline fields are in phase quadrature, a 
circularly polarized wave is produced in the fringing 
region. With a longitudinal static magnetic field, the 
structure exhibited nonreciprocal effects. Arditi> sym- 
metrically located the ferrite slab in a microstrip struc- 
ture and took measurements of relative attenuation and 
phase shift. No attempt was made to explain quantita- 
tively the experimental results. 

The problem treated in this paper is the determina- 


|OUencre of electromagnetic waves in 
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tion of the applicability of the parallel plane waveguide 
analysis to the wide strip ferrite-filled microstrip. More 
specifically, we attempt to determine how closely the 
variation in propagation constant with longitudinal mag- 
netic field for microstrip follows the variation predicted 
by a parallel plane analysis of the quasi-TEM mode. 
The analysis of Van Trier is extended to include high 
values of anisotropy. 

A simple relationship between anisotropy and propa- 
gation constant is derived for the quasi-TEM mode. 
Experiments are described for determining the propa- 
gation constant independent of the ferrite interface 
reflections. 


ANALYSIS 


We consider the medium to be a lossless dielectric 
with a tensor permeability 


Mi —t. O 
(u) =j;ime2 wm Of}. (1) 
0 0 ba 


If the ferrite is demagnetized u3=; and us=0; at satu- 
ration 3 =o. 

We commence with a cartesian coordinate system 
with the biasing magnetic field in the z direction. The 
fields are assumed to be of the form u(x, y)e@T, Fol- 
lowing Van Trier, the substitution of the tensor perme- 
ability into Maxwell’s equations yields the coupled 
wave equations 


V?H,+ aH, + bE, = 0 (2a) 
and 
VE, + cE. + dH, =0 (2b) 
where 
a= I? + wen, 
b = — awe set E 
M1 
e=T?+ oan 1 = (=)] 
Mi 
d = opel’. 
By means of a change in variable 
E, = a,+ ae (3a) 
HA, = Kya, + Koay (3b) 


where Ky and K2 are chosen to uncouple the equations 
in a and Qe. 
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Eqs. (2a) and (2b) can be written as 
Via; + oO; Q; = 0 1 = il. 2 (4) 


where 


HOT} 


Application of the boundary condition, Eta,=0 yields 
Q\ + ag = 0 (6a) 


and 
fo) 0 

d2| — (o37a aa 01a) | a) 4 E (o2?ay = oes) | 
OT On 


Fr) 
+ [61a + d3d] bE (ay + x) | = 0 (6b) 


where 
81 = twlwe(u2? — wi?) — wil?) /6 
Se tl 270 
= — twepol/5 
6 = {T? 4+ we(ui + w2)} {T? + we(ui — ws)}. 


j= 2) 
oo 
| 


0/07, 0/0n are the tangential and normal derivatives. 
The symmetrical and antisymmetrical solutions of (4) 
are substituted into the boundary conditions, (6a) and 
(6b), and the resulting expressions evaluated on the 
boundary of Fig. 1. This process leads to two equations 
which are implicit relations involving the propagation 
constant and the anisotropy, b2/m. 

Restricting the discussion to the antisymmetric solu- 
tions leads to the following relation involving [,,. 


OP: — O:P; = O (7) 
where 


O12 = wrr/eu192,1r[1 — Uor,o?| 


2 
1+n—(4) 
Ki 


U = - 
[ b2\” 
(r2 + 1)? (“) 
M1 
Py 2= [ €i71.2rXor + e~i71,2°Xor | [ e%2.1rXor = e~ 192,1rXor | 


where 
ORES. GIGI 


Values of the propagation constant I’, are deter- 
mined by choosing a suitable spacing and anisotropy 
and varying the propagation constant until the left- 
hand side of (7) is zero. Eq. (7) applies to the odd quasi- 
TE modes, and even quasi-TM modes as well as the 
quasi-TEM mode. The ambiguity between a correct 
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Fig. 2—Propagation constant vs anisotropy—quasi-TEM. 
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value of propagation constant and the mode with which 
it is related is resolved by starting the calculations with 
small anisotropy. The assumed values of propagation 
constant are chosen in the immediate region of the cor- 
responding isotropic mode. 

The propagation constant, [,, for the quasi-TEM 
mode has been calculated for a range of X,, and be/m, 
Fig. 2. The curve X,,=1.5 corresponds to the behavior 
of the waveguide with approximately \/2 spacing be- 
tween the parallel planes. The wavelength, A, is the in- 
trinsic wavelength associated with the material. For 
spacings less than A/2, the dependence of I, on p/m 
approaches a circular locus. Additional curves (X,,=0.1, 
0.2, 0.3) were calculated but are not displayed since 
they overlap the X,,=0.414 curve. This result is useful 
for design purposes since it relates the propagation con- 
stant and anisotropy in a simple fashion, 
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For small spacing (Xo, <0.414) 


Gy. 8 


The error between points calculated with (8) and points 
laboriously calculated with (7) is less than 0.9 per cent 
for small spacing. 

For large spacing (X.,=5), the trend is reversed. 
The propagation constant increases with anisotropy 
instead of decreasing. This peculiar behavior implies 
that the waveguide acts as a slow wave structure for 
large spacing and a fast wave structure for small spac- 
ing. 

When the anisotropy is unity, the corresponding 
value of the propagation constant is undetermined. 
This result arises from the behavior of U as p2/mi—1 
and I. —0. U can have any value depending upon the 
manner in which the variables approach the limit. The 
trend of the values for anisotropy less than unity and 
small spacing indicates that the propagation constant 
tends toward zero as the anisotropy tends toward 
unity. This result has been verified experimentally. For 
an anisotropy greater than unity, values of the propa- 
gation constant cannot be determined from (7) or its 
symmetric counterpart. For example, Fig. 3 is a plot of 
O:P2.—O2Pi vs ie/e with Me/ pi =2, Xo naa At 
low values of I,/z, the function is imaginary and nega- 
tive. As I',/z increases, the functions tend toward in- 
finity. At a larger value of I’,/z, the function starts again 
with negative real values. Since the function does not 
pass through zero, the waveguide is beyond cutoff for 
anisotropies greater than unity. 

The critical spacings for the higher modes is deter- 
mined by setting I’, equal to zero in (7) and solving for 
for: 

nt 
Xor = even 2. (9) 


ee Gaile 


When the process is repeated for the symmetric solu- 
tions, the same result is obtained, but with odd n. The 
mode titles are assigned by comparing the result with 
the solutions for the isotropic case. 

The critical spacing for the quasi-TM, modes are 
shown in Fig. 4. The critical spacings for the quasi-TE 
modes are the same as the critical spacings for the 
quasi-T'M modes. This degeneracy in the isotropic case 
is preserved in the anisotropic case. If we choose a 
spacing much smaller than \/2 to insure that the quasi- 
TEM mode is the only propagating mode, then an in- 
crease in anisotropy does not permit the propagation of 
higher modes. This result follows from the increase in 
critical spacing with increasing anisotropy. 


EXPERIMENTAL PROCEDURE 


The experimental problem is to determine how closely 
the ferrite-filled microstrip approximates the theoret- 
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Fig. 3—Behavior for (u2/p) >1. 
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Fig. 4—Critical spacings for the higher modes. 


ical predictions of the parallel plane waveguide. The 
technique consists of placing a ferrite-filled microstrip 
in a longitudinal magnetic field and determining the 
relationship between the propagation constant and the 
magnetic field. In order to approach as closely as possible 
the parallel plane case, the upper strip width is approxi- 
matelv \/2. The microstrip geometry is shown in Fig. 5. 

The principal experimental difficulties are caused by 
the necessity for placing the microstrip within a sole- 
noid. The space limitations prohibit the use of direct 
field sampling techniques. If measurements are taken 
external to the ferrite section, the usual phase sensitive 
bridges are subject to errors caused by variable dielec- 
tric-ferrite interface reflections. To avoid these difficul- 
ties, a perturbation technique was employed. This ap- 
paratus consists of a movable small reflector mounted 


L STRIP CONDUCTOR 
Fig. 5—Microstrip geometry. 
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Fig. 7—Phase sensitive bridge. 


close to the upper plane of the stripline, Fig. 6. The 
metal wedge reflects part of the fringing field, and the 
resultant reflections are determined by a microwave 
bridge, Fig. 7. The position of the reflecting element is 
controlled by means of a lead screw. When the reflect- 
ing element is displaced by \,/2, the total reflection 
from the sample is unchanged. In this manner, the in- 
terface reflections as well as any reflections from the 
transitions do not affect the measurement. 

The samples were prepared in the following manner. 
To insure that higher modes would not propagate, the 
spacing between upper and lower planes of the strip- 
line was chosen as 0.057 inch for a dielectric constant of 
7.3. Rectangular samples, }$X13X0.057 inch, were 
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prepared and fitted into a polystyrene slab. The dielec- 
tric sample holder was cut with linear tapers at each 
end to reduce reflections from the transitions. The up- 
per and lower conducting planes were prepared by 
spraying silver paint on the masked sample holder and 
electroplating a 50-micron copper film. The ferrite em- 
ployed in these experiments was “R-1,” manufactured 
by General Ceramic and Steatite. The dielectric con- 
stant of the ferrite, ¢=7.3, was measured by a standard 
waveguide technique and by the microstrip method pre- 
viously described. This value is considerably different 
from the nominal value of 13. The discrepancy is pos- 
sibly due to the large batch to batch variation of early 
ferrite materials. 


EXPERIMENTAL RESULTS 


The phase constant was measured for magnetic fields 
between 0 and 1700 oersteds. The results of these meas- 
urements are shown in Fig. 8. To determine the relative 
transmission loss, a matched detector was placed at the 
output transition and the detected energy was noted 
for different values of applied field. These results are 
shown in Fig. 9. No significant difference in phase con- 
stant or insertion loss was noted when the experiments 
were repeated with a reversed magnetic field. 


DISCUSSION 


The variation of phase constant with applied mag- 
netic field agrees, qualitatively, with the predicted 
behavior of the ferrite-filled parallel plane waveguide. 
Starting with zero applied field, the phase constant 
should decrease as the anisotropy is increased, Fig. 2, 
X or =0.414. At the magnetic field at which the aniso- 
tropy is unity, the propagation constant is zero. Above 
this point, the ferrite section is beyond cutoff. The ex- 
perimental data shows that the phase constant de- 
creased until a field of 1025 oersteds was reached. The 
transmission data indicates that the stripline was cut 
off at 1025 oersteds. The maximum field was 1700 
oersteds. The theory, as previously developed, cannot 
predict losses since it was assumed that mw, and we are 
real quantities. Consequently, the propagation constant 
is a pure imaginary and attenuation is not expected. 
The general trend of the relative transmission, Fig. 9 
shows an increase in loss with an increase in magnetic 
field. From 1025 to 1700 oersteds, the readings re- 
mained constant. This small residual transmission is 
attributed to leakage between the microstrip-waveguide 
transitions. The fine variation in transmission is pro- 
duced by the changing wavelength in conjunction with 
the interface reflections. This is the typical interference 
phenomenon observed with any resonant structure with 
varying phase shift. 

It is possible to obtain a theoretical expression for the 
variation of phase constant as a function of the applied 
magnetic field subject to the following simplifying as- 
sumptions: 
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Fig. 9—Relative transmission vs applied field. 


1) The static field inside the sample is assumed to be 
homogeneous. The effects of demagnetization can be 
expressed by a demagnetizing factor. Since the sample 
is a rectangular parallelepiped, the internal field is 
actually inhomogeneous, but this effect is neglected. 

2) The magnetic behavior can be expressed by a con- 
stant magnetic susceptibility. This assumption is ap- 
proximately correct only in the region of saturation. 

With these assumptions, a relationship between po/u 
and the applied field, H,, can be determined. 

The anisotropy is related to the applied field by (see 
Appendix) 


Ba wyK(1+ NK)H, ; 
M1 ye Hee + K) a w?(1 a NK)? ( 0) 
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where 


w=angular frequency 

Y =gyromagnetic ratio 
K=magnetic susceptibility 

N =demagnetization factor 
H,=applied static magnetic field. 


If the ferrite slab can be represented by an equivalent 
ellipsoid of revolution, the demagnetization factor can 
be calculated. With the dimensions of the slab used in 
the experiments, V=3X10-*. In the region of satura- 
tion, K is on the order of unity and VK <1. The de- 
magnetization effects, therefore, are neglected. The re- 
lationship between anisotropy and H, is then given by 


TH: 
Le i wy ; (11) 
i PHA + K) — 


The susceptibility is determined by assuming that cut- 
off occurs when the anisotropy is unity and solving (11) 
for\K, for cutoff at 1025 oersteds. The calculated value 
for Ky is 2.45. When this value of K is substituted into 
(11), the resultant relationship between po/y; and H, 
represents the theoretical behavior of the anisotropy 
with the applied field. To determine I',/z as a function 
of Hz, (11) is substituted into (8). 


ey 


This equation was employed for drawing the theoretical 
curve of Fig. 8. 

In general, the theoretical curve follows the trend of 
the data. The principal discrepancy is in the region be- 
tween 100 and 600 oersteds, where the experimental 
points are lower than the predicted value. This dis- 
crepancy may be a result of the assumption that K re- 
mained constant. In the low-field region, where the 
material is not saturated, K is larger than the chosen 
value. Increasing K decreases the right-hand side of 
(12) and would yield a smaller value for Dis. 

A question arises as to how much of the insertion loss 
is due to a cutoff effect and how much is due to radia- 
tion from the microstrip. With this experimental tech- 
nique, it is not possible to distinguish between the two 
effects. However, the fact that the experimental points 
agree very closely with the theoretical values in the 
region of large insertion loss might indicate that the 
cutoff effect predominates. 


wyK Ha | (12) 
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APPENDIX 


The relationship between the applied magnetic field 
and anisotropy is derived from Polder’s equations® for 
Mi and Me: 


* D, Polder, “On the theory of ferromagnetic r fh ; 
Mag., vol. 40, pp. 99-115; January, 1949, ances” Phil. 
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y¥Mw 
Ma = mo[ mins | (1) = ts (3) 
wo? — w? Hi = @0?’ — yMay — &? 
Pirates Assuming a demagnetization factor NV, the internal field 
ba = Pavan (2) is related to the external field. Expressing the magnetic 
polarization density in terms of a magnetic susceptibil- 
ae ity K, and the internal field, the final equation is 
wo=yM be wyK(1 + NK)H, 


H,=internal static magnetic field 
Jo= permeability of free space 
YY =gyromagnetic ratio 
M=magnetic polarization density 
w=angular frequency. 


The anisotropy, f2/us, is related to the internal field by 


iy Hatta Kiser VN 2 ; ”) 
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An Improved Method for the Determination 


of Q of Cavity Resonators* 
AMARJIT SINGH{ 


Summary—The various Q factors and circuit efficiency of a cavity 
resonator can be evaluated from standing-wave measurements on 
a transmission line or waveguide coupled to the resonator. In the 
usual method, measurement errors near the half-power points have 
an unduly large influence on the result. This paper describes a 
method in which this type of error is avoided. 

In the new method, vswr and position of minimum at various fre- 
quencies are plotted on a Smith chart and a circle is drawn through 
the points. This circle is suitably rotated around the center of the 
chart and a value of equivalent susceptance is read off for each fre- 
quency. The graph of susceptance vs frequency is a straight line, 
from whose slope the Q factors are evaluated. 

The underlying theory of the above method is discussed and 
typical experimental results are presented. Charts of parameters re- 
quired in the calculations are given. 


INTRODUCTION 
r | YHE measurement of the Q of cavity resonators 


finds many applications in the field of microwave 
electronics, as well as in physical research. Sev- 
eral methods of determination of Q have been devel- 
oped.!-* Among these is the method involving measure- 


* Manuscript received by the PGMTT, June 19, 1957; revised 
manuscript received, August 6, 1957. : ; 

+ Central Electronics Engineering Res. Inst., Pilani, India. 
Formerly with the Natl. Physical Lab. of India, New Delhi, India. 

1C. G. Montgomery, “Technique of Microwave Measurements,” 
McGraw-Hill Book Co., Inc., New York, N. Y.; 1947. 

2H. M. Barlow and A. L. Cullen, “Microwave Measurements,” 
Constable and Co., London, Eng.; 1950. 

3 M. Wind and H. Rapaport, “Handbook of Microwave Measure- 
ments,” Polytechnic Institute of Brooklyn, Brooklyn, N. Y., vols. 
Land IT; 1955. 


ments on standing waves in a transmission line or wave- 
guide coupled to the resonator. The method is not a 
quick one; however, it has the advantage of supplying 
the most complete information about the resonator and 
the coupling system. The losses inside the cavity, the 
losses in the coupling system, and the power coupled 
into the transmission line, can all be separated out.* 
This information is indispensable in such applications 
as design of microwave tubes, where the circuit effi- 
ciency is an important parameter. 

After data have been obtained on the variation of 
vswr and the position of voltage minimum in the line 
as functions of frequency, it is possible to determine 
the frequencies which correspond to the half-power 
points. The Q factors can then be evaluated. The pre- 
viously developed methods of obtaining the half-power 
frequencies employ a curve showing vswr vs frequency 
or one showing the position of the minimum vs fre- 
quency. On these curves, one reads off the frequencies 
which correspond to certain values of vswr or of shift 
in the position of the minimum. It is to be noted that 
these curves are not geometrically simple ones, and that 
any errors in the observations near the half-power points 
have a large influence on the result. In fact, a discrep- 
ancy may be observed between the results obtained 


4L. Malter and G. R. Brewer, “Microwave Q measurements in 
the presence of series losses,” J. Appl. Phys., vol, 20, pp. 918-925; 
October, 1949. 
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from the vswr curve and the position of minimum 
curve, based on the same set of observations. It was a 
rather large discrepancy of this kind which led to the 
formulation of the method described here. 

In the new method, the data yield one set of points 
which lie on a circle and another set which lie practically 
ona straight line. Three parameters relating to the circle 
and the line are used in subsequent calculations. The 
accuracy of these parameters is thus governed by the 
readings taken at all frequencies. Also, the observations 
on vswr as well as position of minimum are utilized 
simultaneously in the determination of Q. The method 
has been worked out to take losses in the coupling 
system into account. 

The procedure is illustrated by examples and certain 
computed parameters are presented in charts. A study 
relating to the linearity of the curve which is assumed 
to be a straight line is contained in the Appendix. 


EQUIVALENT CIRCUIT AND DEFINITIONS 


It has been shown that a cavity resonator and its 
coupling system can be represented at frequencies in the 
vicinity of a resonant mode by an equivalent circuit 
given in Fig. 1(a). Here the series resistance represents 
losses in the transmission line and coupling system. The 
series reactance can be made zero by a suitable choice 
of the reference plane in the transmission line. With 
such a choice, the equivalent circuit in the case of a 
matched line coupled to the resonator is given by Fig. 


1(b). 


(d) 


Fig. 1—(a) Equivalent circuit for a cavity resonator near a mode of 
resonance. (b) Equivalent circuit for a cavity resonator coupled 
to a matched transmission line, at a reference plane so chosen as 
to make X¥ =0. 


Also, it was shown® that if the vswr and position 
of minimum in the transmission line are determined as 
functions of frequency near resonance and if the corre- 
sponding points are plotted on a Smith chart, they lie 
on a circle, as shown in Fig. 2. A shift in the location of 
the reference plane on the transmission line is equiva- 
lent to a rotation of this circle around the center of the 
Smith chart. Let the circle be rotated in such a way 


* C. G. Montgomery, R. H. Dicke, and E. M. Purcell, “Princip! 
of Microwave Circuits,” McGraw-Hill Book Co., Inc.,, New York. 
N, Y., pp. 226-227; 1948, K Co., Inc., New York, 
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that its center lies on the radius of the Smith chart pass- 
ing through the infinity point. The circle then repre- 
sents either the admittance of an equivalent parallel 
resonant circuit, or the impedance of an equivalent se- 
ries resonant circuit. The former representation is used 
here and the circle is termed the admittance circle. 


—b+— —+b 


CENTER OF 


Fig. 2—Admittance circle on Smith chart, as drawn first and after 


rotation corresponding to suitable choice of reference plane. 


At the resonance point, the vswr is a minimum and is 


denoted by oo. At frequencies very far away from reso- 


nance the vswr is a maximum and is denoted by om. Two 
cases can be distinguished,‘ depending upon whether or 
not the circle just described encloses the center of the 


Smith chart. When the center is enclosed, the power loss 


in Zo is greater than that in R, and G. When the center 
is not enclosed, the power loss in Zp is less than that in 


R, and G. The two cases are referred to as “overcoupled” 


and “undercoupled” respectively. 
The values of ¢,, and oo are related to the parameters 
of the equivalent circuit as follows: 


en (1) 


rs 
Nees, 1 
0= (R42) /aenes, (2) 
G g 


in the overcoupled case, and 
1 
You =a =, (3) 
§ 


in the undercoupled case, where r, and g are normalized 
values of R, and G respectively. 


: 
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OUTLINE OF THE METHOD 


It is shown in the Appendix that near resonance the 
normalized susceptance bz, appearing to the right at 
terminals aa’, varies practically linearly with frequency. 
The values of 6, at various frequencies and of o 9, om can 
be determined from the admittance circle drawn on a 
Smith chart. If b. is plotted as a function of f, an ac- 
curate value of df/db, can be obtained from the slope 
of the curve. 

Next, the Q factor denoted by Qoo by Malter and 
Brewer is evaluated. Qoo takes into account only the 
losses within the resonator proper (represented by G 
in the equivalent circuit). It can be determined as fol- 
lows: 


yee 
Bree ei 


where fi and fe are the frequencies at which bs= +g, 
bs being the normalized susceptance appearing towards 
the right at the terminals 66’. Let the value of b., when 
bs =g, be denoted by (b2)00. Then Qoo is given by 


vee’ 
maths il ar 
db ( a) 00 


a 


(4) 


(S) 


The other Q factors can be evaluated from a knowledge 
of Qoo, Om, To, through the use of a procedure which is 
the reverse of that described by Malter and Brewer.’ 
The circuit efficiency can also be determined in the 
usual way. 

EVALUATION OF (ba) 00 


From the equivalent circuit of Fig. 1(b), it can be 
seen that the normalized admittance y. appearing to 
the right at terminals aa’ is given by: 


if =i! 
Va = (- fs —~,) . 
g + joe 


bs 
in (1 + reg)? + 127be? 


The value of bz, when bg takes the value g, is given by: 


(6) 


This gives 


(7) 


a 


2 (8) 


ba)oo = : 
Gag 1+ 2r.g + 2r.?g” 


Also, from (1) through (3), we have: 


a (co7m — 1), for overcoupled case, (0) 
Pay omo0/(om — oo), for undercoupled case, 
and 
1/(ooom — 1) for -overcoupled case, 
ren ( (10) 


o0/(¢m — oo), for undercoupled case. 
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Substituting (9) and (10) in (8), we get: 
( Om(F0om “iz 1) 
ia OV elcoupicd case, 
(Camere ae 1) 
J (ba) 00 — (11) 
FF m( Om = 0) f d led 
a) ieee OL udencoupled.cases 
Cee aF a0") . 


In the limiting case of zero series losses, o, is infinity 
and (6a)o0 is equal to 1/a9 for the overcoupled case and 
to oo for the undercoupled case. For finite ¢,, one may 
put 


( Fo 
—, for overcoupled case, 
(ba)o0 = : oG - (12) 
\F.o0, for undercoupled case, 
where 
T0Fm(Goom — 1) 
Fo = (13) 
(Graeoin etal) 
Om(Om — G0) 
fy, (14) 


Om? 70° 


The values of the factors Fy and F, have been com- 
puted for various combinations of the values of o» and 
go, and are given in Fig. 3(a) and 3(b) (next page). 


EXPERIMENTAL PROCEDURE 


Observations are first taken on the variation of vswr 
and the position of the minimum with frequency in the 
vicinity of resonance. The position of the minimum on 
the transmission line at a frequency near resonance is ar- 
bitrarily chosen as a reference point. The shift of the 
minimum with respect to this point is determined and 
is corrected for dispersion in the portion of transmission 
line between the cavity and the probe.* The corrected 
shift is expressed in terms of wavelength. With these 
data, points corresponding to various frequencies are 
plotted on a Smith chart. A circle is drawn through 
these points. When the best circle is drawn through the 
points, any large errors in standing-wave measurements 
tend to be smoothed out. The points and the circle are 
then swung around the center of the Smith chart, so as 
to bring the center of the admittance circle on that 
radius of the Smith chart which passes through the 
infinity point. 

The above mentioned procedure involving rotation 
of the admittance circle can be conveniently performed 
if a piece of tracing paper is attached to the Smith chart. 
The points, the circle, and the center of the Smith chart 
are plotted on the tracing paper, which can then be 
easily rotated about the center of the Smith chart. 

The values of b, corresponding to each frequency, and 


8 Thid., p. 339. 
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Fig. 3—Functions to evaluate normalized susceptance as seen from terminals aa’, when that seen from £8’ is equal to g: 


(a) for overcoupled case, (ba)00=Fo/o0, where 


3 O00m(coGm — 1) 


Fy =— , 
© tenis 1) 


also the values of oo, Om, can now be read off from the 
Smith chart. 

The values of }, are plotted as a function of frequency. 
In drawing a straight line through them, any large errors 
in frequency determination also tend to be smoothed 
out. The slope of the line gives db./df and the value of 
f at & =0, gives fo. 

After it is decided whether the case is one of over- 
coupling or undercoupling, as explained earlier, the 
value of (b2)oo is determined from (12) and Fig. 3(a) 
and 3(b). Qoo is obtained by a substitution of the values 
found for df/dba, fo, and (ba)oo in (5). 

Qo and Q; can then be derived from the following 
relations given by Malter and Brewer. 


0 ad Do, for overcoupled case, 
0 = 


15 
Qoo/D,, for undercoupled case, (1s) 
where 
D 70m — 1 
o=1+ NS, (16) 
and 
Om 00 
Dy, = 1 —— (17) 


(b) for undercoupled case, (ba)00= Fuco, where 


Om(Om — oo) 


Om? + oo? 


Fy = 


Also, 


Ons ee + 00) Ho, 
pre Qo/(1 + 1/o0)H., for undercoupled case, 


for overcoupled case, 


where 


om + 1 


Hel epee eal 
Om + oo + 2 


and 
Hi, fe Om+1 
1 
om ai a Se a 


a0 


EXAMPLES 


(18) 


(19) 


(20) 


The procedure just described has been tried out in a 
large number of cases in S band and also in the uhf 
region. The admittance circle and the }, vs f curve ob- 
tained in a typical case, in the uhf region, are shown in 
Figs. 2 and 4, respectively. Fig. 2 shows the admittance 
circle as plotted in its initial position and also after 
rotation. Fig. 4 shows the b, vs f curve which is nearly 
a straight line over a range of frequencies about six 
times (f,—f2). Relevant parameters for this case are 


tabulated in Table I. 
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Fig. 4—Plot of normalized susceptance seen at reference plane 
as a function of frequency. 
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than 2 per cent between the half-power frequencies, for 
Q1r=25, oo=1, and o,,=20. Under normal conditions 
the values of Q7, o,,, and coupling are greater than those 
assumed above. Thus 0. varies linearly with f over a 
frequency range substantially larger than the separation 
between half-power frequencies. 

All the data over this extended frequency range con- 
tribute to the accuracy of the final result. The accuracy 
is somewhat reduced by the fact that error can be in- 
troduced when rotating the admittance circle on the 
Smith chart and in reading off susceptance values. 
However, it can be seen from the results presented in 
Table II] and Table III that there is an over-all decrease 
in the standard deviation, when the new method is 
used. 

The difference between the mean values obtained by 
using the two methods needs further investigation. 
Errors in the absolute values of vswr can cause such a 
difference. It is also possible that the difference arises 


TABLE I 
fo om Cy Fo (be) 00 df /dbe Qoo Qo OL Circuit efficiency 
250.4 mc 100 3.45 0.996 0.288 0.226 mc 1931 1875 434 76.8 per cent 
TABLE II TABLE III 


VALUES OF Q7 FOR THE INDIVIDUAL SETS OF READINGS 


Qz Qn 
Set no. as determined by the as determined by the 
Ceaeth ol method of Malter 
and Brewer 
1 999 975 
2 978 1045 
3 1010 1065 
4 1020 1112 
5 977 976 
6 1050 1060 
7 1012 1155 
8 990 1011 
9 996 1125 
10 1025 1047 


In order to determine the accuracy obtained by using 
the new method, as compared with that obtained by 
using the method given by Malter and Brewer,* ten 
sets of observations were taken on a cavity with a reso- 
nant mode in the S band. The values of Q; obtained 
from the individual sets of data, using the two methods, 
are tabulated in Table II. The values of parameters 
deduced from all the sets are given in Table III. It can 
be seen that the standard deviation (also referred to 
as root mean square deviation) obtained by the new 
method is less than one half of that obtained by the 
half-power point method. 


DISCUSSION OF ACCURACY 


An analysis given in the Appendix shows that the 
variation of b, with f deviates from linearity by less 


VALUES OF PARAMETERS DEDUCED FROM ALL THE SETS 


Value from Value from Malter 


Parameter SOI and Brewer’s 
method 

fo 2.892 kmc 

oo (overcoupled case) 2.46 to 2.57 

om 100 or above 

Mean Qz 1006 1057 
Standard deviation of Qz 21 58 
Mean Qo 3470 3640 
Standard deviation of Qo 80 190 
Mean Qoo 3520 3700 
Standard deviation of Qoo 90 210 


because the simplified equivalent circuit used as a com- 
mon starting point for the two methods is not an exact 
representation of the cavity resonator. 


CONCLUSION 


A method of evaluating the Q of cavity resonators 
from vswr data has been presented. The accuracy of the 
final result does not depend unduly on readings taken 
close to the half-power points, but upon all the readings 
of vswr as well as position of minimum. Any large errors 
are smoothed out at two stages in the procedure. This 
procedure has been worked out to cover the case in 
which losses in the transmission line and the coupling 
system are taken into account, and these losses can be 
isolated from other losses. The method is particularly 
suitable for applications in which accurate values of 
Ox, Oo, Qoo, Qext, and the circuit efficiency are required. 
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APPENDIX 


LINEARITY OF VARIATION OF }, WITH FREQUENCY 


Let us first consider the variation of 6s with frequency 


Gs 5 On\ ae 
iW eRe) 
Yo il, fo 2fo So 


al 


where 


or 


1 G25 5 ea 
bg = 4/ es + higher order terms in — 
MGM IEG 2fo So 


1 Gs Pea at 
oe preg (en eg ee a 
Yo he 6, 40, 
where 26,=f)/Q1=difference between half-power fre- 
quencies. Also, from (7) we have 


bg 
De, = 
e758) tie Os 


be rsde z 
Be com (ee ote. 
(1 ++ reg)? 1+ reg 


In the second term in the square brackets, a first-order 
approximation for bs can be used since the second term 
will be small in comparison with the first term. As 
shown by (21), 0g is proportional to 6, to a first approxi- 
mation, and also ds&(1+¢), for 6=6,. Thus to a first 
approximation, bs = (1+ ¢)6/6r. 

Making this substitution in the second term in the 
square brackets, we get: 


wig (eta) ots) 
* (1+)? (or.2/- a Epa 


Substituting for r, and g from (1) and (9), and for the 
remaining factor bg from (21), and neglecting’ higher 
order terms in 1/c,,, we get: 


(21) 


™ The exact expressions for coefficients of (5/6z)2 are 
[(coom ++ om 1) /(coom®) }? and [om + moo — o0)/om?]? 


for the overcoupled and undercoupled cases, respectively. The simpler 
expressions mentioned above give good approximations since Om is 
normally >>1, and since the coefficients in question are themselves 
correction terms. 
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for the overcoupled case, and 
ts 
be =e K,6 an ee ai 
6, 401 
1 co ry 
ee ea 
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for the undercoupled case, where, 
1 CPD pg NG 
Ky= / ( : ) (24) 
Yo L fo 700m 
and 
1 C 2 fom — ov\? 
Kees —(2—* “*) (25) 
Yo L fo om 


As Ky and K, do not depend upon f, it can be seen that 
bz is proportional to 6 to a first approximation. The 
correction terms have been expressed as functions of 
the ratio of (f—fo) to the difference between half-power 
frequencies, 6/5;. It is also seen that the corrections are 
smaller for larger values of Oz, for smaller series losses 
(z.e., larger o,), and for greater coupling between cavity 
and line (z.e., larger oo for overcoupled case and smaller 
a» for undercoupled case). 

In particular, if Q,=25, then the correction due to 
the first factor is less than 1 per cent over a range of 
frequencies lying between the half-power points. Simi- 
larly if o,,=20, then at critical coupling, o»=1, the cor- 
rection due to the second factor is less than 1 per cent 
over the same range. The deviations from linearity 
would be largest when coupling is small and at the 
same time the series losses are appreciable. 

Thus for most practical purposes, the variations of 
ba with frequency may be considered linear to a good 
approximation, over frequency ranges of interest. 
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Characteristic Impedances of the Slotted Coaxial Line* 
JADWIGA SMOLARSKAT 


Summary—The characteristic impedance for the two possible 
TEM modes is calculated for a slotted coaxial line whose outer walls 
have a zero thickness. Conformal mapping is used in the calculations. 
The characteristic impedance for a slotted coaxial line is calculated 
in an approximate way for outer wall thickness different from zero. 


INTRODUCTION 
A S is known, in a cylindrical system of conductors 


having the cross section in Fig. 1(a) two modes 

of TEM waves can propagate. These modes cor- 
respond to the solution of the Laplace equation in the 
plane of the cross section for the boundary values shown 
in Fig. 1(b) and 1(c). 

The wave impedance of the first of these modes was 
calculated by Collin! who used a variational method of 
analysis in which he neglected the thickness of the outer 
walls. 

Bochenek? calculated the wave impedance for this 
first mode by using a conformal mapping method in 
which he neglected the inside conductor, but took into 
account the thickness of the outer walls. 

The method of conformal mapping leads to the de- 
termination of the wave impedance in the previous case 
as well; i.e., when we neglect the thickness of the outer 
walls and take into account the central conductor, the 
mapping can be performed in an exact way. At the 
same time, by making simplifying assumptions which 
do not give rise to any reservations in cases of practical 
interest, the approximate value of the impedance may 
be found without neglecting either the central con- 
ductor or the thickness of the walls. 

In the case of the other mode of transmission [Fig. 
1(c)] the conformal mapping method also leads to the 
determination of the impedance. 

The subject of this report is to present the results of 
an analysis made along these lines and to compare them 
with the results published in both of the above-men- 
tioned articles. 


MobDE OF THE FIRST TYPE 


The boundary problem for Laplace’s equation [Fig. 
1(b)]} is transformed successively, by means of con- 
formal mapping,? into boundary problems I, i es) ME 


* Manuscript received by the PGMTT, July 1, 1957. 

+ Institute of Basic Technical Problems, Palace of Culture and 
Science, Warsaw, Poland. F 

1R. E. Collin, “The characteristic impedance of a slotted coaxial 
line,” IRE Trans., vol. MTT-4, pp. 4-8; January, LO 5625 = 

2 KX, Bochenek, “Impedancja falowa linii wystepujace) w jednym 
z rodzajow symetryzatora,” Arch. Elektrotech., vol. 4, pp. 135- 
147; 1956. ; Asad : 

3 E, Weber, “Electromagnetic Fields, Theory and Applications, 
John Wiley & Sons, Inc., New York, N. Y.; 1950. 


(c) 


Fig. 1—System of conductors and the TEM modes examined. (a) 
Cross section of the system of conductors, (b) first transmission 
‘mode, (c) second transmission mode. 


162 


(a) 


Fig. 2—Boundary problems obtained by successive conformal map- 
pings. Arabic numerals in the circles refer to points corresponding 
to each other. The boundary conditions for the function u are 
also given. (a) Boundary problem I—plane w, (b) boundary prob- 
lem II—plane 7, (c) boundary problem II[I—plane W. 


[Fig. 2(a)-2(c) ]. The splitting into successive trans- 
formations permits a better orientation as regards their 
character. 


The first mapping has the form 
w = Ig, g. (1) 
The second is the Christoffel-Schwarz integral: 


ons f (¢ — y)dt 
2/0 V(t — BE — O)(E + 1) + a) 


A 1S ee) 
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Fig. 3—Characteristic impedance as a function of the parameter £. 


In the system corresponding to boundary problem II 
the wave impedance is defined by only one parameter 
6B. The value of this impedance is readily found by 
means of the third mapping, which is also of the Chris- 
toffel-Schwarz type, and which reduces this system to 
the system of a plane ideal line (without boundary dis- 
tortions). This mapping has the form 


V=C (3) 


v dt 
if See ee) te 
0 VG — 0)¢ — 6) + 1) 
A simple calculation gives a formula for the wave im- 
pedance as a function of 6: 


zy = 4) (4) 


where 


pa wt BG 
b= 4/— = 4/—— 
1+ 6 1+ 8 
and which is given in Fig. 3. K(k) and K(k’) are com- 
plete elliptic integrals of the first kind. 

The finding of 6 as a function of the angle ¢ and the 
ratio of the radii R/r of the line presents a basic diffi- 
culty. To find this relation, mapping II should be stud- 
ied more closely. 

To the arbitrarily selected values of the parameters 
a, 8, and y there corresponds the region w in which 
points 4 and 6 may not coincide, as in the case in Fig. 
4. Hence, in the case of interest to us, a, B, and y 
should be determined by means of the three conditions: 
1) lg. K/r has the selected value, 2) the angle @ has the 
selected value, 3) points 4 and 6 coincide. 


These conditions written in analytical form appear 
as follows: 


ro 24¥-A Vt — BE -— OE + IEF a) 
5 pede oh ot (t — y)dt 
ae $) 240 V(t — B)(t — O)\ + 1)E+ a) 6) 
hiss ie ee (7) 
2 234 VG-B#G-—0G+FDE+He)’ 
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Fig. 4—Displacement of points 4 and 6. 


With the help of classical transformations we express 
these relations by means of elliptic integrals:* 


r 1 


ieee 1; &)-=— (a é 
g Rae +1 [( 1)11(p1, &) — (a+ v) K(k’)] (8) 
F Bra 1 
k= a re a= —-— 
(6 + I)e Qa 
7 1 
earn [1 + y)FY, k) — TY, po, )] (9) 
pg isa Goad ie ae 
@+1)a " B+1 
W = arcsin iy 
Bly + 1) 
Tv 1 
i — B)K(k a 35 
; Wage B) K(k) + (8 + «)I1(ps, k) | (10) 
B(a — 1) oii 
bee yy Ce UN py 
(6+ l1)a poe 


In these equations K(k) is the complete elliptic integral 
of the first kind, F(V, &) is the incomplete elliptic in- 
tegral of the first kind, II(p, &) is the complete elliptic 
integral of the third kind, and IL(W, p, &) is the incom- 
plete elliptic integral of the third kind. The mathe- 
matical procedure leading to the finding of the values of 
6B, a, and v (unfortunately, the latter two parameters 
must also be evaluated) corresponding to the values 
of R/r and ¢@ which interest us is presented in Ap- 
pendix I. 

The values obtained for the impedance as a function 
of the angle 2¢ are shown in Fig. 5 for ratios R/r = 3.37, 
eae 2.0, 2:0. 


4 See; e.g., P. Byrd and M. Friedman, “Handbook of Elliptic In- 
tegrals for Engineers and Physicists,” Springer-Verlag, Berlin, Ger- 


many; 1954. ’ 
W. Grobner and N. Hofreiter, “Tntegraltafel,” Springer-Verlag, 


Berlin, Germany; 1949. 
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Z0[R] 


Fig. 5. 


Fig. 5—Characteristic impedance as a function of the angle 26 
for various values of the ratios R/r. d=0. 


(b) (c) 


Fig. 6—Capacity distribution. (a) Co—capacity between the thin 
outer conductors, (b) C4a—total capacity of the system without the 
inner conductor. Cw =Ca— Co capacity introduced by thickening 
the walls. (c) Cg—total capacity of the system with thin outer 
he C;=Cp—Co=capacity introduced by the central con- 

uctor. 


When the thickness of the walls is not neglected; 7.¢., 
the line shown in Fig. 1(a), the capacity introduced by 
the central conductor and the capacity introduced by 
the thickening of the walls may be considered as adding 
to each other (Fig. 6) as long as the increase in wall 
thickness does not affect the field distribution in the 
vicinity of the central conductor and the introduction 
of the central conductor does not affect the field dis- 
tribution in the gaps between the outer conductors. 
The greater the radius of the outer conductor in relation 
to both the radius of the central conductor and the 
thickness of the walls of the outer conductor, the more 
correct this assumption seems. 

The impedance calculations presented below are 
based on the determination of the additional capacity 
introduced into the system by the thickening of the 
walls of the outer conductor on the basis of formulas 
derived by Bochenek? and the additional capacity 
introduced by the central conductor on the basis of the 
results obtained here. 


o 


Fig. 7—Ratio of capacity introduced by the inner conductor to the 
capacity introduced by thickening the walls for various angles (24). 


oO Sims 10 15 2. 25 30 
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Fig. 8—Solid line—characteristic impedance as a function of the 
angle 2¢ for R/r =2.6 and the various values of d/R. Dotted lines 
—approximations obtained by a variational method by Collin! 
for d=0. 


The ratio of the capacity introduced by the inner 
conductor C; to the capacity introduced by the thicken- 
ing of the walls C,, is represented in Fig. 7. This curve 
gives an idea of the influence of both factors on the 
values of the impedance. 

The next curve (Fig. 8) represents the impedance for 
the ratio R/r=2.6, wall thickness d/R=0, 0.05, 0.1, 
and 0.15 as a function of the angle 2¢. For comparison, 
the curves obtained by Collin! for the case d=0 are also 
given in the figure. 

Fig. 9 presents a comparison of the approximate value 
of the characteristic impedance obtained by Collin' by a 
variational method for r=0 and d=0 with the exact 
value obtained by means of homographic mapping. 


MODE OF THE SECOND TyPr 


This mode [Fig. 1(c) ] corresponds to the basic mode 
in a coaxial line distorted by the slotting of the outer 
conductor. It seems of interest to investigate the effect 
of this distortion on the values of the wave impedance. 
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Fig. 9—Solid line—characteristic impedance as a function of angle 


2¢ for R/r=2.6 and d=0. Dotted line—approximation obtained 
by a variational method. (See reference 1.) 
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(b) (c) 


Fig. 10—Boundary problems obtained by successive conformal map- 
pings. Arabic numerals in the circles denote points corresponding 
to each other. Boundary conditions for the function u are also 
given. (a) Boundary conditions problem I—plane w, (b) boundary 
problem II—plane +, (c) boundary problem IlI—plane W. 


As in the preceding case, we use three successive con- 
formal mappings: 


wo = lg.2 (11) 
PM RAC rt Cem 
2(7 + 8B) 
al: se tle, Raa} 
0 C+yVE+0¢+ a)(¢+ 1) 
w= af et + m. (13) 
0 Vit— 0) + a+ 1) 


The boundary problems corresponding to these map- 
pings are shown in Fig. 10. 

The impedance in system II [Fig. 10(b)] is defined 
by only one parameter a. Its value is found by means of 


o Or o2 a3 ae as eé ar os as 7 « 


Fig. 11—Characteristic impedance as a function of parameter a. 


mapping in the system III, identically as in the pre- 
ceding case. 
The dependence of the impedance on a is expressed 


by the formula: 
1 fi KO 
4 eo K(k’) 


qe es 


This relation is shown in Fig. 11. 

Similarly as in the previous case, the calculations lead 
us to the following system of equations giving the rela- 
tion between the parameters a, 6, y and the quantities 
R/r and ¢: 


cay Vy(y — @) 
rey By yy a1 


Zo = (14) 


where 
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Fig. 12—Solid line—characteristic impedance of the second mode as 
a function of the angle 2¢. Dotted line—result of the simplified 
calculation (see text). 


The procedure for determining a, 8, and y for the 
values of the ratio R/r and the angle 4, of interest to us, 
is given in Appendix II. 

The values obtained for the ratio R/r=2.72 as a 
function of the angle 2¢ are given in Fig. 12. Also given 
in this figure is the curve of the impedance calculated by 
assuming that the capacity of the coaxial line changes 
proportionally to the angle subtended by the cross sec- 
tion of the outer conductor. As may be seen, this type 
of simplification of the impedance calculation gives re- 
sults which depart considerably from reality; the actual 
impedance increases more slowly than the impedance 
calculated in the above approximative manner. This 
should have been expected when one considers that the 
field lines become more dense at the boundary of the 
gap. 

In the case of the type of wave being considered here, 
it seems that the influence of the thickness of the outer 
conductor on the impedance will be considerably smaller 
than in the preceding case since both parts of the outer 
conductor are at the same potential. 


APPENDIX [| 


CALCULATION OF THE FIRST TRANSMISSION MODE 


In the range of the values of the parameters of in- 
terest to us, (8)—(10) can be replaced, for purposes of 
calculation, by simplified formulas which are derived 
from the assumption that 


Bole bead 
Ibe es [a ~ (a + KON) (18) 
Fg fy) + aC, 8) — Vater) (19) 
= [ir + )K(®) (20) 
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E(k’) is the complete elliptic integral of the second kind. 
Zale ye 
ve 
4/ ay 
arc sin 
ga ge 


For the range of the angle ¢ and ratios R/r, of interest 
to us, these assumptions are corfect and can be directly 
verified by substituting the results obtained into the 
exact formulas.® 

We insert in (18) the expression for y+qa obtained 
from (20) and we obtain (21) 


— 


Il 


=i Vv 


a / aE (k') 
“a 21 
VB tes K@) (21) 
oo ee K(k) 


The system (19) through (21) obtained in this way 
is a convenient point of departure for the numerical 
calculations. 

The computational procedure is as follows: we as- 
sume a value for R/r and a value for a. In this way the 
parameters of the system are uniquely defined. Only 
the corresponding value of the angle ¢ has to be found. 
To do this, we insert the values taken for a and R/r 
into (21) and determine 8 from this equation. We insert 
the value found for 6 and the value taken for @ into (20) 
and obtain y. We substitute the values of a, 8, and + 
into (19) and obtain the angle ¢. By taking different 
values of a we can change ¢ in the interval of interest 
to us. The value of 8 obtained in the course of the com- 
putations uniquely determines the impedance (4), 


591.4 
Ig.4V/8 


for 8 >> 1: Zo 


As may be seen, the calculations are quite simple, 
since they reduce to looking up the elliptic integrals in 
the tables and to making some arithmetical calculations. 


> The cerrectness of the assumption that 3>>1 can also be checked 
in the following way: 8 is a parameter which uniquely determines the 
impedance; with an increase in 8 the impedance decreases. The im- 
pedance for the system with the central conductor is smaller (and 
therefore 6 is greater) than the impedance (the value of 8) for the 
system without the central conductor. For the system without the 
central conductor, the corresponding value of impedance can be 
readily found by means of homographic mapping. 
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APPENDIX IJ 
CALCULATION OF THE SECOND TRANSMISSION MODE 
In the ranges of the angle ¢ and the ratios R/r of 
interest to us, y>>1, and therefore (15) through (17) 
can be replaced for purposes of calculation by simplified 
formulas: 


R_ vy 
igo my 
r vp 
pee — E(k)] + B[yK(k) — oK(k) — a0! (22) 
. a ? 
V7 | ’ 
meee ach fee a)F(V,k 
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eet we i ite p, ¥)| ; (23) 
rr VY | 
mee ae tals 740 i (24) 
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We insert in (22) the expression for 8 obtained from 
(24) and we obtain (25): 


R T = 
x E@ ge — 4, Ki) | + VyE(k) K(k’) 


a R 
+> K@(L+ a) — KR) Ige— = 0. (25) 


The calculations are made as follows: we assume a 
value for R/r and a value for a. To find the angle ¢, we 
insert the values taken for R/r and @ into (25) and 
from this equation determine y. We insert the value 
found for y and that taken for @ into (24) and obtain 
8. We put the values of a, B, and y into (23) and 
obtain the angle ¢. By taking various values for a we 
can change ¢ into the interval in which we are inter- 
ested. The value of a uniquely determines the imped- 
ance (14). 
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Velocity Modulation of Electromagnetic Waves* 


FREDERIC R. MORGENTHALERT 


Summary—This paper deals with electromagnetic wave propaga- 
tion through dielectric media whose propagation constants vary as a 
function of time. 

If the parameters of the medium cannot respond to changes in 
the electric and magnetic fields of the propagating wave, the fields 
within such media will be linear. Maxwell’s equations are solved for 
cases in which the scalar permittivity and permeability vary inde- 
pendently with time. When the impedance is constant, an exact solu- 
tion is obtained. When the impedance varies, a closed form approxi- 
mation is found since an exact solution is not always possible. The 
field energy and electromagnetic momentum are derived for a ve- 
locity transient and it is seen that, in general, the energy changes 
and the momentum remains constant. 

The frequency deviation that results when a monochromatic 
wave is passed through a section of dielectric with nonconstant ve- 
locity of propagation is discussed in detail. An approximate solution 
is obtained for the case in which the electrical length of such a section 
is small; it is found that essentially linear phase modulation occurs. 
The general solution is found for the case in which the electrical 
length of section is long and the permittivity of the medium sinusoi- 
dally modulated. The optimum length found to give the greatest fre- 
quency deviation is shown to be generally impracticable. 

It appears that ferroelectric or ferrimagnetic velocity-modulated 
dielectrics are feasible, at least for low-power modulators. 


I. INTRODUCTION 


HIS paper considers the problem of modulating 
dike velocity of propagation of dielectric media 

and the effects which arise when electromagnetic 
waves travel through such media. 

A time-varying velocity of propagation implies time- 
variable permittivity and/or permeability. This imme- 
diately suggests that ferroelectrics or ferrimagnetics, 
respectively under the influence of external electric or 
magnetic fields, might be suitable means of obtaining 
velocity-modulated media. 

Section II contains the mathematical solution to 
Maxwell’s equations for the general case of independ- 
ently time-varying pw and e. The special case of a velocity 
step transient is considered by physical reasoning and 
the energy densities of the modulated waves are evalu- 
ated in Section III. The frequency variation of mono- 
chromatic waves passing through a dielectric slab whose 
velocity of propagation varies homogeneously as a func- 
tion of time is derived in Section IV. Numerical results 
based on the published parameters of a particular ferro- 
electric are given. 


* Manuscript received by the PGMTT, July 2, 1957; revised 
manuscript received, August 5, 1957. This paper is based on a Master 
of Science thesis submitted to the Electrical Engineering Department 
of the Massachusetts Institute of Technology, Cambridge, Mass. ; 
June, 1956. k 

+ Air Force Cambridge Res. Center, Air Res. and Dev. Command, 


Bedford, Mass. 


II. SOLUTION OF MAXWELL’sS EQUATIONS WHEN 
THE PERMITTIVITY AND PERMEABILITY 
VARY WITH TIME 


The behavior of an electromagnetic wave passing 
through a dielectric with time-varying velocity of 
propagation can be predicted if the solution to Max- 
well’s equations is known when the permittivity and 
permeability are functions of time. 

Assume a charge- and current-free region where yu 
and ¢ of the medium are functions of time. The wave 
equations for a TEM mode propagating in the z direc- 
tion become! 


OE 0 : 

jae Metin + (lie + ue) Ey + (we + iE (A) 
and 

0H: 2 : 

ae = Helle + (ne + 2ie)He + (ie + fe) He (2) 


The fields may be written in the form 


We ; 
fa (Acts Be =?) (3a) 
eV UL 
where Wz is given by 
‘8 es ba ay ae a hy gi 
Wet |=+ (=) a ;(=)| Wer =0; (3b) 
pe 4 \yp 2\ph 
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Wu : 
Fee let oceans); (4a) 
uve 
where Wz is given by 
y Ve ly Aa aes a ae 
Wee [= +<(-) Bee | Wa = 0. (4b) 
pe 4\e NI 


Special Case 


From the form of (3) and (4) it is obvious that Wz 
will equal Wy only if » and ¢€ are constants or if their 
ratio is always constant. If [uw (t) /e(t) =n] is constant, 
then it is seen that the ratio of the electric field to the 
magnetic field will likewise be invariant and so the two 
fields are in space and time phase. Under these condi- 
tions an exact solution of the fields is 


1F. R. Morgenthaler, “Velocity modulation of electromagnetic 
waves,” M.S. thesis submitted to M.I.T., Cambridge, Mass.; June, 
1956. 
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et 

B(s, 2) = nH(e, #) = — ebeeti@lnsear, (5) 
(2 


where 8 takes on eigenvalues subject to the boundary 
conditions; a series of terms like (5) is the general solu- 
tion which can be verified by direct substitution. There 
will be no reflections as long as the impedance of the di- 
electric remains constant and strictly progressive waves 
are possible. 

It is seen that 


1 1 
~ Vulde() — ne(t) 


The velocity of propagation is given by the same form 
as when pw and € are constant. 
The total phase of the wave given by (5) is 


B dt 
acs 
n € 


and the instantaneous frequency is given by 


V(t) (6) 


do 
w(t) = a Bo(Z). (7) 


Eq. (7) indicates that the frequency is simply pro- 
portional to the velocity of propagation and this is true 
if it is remembered that the derivation is based on the 
assumption that u and e do not vary with position. This 
implies that the medium is infinite in extent and, more- 
over, that any wave now in the dielectric has always 
been there and has been influenced by any variation 
in velocity that has occurred since the infinite past. 
It is appropriate to point out here that the separation 
of the partial differential equation implies that the 
space variation of the wave is unaffected by any changes 
in pw and e. Consider in connection with this that at some 
point in the distant past a wave train of length LZ and 
frequency f: was started in the medium and that at 
that time w and ¢ were stationary with time. This wave 
train is characterized by the frequency fi; and some con- 
stant velocity of propagation 2. It therefore has a wave- 
length \; =;/f:. Now suppose that the velocity of propa- 
gation suddenly changes to some new value ve. All por- 
tions of the original wave train will be acted upon simul- 
taneously, that is, slowed down or speeded up together. 
The new wave train will therefore still be of length Z and 
the space waveform will not have changed. This means 
that the wavelength still has the same value \, but be- 
cause v=fd it follows that the frequency must have 
changed to a value fz=v2/1; hence, fe/f;=v2/m1. Eq. (7) 
is merely expressing this fact in general terms. So long as 
the original wave stays in the medium its frequency will 
follow the velocity changes of the medium. If a fresh 
wave enters the dielectric, it will not, of course, become 
subject to the past history of the medium. For example, 
if a new wave train of length Z and frequency fi (as 
before) enters the dielectric after the velocity has 
changed from 7 to v2, then its frequency will still be hi 
and its wavelength will change to \,= (v2/m1)A1. The 
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total length will be (v2/m)Z instead of L. If the velocity 
now changes to some new value, the frequency will 
change accordingly and the wavelength will remain con- 
stant. 

The exact solution obtained for the special case of 
constant impedance is illuminating but not very useful 
since in practice the impedance will not remain constant. 
It is desirable to solve (3) and (4) for the general case 
when wu and e vary independently with time. No exact 
solution is possible and the task remains to find a suit- 
able approximation. A series solution is difficult to inter- 
pret physically and so a closed form solution is prefer- 
able. Since the equation to be solved is a second-order 
linear differential equation, the Liouville approxima- 
tion? offers hope and turns out to be entirely suitable. 

The fields are then given by 


E(z, t) ~~ ——= et ibzeti8f/(dtlvne 
ee (aun) is 
and 
H(z, t) = Wate e+i82¢+ iB/( dtlVue) : (9) 


For slowly varying uw and e¢, reflections are small and 
progressive waves are possible. As was shown previously 
for the special case of constant impedance, the instan- 
taneous frequency is proportional to the velocity of 
propagation. The physical interpretation given before 
is also applicable in this situation. The previous re- 
marks concerning eigenvalues of 8 apply here also so 
that (8) and (9) are, in general, infinite series. 


III. SOLUTION OF STEP TRANSIENT FROM 
PHYSICAL REASONING 


The fact that the general partial differential (1) and 
(2) were separable led to the physical interpretation 
that the space variation of a wave is invariant after it 
once enters a dielectric having time-varying param- 
eters. The transition across the boundary will cer- 
tainly cause space distortion but once this has hap- 
pened no further perturbations of space waveform will 
occur until the wave leaves the medium. During the 
journey through the dielectric, all of the individual fre- 
quency components of the wave will follow the varia- 
tions of the velocity of propagation. The physical pic- 
ture of the phase variations of the electric and mag- 
netic fields is clear: since the wavelength remains con- 
stant and the velocity does not, the frequency must 
change to fulfill the condition v=f\. The important 
point to be realized is that the frequency does not nec- 
essarily remain invariant as a wave passes through a 
series of different dielectrics. That this is so in the usual 
case is only because the velocity of propagation is not a 
function of time. 


It is desirable to understand why the amplitudes of 


2S. Schelkunoff, “Applied Mathematics for Engi Scien- 
tists,” D. Van Nostrand Co., Inc., New York, N. ee oibeibiee 
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t<t, 


Fig. 1 


the electric and magnetic fields vary as they do. Con- 
sideration of the instantaneous flux and charge offers a 
convenient method of obtaining this physical picture. 
The simple step transient in Fig. 1 offers an easily an- 
alyzed example that demonstrates all the relevant prin- 
ciples. The transient electromagnetic wave is propa- 
gated through a variable dielectric whose constants are 
given as functions of time. Both uw and ¢ are assumed to 
step from their initial values m1 and € to w2 and &, re- 
spectively (Fig. 2). The initial velocity of propagation 
is 1: =1/V/me and the final value is 22 = 1/+/ seo. Since 
the velocity is constant except at the jump, the stand- 
ard wave equation must apply except at the discon- 
tinuity. From the previous discussion it is clear that the 
space waveform, but not the amplitude of the transient, 
will be invariant. 

At the instant of the jump the total charge Q and the 
total flux y must remain constant. An invariant Q and 
y imply that D and B, respectively, do not change in- 
stantaneously. 

Before the step (¢<¢o) 


B = pi, (10a) 

D= ef}. (10b) 
After the step (t> to) 

B = p22, (11a) 

D = e2F. (11b) 


The most general form of EZ: and H; is for both fields 
to have a backward as well as a forward traveling-wave 
component. 


H,= H,+ — He, (12a) 
jo Est a Ez. (12b) 


The characteristic impedances of the dielectric are 


E 
m= tt Agee. bin, (13a) 
€j Ay 
ug 14 B 
FE ee re tela, (13b) 
€2 A» ; 


The combination of (10a) through (11b) yields 


B= wi, = 2( Hat = H;), (14a) 
10) = ef => €2( Het -b Ez). (14b) 


Fig. 2 


The solution for this pair of equations gives 
Na Aen M1e1 

Et So! tee (= + ) Ky 
2 €2 M2€2 


\ wie 
aaa ee) a 


no, 5a) 


om = 


ne (u [er 

ihe (* as 4/ u ‘) HA, 
2 \ue2 M2€2 
For the special case when 41=72=70, or equivalently 
w/b» =€1/€2, (15a) and (15b) reduce to 


nos. (15b) 


€1 Mi 
Ext = — Ey = — ni = nos, (16a) 


€2 be 
Eo He = 0 (16b) 


Under these conditions of constant impedance there is 
no reflected wave. 
For the case where pi=pe, (15a) and (15b) become 


19/4 fer 
Ee See Spi 

Dy €9 €9 

1 GH 
Ee a (= = <) Ey 

2D €2 €2 


If & and e do not differ greatly, Zy will be small com- 


pared to E:+ and may be neglected without great loss 
of accuracy. In that event E,+ can be approximated by 


noH >t, (1 7a) 


nes. (17b) 


Est — Ey mols. (18) 
€2 

Eq. (18) indicates that the exact solution obtained for 
the case of constant impedance may be a reasonable 
approximation when one of the dielectric parameters 
remains invariant. The Liouville approximation is of 
slightly different form in that the amplitudes of D and 
B are not constant. 


Energy Density 


The uniform step transient of Fig. 1 has a total 
energy given by 


U= =f (cE? + pH)dV, (19) 
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where the integration extends throughout the entire 
volume. Prior to ¢o the initial energy Uj is given by 


U,= g(a? aP pil ;”) V. (20) 


The volume energy density is defined as u=dU/dV. 
For the initial wave 


Ww = by = ide We (21) 


After the velocity transient (f>¢o), the fields are given 


by F.=E,t++,-, and H,=H.t—H,. The energy 
density is then 
1 € Le 
m= Sabt(2 44), (22) 
2 €2 fe 


The energy gain is defined as u2/u, and given by 
U2 1 fe M1 
a 1(48) 
Uy 2 €2 be 
The apparent violation of the conservation of energy 
is reconciled when it is remembered that the difference 
in energies is needed to do work upon the fields within 
the dielectric and yw and ¢ are changing. It is apparent 
that here is a mechanism for changing the energy level 


of an electromagnetic wave. That the frequency changes 
as well has already been shown. 


(23) 


Electromagnetic Momentum? 


es 
The electromagnetic momentum g of a field is given 
by 
= 
ais (24) 
—s 
where v is the velocity of propagation and S is Poyn- 
ting’s vector. With reference to the problem just dis- 
cussed, the original fields are described by (15a) and 
(15b). It is obvious that 


eu av mek. (25) 


Since S2= (we1/p2e2)E:", the final value of momentum 
is given by 


pe eV mie Ey? els (26) 


This important result, derived for the special case of 
the step transient, is also true for the general case; even 
though energy may be added or subtracted from the 
electromagnetic field by varying the velocity of propa- 
gation of the medium through which it passes, the elec- 
tromagnetic momentum of the field is unchanged. 
Since the momentum is associated only with the 
propagated field and not the standing-wave field, it is 
clear that the Liouville approximation should predict 
conservation of momentum also. The fact that the exact 


Sz is given by the approximation ensures that this is 
indeed true. 


8 J. Stratton, “Electromagnetic Theory,” McGraw Hill Book Gor 
Inc., New York, N. Y., pp. 103-104; 1941. 
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E, sin ow, (t - vy) 


Fig. 3 


IV. THE DIELECTRIC MODULATOR 


A time-variable dielectric (Fig. 3) extends from z=0 
to z=L and is assumed homogeneous throughout. A 
monochromatic wave passes through the section. 

It can be shown that the equation for a wavefront 
propagating with nonconstant velocity? is 


dz 
eee 
v 
The transit time is defined as 
dz 
T= ]—- (28) 
v 
Since the total phase of the wave is given by 
dz 
o-a(i- f 5), (29) 
v 
the instantaneous frequency is 
(t) (1 : r) (30) 
a) = 0, i é 


Thin Sections 


If the dielectric slab is very thin, the velocity can be 
approximated as constant for any given wavefront and 
dependent only upon the time that the wavefront en- 
tered the medium during the modulating cycle.’ Under 
these conditions 


(31) 


0 v 


The instantaneous frequency is approximated by 


L dv 
w(t) —~ We (1 +e 5) 


; 32 
0 di i32) 


General Solution 


In practical situations the approximation (32) is 
nearly always valid. It is, however, instructive to con- 


4J. C. Slater, “Microwave Electronics,” D. Van Nostrand Co., 
Inc., New York, N. Y., pp. 268-269; 1950. 

° This is analogous to the situation found in klystrons where the 
velocity of an electron is assumed to be constant while it passes 


through the narrow accelerating gap but dependent on the time that 
it entered the gap. 


1958 


sider the general case when the velocity cannot be as- 
. sumed constant for the transit interval. The transit time 
for the entire length L is given by 


Bi dg 
w= | — = ft; — bo. 
0 Vv 


In this equation, fo is the entrance time of a wavefront 
and #; is the exit time of the same wavefront. The inte- 
gral may be evaluated as follows: 


t L 
f v(t)di = if d, = L. 
to 0 


(33) 


(34) 
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which is the form of linear phase modulation where 


bom L 
Oq = ee (41) 
vo 
and 
; Wa bw.L 
Saat hea Cage (42) 
Wm Vo 


If L is electrically long so that the velocity cannot be 
assumed constant over the transit time interval, then 
the integral (34) must be evaluated. The instantaneous 
frequency may be shown to be approximately! 


w(t) a : 
Wml1 
2 tan ( : ) +0) 
ea i ——— 
L V4 — 0? 
2 tan + 6 
2 WmL~/4 — b? 
Sec*| tan * <= — We 
/4 — b? 4v9 
x (43) 
| 2 tan ( ) +) 
»/4.— 63 2 WmL~/4 — 6? b 
1+ tan | ten ——— _ ——— 
V4 ae b? Avo D 


Therefore, f(t:, fo.) =Z, or fo=g(h, L) and 


T = t: — g(h, L). (35) 


Sinusoidal Modulation 


In the case of monochromatic waves passing through 
a homogeneous dielectric slab whose permittivity is a 
sinusoidal function of time, if € is given by 


e = K’e (1+ 6 sin wnt), (36) 


and 4 =po, then the velocity of propagation is given by 
Vo 1 
= oa ; Vo 
V1 + b sin wnt 


v — 


——— ) 


V K'wo€o 


(37) 


where K’ is the dielectric constant at the chosen operat- 
ing point. 

If the dielectric is electrically thin, then the approxi- 
mation (32) can be used. Under these circumstances the 
instantaneous frequency of the wave emerging from 
the dielectric is 


bL COS Wm ] 
0); 1 — or] (38) 
had ri | Q09 Vit bsin wmt 
and the total variation of frequency 
bLamWe COS Wml 
Aw(t) ~ — Be es (39) 
2v0V/1 + 5 sin wnt 
If b is very small, (39) becomes 
b Lome 
Aw(t) &.-— = COS Wm, (40) 
2v0 


when (622). Note that if (wmL./4—b?)/41)= Kr 
(K=0, 1, 2,3.---+), the frequency will be constant and 
equal to w,. This means that if the length LZ is such as to 
require an integral number of modulating cycles to 
elapse before a wavefront passes completely through, 
then surely all wavefronts will have exactly the same 
transit time. Since the frequency variation is propor- 
tional to the rate of change of transit time, it is obvious 
that no frequency variation will take place. These null 
lengths are given by 

4Krvo 


Lape eR 0s 2a 


aE ye 


Since the frequency behavior is periodic, there is no ad- 
vantage to be gained in making L any longer than some 
value within the first interval. The optimum length 
modulator that will result in the greatest frequency 
variation is evidently somewhere within the interval 


Avg 


OR a ene 
a Wmr/4 — 6? 


Straightforward maximization shows that the midpoint 
of the interval yields the optimum length. 
It was assumed in the derivation of (43) that 0?<2. 
It is therefore permissible to write 
vo Cc 


Lent = Sehnt 


= my (45) 
2 27 K' 


where c is the free space velocity of light, and T» is the 
modulating period. 
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The maximum and minimum values of w for this 
optimum length may be shown to be 
2+) 2—6 


e acl = === Gp, 
2—5b Te, 


respectively. 

It is obvious that the optimum length modulator is 
feasible only when the modulating frequency is very 
high. For low modulating frequencies, a modulator of 
any physically practical length is well within the as- 
sumptions used in deriving (40), and the frequency vari- 
ation is essentially pure phase modulation. 


Numerical Results 


Davis and Rubin® have published data on SrTiO;— 
BaTiO; (27 per cent SrTiO) ceramics at 3000 mc. Their 
results show that the relaxation spectrum reported by 
Powles and Jackson’ has not been reached and that at 
room temperature the dielectric constant is approxi- 
mately 5000, with a loss tangent of 0.1 (with no bias 
field applied). If a field strength of 10 kv per cm is main- 
tained, the loss decreases slightly and the dielectric 
constant drops to about 2000. 

On the basis of Rubin and Davis’s data it is possible 
to predict the performance of an SrTiO3;—BaTiO; modu- 
lator operating with a carrier frequency of 3000 mc. If 
the ambient temperature is about 25°C, then tan 6~0.1 
and K’ varies between 4000 and 2000 for zero kv per 
cm and 10 kv per cm, respectively. Assuming a linear 
change of K’ with field strength, it is obvious that a de 
bias of 5 kv per cm in series with an ac voltage of mag- 
nitude 10 kv per cm peak-to-peak will produce a per- 
mittivity given by 


€ & 3000¢(1 + 3 sin wp). (46) 


If the values of 6 and K’ in (46) are substituted into 
(45) the length of the “optimum modulator” is given by 


ox 10° 
fm 


With a loss tangent of 0.1 the loss at 3000 me is ap- 
proximately 15 db per cm. If the maximum allowable 
loss through the modulator is 3 db, then f,,>15 108 
cps. Therefore, as predicted earlier, the optimum modu- 
lator is probably not realizable. If a lower value of w,, 
is picked and a short L is used so as to keep the loss 
down, then (41) and (42) apply. The phase deviation at 
3000 mc is 


Lop cm. (47) 


1irL 
3 


’ (48) 


Ga 


where L is in centimeters. 


§L. G, Rubin and L. Davis, Jr., “Some dielectric properties of 
barium-strontium titanate ceramies at 300 megacycles,” J. Appl. 
Phys., vol. 24, pp. 1194-1197; September, 1953. 

_ 1 J. G. Powles and W. Jackson, “The measurement of the dielec- 
tric properties of high-permittivity materials at centimeter wave- 
lengths,” Proc. IEE (London), vol. 96, part III, pp. 383-389; 1949. 
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V. CONCLUSION 


The analysis has indicated that essentially linear 
phase modulation may be expected from a dielectric 
modulator. The electromagnetic momentum of a wave 
going through such a modulator is unaffected by the 
modulation process but the energy level will, in general, 
be increased. This energy is provided by the modulating 
source which on the average does work upon the electro- 
magnetic field. 

Dielectrics that appear suitable for velocity modula- 
tion include ferroelectric ceramics such as the BaTi0O;— 
SrTiO; compositions. There is a temperature range 
above the Curie point where these ceramics are still 
nonlinear and where the losses are substantially reduced. 
The Curie temperature can be moved over a wide range 
by altering the concentration of the strontium atoms. 

Ferrimagnetic dielectrics are, of course, also appli- 
cable for such use. Although these materials are charac- 
terized by tensor rather than scalar permeabilities, the 
main results of the analysis can be applied if effective 
scalar permeabilities can be determined for the various 
directions of propagation. 

When an electrostatically controlled ferroelectric is 
used in an FM modulator to vary the capacitance of a 
tuned circuit, the operating point value of K’ deter- 
mines the operating point capacitance, which in turn 
determines the carrier frequency. If the value of K’ 
changes because of temperature or other variations, 
then the carrier will also drift. Observe that in the di- 
electric velocity modulator that has been discussed, the 
carrier frequency is not affected by changes in K’ and 
will always be as stable as the generating source. The 
phase deviation is, of course, sensitive to changes in the 
dielectric constant, and drift owing to temperature 
changes may be important. 

The maximum modulating rate to which the ferro- 
electric ceramics will respond is unknown. The extent 
to which the piezoelectric effect enters the modulation 
problem is also unknown. 

It should be realized that these results assume that 
the velocity of propagation of the dielectric medium is 
modulated, not by the electromagnetic field passing 
through it, but by the modulating bias. If this is true, 
the linear analysis derived is valid; if not, the field rela- 
tions are nonlinear and much more difficult to solve. 

The velocity will not be modulated by the microwave 
field if the medium cannot respond to microwave fre- 
quencies, and this apparently is the case. Even if itis 
not, the results are applicable if the microwave field is 
not sufficiently strong to make significant changes in 
the permittivity. 
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Heat Loss of Circular Electric Waves 
in Helix Waveguides” 


J. A. MORRISONT 


Summary—This paper presents a theoretical calculation of the 
eddy current losses of circular electric waves in a closely-wound helix 
waveguide. The wire diameter is assumed large compared to the skin 
depth, but small compared to the guide diameter and the operating 
wavelength, so that the fields near the wire are quasi-static and may 
be determined by conformal mapping. 

When the wires are in contact, the waveguide wall is effectively a 
metal surface with grooves of semicircular cross section, the current 
flow being parallel to the direction of the grooves. The power loss for 
this case is computed to be about 8.5 per cent higher than in a wave- 
guide with smooth metal walls. When the wires are not in contact, 
the wall is treated as a grating of parallel, round wires. The increase 
in power loss over a smooth surface is approximately 22.5 per cent 
when the wires are separated by a distance equal to their diameter. 


I. INTRODUCTION 


T is well established experimentally! that circular 
| electric waves can be propagated in a closely-wound 
helix waveguide of small round wires, with total 
losses only slightly higher than the losses in a conven- 
tional round waveguide of the same size. In practice 
the wire diameter will be large compared to the eddy 
current skin depth, but small compared to the diameter 
of the guide and the operating wavelength. Under these 
assumptions, Marcatili? has recently used an inverse 
technique to estimate the increase in eddy current loss 
in the special case when the wires of the helix are touch- 
ing, so that the waveguide wall is effectively a metal 
surface with grooves of semicircular cross section. It 
is the purpose of this paper to show that the quasi- 
static problem associated with Marcatili’s problem can 
be solved exactly by conformal mapping, leading to an 
approximate calculation of the heat loss, and that the 
eddy current loss can also be calculated approximately 
when the wires of the helix are not in contact with one 
another. 


II. BounDARY WITH SEMICIRCULAR GROOVES 


For a circular electric wave in an ordinary round 
waveguide the wall currents are purely circumferential, 
the electric field at the wall is essentially zero, and the 
magnetic field is in the axial direction. Since helix 
waveguides are wound with as small a pitch as possible, 
we may regard the magnetic field at the wall as per- 
pendicular to the wires and the current as parallel to 


* Manuscript received by the PGMTT, July 5, 1957; revised 
manuscript received, October 21, 1957. : 

+ Bell Telephone Labs., Inc., Murray Hill, Nal. ‘ 

1S. P. Morgan and J. A. Young, “Helix waveguide,” Bell Sys. 
Tech: J., vol. 35, pp. 1347-1384; November, 1956. _ 

2E. A. Marcatili, “Heat loss in grooved metallic surface,” PROC. 
IRE, vol. 46, pp. 1134-1139; August, 1957. 


the wires. Since the wires are small compared to the 
guide radius and the wavelength, we may neglect curva- 
ture effects and propagation effects, and consider the 
two-dimensional problem of a quasi-static magnetic 
field bounded on one side by a grating of perfectly con- 
ducting round wires, and uniform at great distances on 
the other side. The basic assumption here is that the 
magnetic field outside the metal is essentially that which 
would exist outside a smooth perfectly conducting 
guide wall. The power dissipated by eddy currents is 
then approximately proportional to the integral of the 
square of the tangential magnetic field over the con- 
ducting surfaces. 

A two-dimensional quasi-static magnetic field He™* 
in the x-y plane may be derived from a complex po- 
tential function? W(z) by 


H = grad (Re W), (1) 


if W is an analytic function of the complex variable 
z=x+7y. The condition that the normal component of 
H vanishes on a perfectly conducting boundary is satis- 
fied if Im W is constant on such a boundary. 

Thus in the case of the periodic semicircular grooves 
the problem becomes one of finding an analytic func- 
tion W whose imaginary part is constant on the con- 
ducting boundary of Fig. 1 and is such that W~Hoz, 
as y—, for then, from (1), H.-H and H,—0, so that 
at a great distance from the conducting surface there is 
a magnetic field of constant strength in the direction 
indicated in Fig. 1. 


Fig. 1—Cross section of semicircular grooves. 


Because of the periodicity of the shape of the conduct- 
ing surface, it is sufficient to consider just a strip in the 
z plane as shaded in Fig. 2(a). It is shown in Appendix 
I that by means of the conformal transformation! which 


3S. P. Morgan, “Effect of surface roughness on eddy current 
losses,” J. Appl. Phys., vol. 20, pp. 352-362; April, 1949. 

4Z. Nehari, “Conformal Mapping,” McGraw-Hill Book Comines 
New York, N. Y.; 1952. 
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Fig. 2—Conformal transformation from grooved to flat strip. 
(a) z plane, (b) w plane, (c) 7 plane, (d) ¢ plane. 


n 
A D 


maps the upper half-plane into this strip and some ele- 
mentary transformations, the flat strip ABCD in the 
¢ =&+77 plane, Fig. 2(d), is mapped into the strip in the 
z plane by the conformal transformation, 


iK(i tan £) 


iene Kiccc ae (2) 


where K(w) is the complete elliptic integral of the first 
kind® and modulus w. 
In the ¢ plane 
2H 


T 


for this makes Im W=0 on 7=0, and hence on the semi- 
circle BC of the conducting surface and further, since 
the strip in the z plane is of unit width whilst that in the 
¢ plane is of width 7/2, W~Hyz as yo. 

Now the power dissipated by eddy currents in a sur- 
face S of conductivity g, whose radius of curvature is 
large compared to the skin depth 6, is given approxi- 
mately*® by 


1 1 dW dW 
p=—f |H,|%a0=— — —ds, (4) 
2g6) 5 2256/5 dz dz 


where H; is the amplitude of the tangential component 
of the magnetic field on the conducting surface, and the 
second expression follows by using the quasi-static mag- 
netic field given by (1) and the Cauchy-Riemann rela- 
tions.4 

For a plane conducting surface, W = Hos. Hence, from 
(3) and (4) the ratio of the power dissipated in the semi- 


circular groove of unit diameter to that dissipated in a 
plane strip is 


PE. Byrd and M.D. Friedman, “Handbook of Elliptic In- 


tegrals for Engineers and Physicists, ” Springer-Verlag, Berlin, Ger- 
many; 1954, 


AR dard 
IA 7 B dz dz 


where the contour in the z plane is the semicircle in 
Fig. 2(a). From the relation between z and ¢ given in 
(2) it is shown in Appendix I that 


i ~ f (xan Pac 


ce 
os [2 fa — c)[K(k) ]?de + i], (6) 


where c=? and K(k) is the complete elliptic integral of 
the first kind and modulus k. Numerical integration 
gives 


ie 
=- = 1,085, (7) 


0 


This may be compared with Marcatili’s estimate, 
Pi Pg=i.09 0:01 

We now determine the position of the effective smooth 
waveguide wall, which enables the phase constant of 
the propagating wave to be correctly calculated. In 
Appendix I it is shown that ¢~(mz/2)-—7 log 2, as 
y=Im z—>-+ ~. Hence, from (3), 


T 


27 
W~ Ho(s — “tog 2) = Ws asy—+o. (8) 


Thus Im W)=0 on y=2/z log 2=d, which is therefore 
the position of the effective smooth waveguide wall. 
Since the wire radius is here supposed to be 3, the ratio 
D of the displacement of the effective smooth wave- 
guide wall from the trough of the groove to the radius 
of the grove cross section is 


4 
D = 2d = — log 2 = 0.88. (9) 
Tv 


III. BouNDARY OF CYLINDRICAL WIRES 


Turning now to the case when the pitch of the helix 
is greater than the wire diameter we are concerned with 
the plane grating of parallel cylindrical wires, as shown 
in Fig. 3. There is supposed to be an impressed mag- 
netic field Hoe? parallel to and on one side of the plane 
containing the axes of the wires and perpendicular to 
the wires. There will be leakage through the wires but 
to the order of the quasi-static approximation this 
may be neglected. (The circular electric wave can be re- 
solved into conical waves which are reflected on the 
waveguide walls. In the rectified model this means 
plane waves incident on the grating and from the equiv- 
alent circuit® for this problem it follows that the grating 
acts as a short-circuit in the limit as the ratio of pitch to 


®N. Marcuvitz, “Waveguide Handbook,” McGraw-Hill Book 


ree Inc., New York, N. Y., M.I.T. Rad. Labs. Ser., vol. 10, p. 286; 


1958 


wavelength tends to zero.) The actual leakage is soaked 
. up by a lossy external sheath. 

Thus, on the side of the impressed field, the quasi- 
static magnetic field is of constant strength Hy at a 
great distance from the wires, whilst on the other side, 
the field vanishes at a great distance from the wires. 
The problem is then one of finding an analytic function 
W whose imaginary part is constant on the conducting 
cylinders and is such that W-0 as x->—o and 
W~ifyz, as x—>+ so that, from (1); H,—-0 and 
H,—— Ho. But Smythe’ gives the solution to the equiv- 
alent electrostatic problem wherein the surfaces ImW 
=0 are circular cylinders within two per cent pro- 
vided that 6>2c in Fig. 3, the error decreasing as b/c 
increases and increasing as b/c decreases. Here 20 is the 

distance between the axes of successive wires and 2c is 
the diameter of the wires both in the direction along 
the line of axes and in the direction perpendicular to 
that. As b/c approaches unity, the cylinder becomes a 
square of side 2c. The maximum deviation from a circle 
is quoted later for the three values of the ratio b/c for 
which numerical results are given. 


Fig. 3—Cross section of cylindrical wires. 


In the present notation, from Smythe,’ 


Hyb 2+a-1 


2b (« i E Ses a 
= ————| tan ——— 
°* rl #2) (+ 0) 
mer Er a) re 
+) tanh bean yan)? (11) 


and appropriate values are given to the inverse func- 
tions and the square roots. The ¢ plane is cut along the 
real axis from —1 to +, and from —a to — ~. The 
quantity \ is the smallest positive root of 


TC 1 1 
ne een =) ean —)], 12 
sin = (1 -F »)| tanh E (1 a= ~)| (12) 
and 


T 33 T 
a= coth* E (1 + —)| + cot? Ee Gina »)|. (13) 


7W. R. Smythe, “Static and Dynamic Electricity,” McGraw- 
Hill Book Co., Inc., New York, N. Y., p. 98; 1950. 


where 
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Fig. 4—Conformal transformation of the strip with semicircular 
intrusion into cut plane. (a) z plane, (b) ¢ plane. 


These equations arise from the condition that 
OC=c=OD, in Fig. 4(a). 

From (4) the ratio of the power dissipated in the 
parallel grating of cylindrical wires to that dissipated 
in a plane grating is 


ve 1 (eae 
B 


—= — — ds, (14) 
Po bHe dz dz 


since for the plane grating W=1Hoz, x>0 and W=0, 
x <0. From (10), (11), and (14) it is shown in Appendix 
II that 


1 — Ao(sin 5A, &)| 
V1 — 


enteos = ee | tat E a+.) | ~~), (15) 


2 eatn(' 


0 


where 


cos E (1+ »)| 


feVJ/l— B= : 16 
Bh=JS/1—b 2 (16) 


Here Ao(B, k) is Heuman’s Lambda function’ and K(k) 
is as before. The displacement 


of the effective smooth waveguide wall is found in Ap- 
pendix II, (39), and the ratio D =d/c, where cis the axial 
radius of the wire, is thus 


b TC 1 
Sema. 15 (a PAO S be (1 ui ah 


+ 2) log tan E (1+ »}) (17) 


Eq. (12) was solved numerically for three values of b/c 
and the quantities P/P) and D were then calculated 
from (15) and (17). These values are tabulated below, 
together with the values Ymax/C, Where ?max is the largest 
value of the radius r of the cylinders forming the grat- 
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ing, as given by Richmond.° It is to be expected that as 
b/c decreases the values of P/Po are smaller than those 
for exactly circular wires and conversely for the values 
of D. 


b/c P/Po D Ree C 
2 12225 0.64 1.018 
3/2 1.140 0.80 1.063 
4/3 1.105 0.86 tet 


Since for b/c=1 and exactly circular wires the cal- 
culated value of P/Po is 1.085, (7), the value of P/Po 
for b/c=4/3 as given above is about one per cent low. 
In extrapolating for b/c between 1 and 2 the values cal- 
culated for b/c=1, 3/2, and 2 should be used. Thus the 
extrapolated value of P/Po for 6/c=6/5 is 1.10. This 
compares favorably with the experimental value of 1.13 
for the power loss ratio, obtained by J. A. Young of 
these Laboratories in the case of a helix waveguide with 
wire diameter 0.0045’’ and separation 0.0009.” 


IV. CONCLUSION 


An approximate theoretical calculation of heat losses 
in a metallic waveguide surface with boundary of 
periodic semicircular grooves and of cylindrical wires 
has been made, using the magnetic field of a perfect 
smooth guide. Also calculated was the displacement of 
the effective smooth waveguide wall from the wire axes. 
From comparison with experiment it appears that the 
theory gives quite a good prediction of the heat loss 
when it is borne in mind that the experimental value 
will be slightly higher due to leakage into the outer 
jacket and the presence of a dielectric coating on the 
wire which presumably tends to concentrate the fields 
slightly and increase the eddy currents. 

It should also be noted that the results apply to any 
low-loss mode in a helix of finite pitch; 7.e., any mode 
for which, either by accident or design, the wall cur- 
rents follow the direction of the wires.! 


APPENDIX I 


We first give the conformal transformation z=2(¢) 
which maps the flat strip in the ¢ plane, Fig. 2(d), into 
the strip with the semicircular groove in the z plane, 
Fig. 2(a). The successive transformations from the ¢ 
plane are given by! 


Time COS LG): w= : , 
(=) 
K(V1 — w) 
Tih xa m 
where 
& % dt 
ay? i) V(1 -— 2) — we?) (19) 


is the complete elliptic integral of the first kind and 


* W. R. Richmond, “On the electrostatic field of a plane or circular 
grating formed of thick round wires,” Proc. Lond. Math. Soc. Ser. 2 
vol. 22, p. 389; 1923. 
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modulus \/w. Combining the transformation of (18) we 
obtain 


AG tan 0) 


1 0 
K(sec £) i 


Z= 


We calculate here the expression for P/Ppo given in (5). 
On the semicircle in the z plane,—Fig. 2(a), setting 
6=£, 0O<€<(a/2) in (20), it is found that 


K 


2 = ———_) = "Sitae. (21) 
(K — iK’) 
where K, K’ are the complete elliptic integrals of the 
first kind’ with complementary moduli k and 
k'=\/1—R?, respectively. From (21), it follows that 
dz 1 2 
a rit eer ae (22) 
dé 2 sin cos é(K — iK’)? 
where use has been made of the identity® 
dK" ve 
LS)--ain 
dk\ K 2K ARR? 
From (5) and (22), 
PUS irae 
——= =f (K? + K’?) sin & cos &dé 
IES 7? 0 
bs 1 
= =f [ K(k) ]2dc; c = k?. (24) 
T 0 


Since® 

iL 
[ (2¢ — 1) K%dc 
J 0 


= [(¢ — 1)(2c — 1)K? 4 2(¢ — 1)KE+ E*]y =1, (25) 


(24) may be written 


=a fia : 
>, Rs ~ )K*de+1). 


Finally, as Im ({) >+., sec f-0 and i tan (~ 
—(1—2e?*), Hence (5), from (20), 


(26) 


Tv 
ms: g~i(log 2.—7¢), as Im (¢) > +m, (27) 


APPENDIX I] 


We here determine P/Py as given by (14), where W 
and z are given as functions of ¢ by (10) and (11). The 
quantities \ and a are given by (12) and (13) which 
arise from the condition that OC=OD =c in Fig. 4(a), 
namely, with 
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1 — Ao(sin“ A, k 
OF tana? Cena Sa 
(a—1) 2 Sy te 

peel 4/ : ud [= a+ E 1 » | 34 

ee tan ee ee COS) ness eS 
rd +) om 25 AEN aa lig) 
ty ait 4/ os eS where Ao(8, k) is Heuman’s Lambda function,> A is the 

oe + ah (a + 1) smallest positive root of (12), and 


The points A, B, C, D, E, F, G, H in the z plane cor- 
respond to the points with the same letters in the ¢ 
plane, Fig. 4(b), which is cut along the real axis from 
—1to +. and from —ato — ©. From (10), Im (W) =0 
for (=£+70, —1<£<1; i.e., on the section BCD. In 
- the z plane this section is close to a semicircle if b/c is 
not close to 1 in which case the section is closer to a 
square. For b=2c the distance r from the origin O is 
equal to c within two per cent and for b=4/3c the error 
is a little over ten per cent.® 

In differential form (10) and (11) are 


dw - iH [¢&+D)?24+ 64+ a) 1/2] oS 
LT Cent is Cai hale Be oe ae 
a b eee AC Dele Oa, 


de m1 +d) DPE HYG + a) 


where appropriate values are to be given to the square 
roots. 
Dividing (29) by (30) we obtain 
BRE Prat > Ay (Ce Ihe ho) hy 
areh 2 (e+ 1)? +x — 12] 


As.x—+t ©, lg | 0 , and assigning the appropriate 
values to the square roots, 


(31) 


dw 

= 7H,.as a + 0 

dz 

dw 

——0, asz—— %, (32) 
dz 


the difference arising because of the cuts in the ¢ plane. 
This is the desired behavior for W at great distances 


from the wires. 
From (14), (30), and (31), 


Piet f (ie dw /d id 
Py bHyda\dz dz V dé déJreesi 


[= dW  /dz =\) 4 
dz dz d& d&1/r=t-i0 


(1 + A) 
eee 
: [(a + 1) + 2€] 
i Vad —-)@+H[d +) + (1 - EI 


By means of standard transformations’ and after con- 
siderable reductions it is found that 


dé. (33) 


: E + »)| 
Cos 
rdale sare 2b 
a) 
Finally, we determine the length 
; Vv 
@ = lim (: — =) Ww = Im W, (36) 
Zo 0+ Hy 


Since this is independent of y, it is sufficient to take 
y=0 and consider the behavior as x along DE in 
Fig. 4(a) or, equivalently, as > on ¢=£+10, Fig. 
4(b). From (29), the square roots all being positive on 
§=£+720, €>1, 


0b 
"(log fe + VE = Hl) 


D. a—1l 2 a\(—é — 1 
+ 108 |‘ 5 Gite yaF 2y/ (Eb peal(e (37) 


can ae 


since VW =0 at £=1;7.e., on the grating. Also, from (11), 
for (=£+20, €>1, 


b (2+ a—1) +2VEF DE—1) 
= (e | (a + 1) | 
(2¢+a+1) +2V(E+ a)(EF+ 1) 

(etl) }). (38) 


Thus, from (36)-(38), letting >=, 


es aa ay Cs eae i an 


+ Doe] — 


+ log | 


al) 
“ate (eomeon ls 


+ 2d log tan E es »]), (39) 


using (28). 
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The Expansions of Electromagnetic Fields in Cavities* 
KANEYUKI KUROKAWAT 


Summary—In the theory of cavity resonators, the assumptions 
are frequently made that every irrotational function can be repre- 
sented as the gradient of a scalar and that every divergenceless 
function can be represented as the rotation of a vector. These are, 
however, not necessarily correct. This paper corrects these mislead- 
ing assumptions and describes ‘‘the theory of cavity resonators” 
which supplement the classical theory of Slater. 


I. INTRODUCTION 


XPANDING the electromagnetic fields in terms 
I of complete orthonormal functions, we can re- 

duce the problem of solving Maxwell’s equations 
in a cavity to that of determining all the expansion 
coefficients. In this way, Slater! succeeded in giving the 
input impedance of a cavity. However, he did not use 
the correct set of functions and missed a capacitance 
term in the input impedance expression. Furthermore 
he stated that for the expansion of the magnetic field H 
in a cavity we did not need the irrotational functions. 
The reason for this statement seems to be that A is 
itself solenoidal, namely V-H=0. In this regard Teich- 
mann and Wigner? pointed out that the component ex- 
pressed as the gradient of a scalar was necessary to 
expand A, in addition to the functions corresponding to 
the natural resonance modes. The contribution of this 
component to the input admittance is a term propor- 
tional to w—!, that is, an inductance term, where w is the 
angular frequency. These functions, however, still re- 
main incomplete in the most general case, for the 
assumption was made that every irrotational function 
can be represented as the gradient of a scalar. The func- 
tion which is denoted by the symbol G) in this paper is 
the missing one. In a fairly recent paper, Schelkunoff? 
made some comments on Teichmann and Wigner’s 
work. His illustration shows that the set of natural 
modes is not incomplete if use is made of a short circuit 
which conforms to the impressed field. However, the 
complete sets of orthonormal functions defined in Sec- 
tion IT of this paper are more suitable for a general dis- 
cussion. These functions already have been well studied 
by Miiller.4 In his treatment, however, the incorrect 


* Manuscript received by the PGMTT, August 16, 1957. 
_ Tt Institute of Industrial Science, University of Tokyo, Chiba 
City, Japan. 
1J. C. Slater, “Microwave Electronics,” D. Van Nostrand Co. 
Inc., New York, N. Y., pp. 57-83; 1950. ; 
va oon 4 Er. ieee “Electromagnetic field expan- 
oss-free cavities exci 
24, pp. 262-267; Mark eae through holes,” J. Appl. Phys., vol. 
m eet Ge sale ane eee of electromagnetic fields 
vities in terms of natural m illation,” 
vol. 24, pp. 262-267; March, 1953. t1 eras Gee oe 
_“G. Goubau, “Electromagnetische Wellenleiter und Holraume,” 
oa poet tiche Verlagsgesellschaft M.B.H., Stuttgart, Germany, 
pp. 80-97; : 


assumption mentioned above is again taken for granted, 
though his final result is undoubtedly correct. 

This paper describes “the theory of cavity resonators” 
which serves as a supplement to the classical theory of 
Slater. The emphasis is placed on correcting widely held 
assumptions that, when a function is divergenceless, we 
need no irrotational functions to expand the function 
and that, when the rotation of a function vanishes, the 
function can be expressed as the gradient of a scalar. 


II. COMPLETE SETS OF ORTHONORMAL FUNCTIONS 


For the expansion of functions defined in a closed 
region V, enclosed by a surface (or surfaces) S, we first 
have to set up appropriate complete sets of orthonormal 
functions in V. It is well known that the solutions of 
the wave equation with the boundary condition 


Vat kate = 0 (in V) 


Ya = 0 (on 5S) (1) 
are capable of forming a complete set of orthonormal 
functions Pa (a=1, 2, 3, - - - ) which is used in expand- 


ing an arbitrary piecewise continuous scalar function in 
V. Similarly the solutions of 


V’é. + ky?d, = 0 (in V) 
0 : 
sks =0 (onS), (2) 
On 


where the derivative is taken in a direction normal to 
the surface S, are capable of forming another complete 
set d (A=0, 1, 2,---) for the expansion of a scalar 
function. 

For the expansion of an arbitrary piecewise continu- 
ous vector function defined in V, in like manner, we 
have two complete sets of orthonormal functions 
VW, (p=0,.1, 2, 6+ »pand®, (¢=071 008 seu ), each of 
which satisfies 


Vw, +k? e,=0 (in V) 


nXW,=0, VW,=0 (nS) (3) 
and 
VD, + kh, =0 (in V) 
nXVX®,=0, n-®,=0 (onS). (4) 


It is worth noting that two boundary conditions are 
necessary to define these vector functions. 

Some of Uw, and ®, have the common eigenvalues 
ka’ (a=1, 2, 3, +++) and are related to each other by 


2 V X ®,, k®, = VXW,. 
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Fig. 1—F) functions. 


Fig. 2—Gp functions. 


Let us denote these W, and ®, as E, and H, respectively 
hereafter. The above relations become 


been = Vox Ag, Rell aX Es. (5) 

All the other &, and ®, will be denoted as F. (a=0, 1, 

2,---)and G (A=0, 1,2, -- - ). Then it can be shown 
that the rotations of F, and G) vanish. 

ee eS ae (6) 

F, and G, with nonzero eigenvalues satisfy the relations 

koFa = Va  kGr = Vor (7) 


where y. and ¢) are the functions defined by (1) and (2). 
If the closed region V has two or more than two separate 
boundaries, F. with ka =0 can exist and will be denoted 
by the symbol Fo. An example of such a region V is the 
space between two concentric spheres. Fo satisfies 


ica cise ow UP VF, =0 (in V) 
WOE 5 =. 0 (on S). 


Therefore, by Helmholtz’s theorem, Fo can be set equal 
to the gradient of a scalar function y. 


Fo = Vv 


where y satisfies Laplace’s equation V’*~ =0 in V and the 
boundary condition nX Vy =0 on S. y can be considered 
as an electrostatic potential and Fo as the electrostatic 
field. Ina multiply connected region (the region in which 
there are contours which cannot be shrunk away to 
nothing) G, with &,=0 can exist and will be denoted by 
the symbol Go. An example of such a region is the space 
between two coaxial cylinders closed at both ends. In 
this case, Go corresponds to the magnetic field produced 
by the dc current flowing through the circuit which con- 
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sists of the center conductor, the short ends, and the 
outer conductor. Go satisfies 


VX Go = 0, V' Go =.0 ~ Gn i) 
n-Go = 0 (on S). 


Therefore, by Helmholtz’s theorem, Gp can be set equal 
to the rotation of a vector function but not to the 
gradient of a scalar function. If we want to set Go equal 
to the gradient of a scalar function, we have either to 
introduce “a cut” in the region or to use a multivalued 
function. 

In some cases, there are many independent Fy’s and 
Gy’s; however they can all be grouped in the sets of 
F.’s and Gy’s, respectively, for all of them satisfy (6). 


Ill. THe EXPANSIONS OF ELECTROMAGNETIC FIELDS 


We shall use the set of functions E, and F, in expand- 
ing the electric field, for E, and F. have boundary con- 
ditions similar to those of the actual field E in a cavity. 
For the same reason, we shall expand H in a series in 
terms of the H,’s and Gy’s; the current J in the E,’s 
and F,’s; and the charge density p in the Y.’s. Thus we 
have 


E=)>5 Ef E- E,dv + DSF) E- F,d0, 

(ep SH, [A Had + Xa | HG, 
a aN 

J=> Ef J E,dv + be Bal J: Fd, 


eet { Ta (8) 


Since VXE behaves like H, the H.’s and G,’s will be 
used to expand VXE. 


VX B= DM | vx BH» 


+> Gs [ VX E-Gydv. (9) 
r 


From the vector relation 
VXEVXE,-—E-VXVX Ei. 
hoa: V X E— k’E, E 


V-(EX VX E,) 


I 


and Gauss’ theorem we have 
fr xX E-H,dS = fv < E-H,dv — be  B-Bad (10) 


Similarly from 
V(EXG)=G-VXE-EVXG 


GyeV XE 


> 180 


we have 


[ax EGus= [vx BG. (11) 
Inserting (10) and (11) into (9), we obtain 


VX E= D Hajhe f B Bado-+ f nx EHS, 


+> G [on xX E-G)d5. (12) 
aN 


In a corresponding way, expanding V XZ in a series in 
terms of the £,’s and F,’s and using the boundary con- 
ditions nX £,=0 and nX F,=0 on S, we have 


VXH=)>> Este [ H- Had. (13) 
For the expansion of V-B we shall use the @y’s. 
vB) of V- Bondo. (14) 
r 
From the relation 
V-(B = *V-B+ B-Vdy 
= *>V-B+ kB-Gy 
and Gauss’ theorem we have 
[ ¢B-nas = f v-Boxdv + by | B Guar. (15) 


Substituting in (14), we obtain 


V-B= Deja [Bade + f Bnpast. 
aN 


(16) 


Similarly for V- D, expanding in series in the y.’s and 
using the boundary condition ¥.=0 on S, we have 


V:-D= Dive} he f D- Faas} (17) 
We have now set up the series for the various quanti- 
ties appearing in Maxwell’s equations. Assuming that 
€ and yw are constant throughout in the region V, we next 
substitute these series in Maxwell’s equations. From 
OB 
VX E+ >= 0 
Ot 


we have 


DH(t f eed + fn x E-H.dS) 
+ ZG, [ax E-G@ dS 
r 


d 
+o 54 DM, f Whar + >, a [ Hoa =() 
a nN 


(18) 
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Multiplying (18) by H, and integrating over V, on ac- 
count of the orthonormal conditions, we obtain 


d 
ba f E Bado + wf He Hd = - [nx E- H.d5S. (19) 
t 


Multiplying (18) by G, and integrating over V, we have 


d 
wf Gad = — [ax E-Gus, (20) 
t 
Similarly from 
aD 
V x A= ds 
dt 
we have 
d 
ba [ He Bade — «— f E-. E,dv = [ 7 Bas (21) 
d 
— <f E- F dv = [ Fed. (22) 
dt 
The equation V:-B=0 gives 
iy [ H- Gao = fu ngdS. (23) 
Finally V- D=p gives 
— hye [ E-Fed = f ovate (24) 


From (19)—(24), the expansion coefficients /E-E,dv, 
JE-F.dv, [H-H.dv, fH-Gdv will be obtained. Substi- 
tuting these coefficients in the first two equations in (8), 
the desired electric and magnetic fields will be given in 
the series expansion. 

As shown by Slater, (22) and (24) lead to the same 
result if we have the equation of continuity 


vi+— 0 
PST 


The only exception is the equations with the subscript 
a =0, where Fy has no corresponding Wo. 

To get a relation between (20) and (23) corresponding 
to the continuity equation, we take the time derivative 
of (23) and substitute in (20). 


d 
w= [ Hengds = ~h f nx E- G,dS 


=— il nX E-VodS. (25) 


Here we introduce a differential operator Vs on the sur- 
face S which is equivalent to the operator (V—n(d/dn)). 
Integrating 


Vs:‘(fn X E)=HVs-nX E+nxX E-Vs¢y 


over Sand using the relation Vd) = Vsdy [for (0¢,/dn) =0 
on S], we have 


<= f PVs'n x EdS + fon x E-VqdS. 


The line integral is over the perimeter of S and is equal 
to zero, for the surface S is a closed surface and its 
perimeter vanishes. Substituting in (25), we find 


d 
uf H-ndg,dS = i} (Vs:n X E)dydS. (26) 
This is true because of 


d 
Vs:'n X ise Beetle aes! (27) 


Eq. (27) is the continuity for the fictitious surface mag- 
netic charge — B-n and the fictitious surface magnetic 
current nXE. It expresses the conservation of the ficti- 
tious magnetic charge. Eqs. (20) and (23) lead to the 
same result using (27), as in the case of (22) and (24). 
The only exception is the equation with the subscript 
A=0. 


IV. THE INpuT ADMITTANCE OF A CAVITY 


We next take up a cavity with an output which 
couples the cavity to an outside system, and which is 
assumed to take the form of a waveguide (or a coaxial 
line). Let So be the cross section of the waveguide, which 
forms the boundary surface between the cavity and the 
output (see Fig. 3). The cavity now consists of the natu- 
~ ral cavity plus the part of the waveguide out to the sur- 
face So. The cavity wall S and the surface So form a 
closed surface inside which we are solving Maxwell’s 
equations. We assume that the tangential component 
of electric field, Ej, is given on Sp by excitation from the 
outside system, and we expand it in terms of the com- 
plete orthonormal modes of the waveguide. 


E\ = ey EinVn (28) 


where the Ei,,’s are the orthonormal eigenfunctions for 
the transverse electric field in the waveguide and the 
V,’s are the expansion coefficients. V,, can be considered 
as a voltage associated with mth mode in the waveguide. 

Next we shall expand the functions H, and G, on So 
in series in the E;,’s. 


H, — y k x Bin lans (29) 


Gy = Dek Binlan, (30) 


where the Ien’s and I,,’s are the expansion coefficients, 
k is the longitudinal unit vector of the waveguide and is 
equal to —n. From (28) and (29), we have 


=e nX E-Hyds = | kX E-Hads 


So So 
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S25. | iy Da keaXe Be Varadok X Bedents 


So n ™m 


=e alee (31) 
Similarly from (28) and (30), we have 
_ il n X E-G@dS = >> Valin: (32) 
So n 


For simplicity, we shall further assume that the angular 
frequency w of the exciting field is in the vicinity of the 
resonant frequency wa=ka/V/eu of the E., Ha mode, 
which is well separated from other resonant frequencies. 
Then H, component will be dominant in the magnetic 
field and the tangential component of E on S will be 
given by the approximation® 


nX E= ZsH = (1 ny H, { H-H.do (33) 
os 


where Zs and og are the characteristic impedance and 
the conductivity of the wall conductor, respectively. 
From (33), we have 


Wa. 


bs 
of A Hao (34) 


- [nx E-H,dS = (1 +9) 
s 


where 


(35) 


1 1 ” 
— =- [ reas. 
Osa 2 WahOSY S 


6 If we take the surface roughness and irregularities of the wall 
into aceount, (34) and (35) are rewritten in the forms 


abt 
fi x E-H.dS = (1 + $52) Sot | HeHads 
8 Qsa 


Fa 
=ty = — "A 2 5 Hd. GS 
Qsa° 2! wauso Js 


where F, and FySa are the factors which measure the apparent in- 
creases in the surface resistance and surface reactance. 

Measurements show that the relations Fa >1, Sa>1 usually hold. 
w,’ in (39) is replaced by 


ag (1 Sa ) 
ae 20sa : 
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Assuming that J=cE, we eliminate fE-E,dv from (19) 
and (21). 


2 d 
elt © [ waa + op < [ H-Hado ue fat [ HE Had 
dt di 


d 
a (< ee ) [n xX E-H,dS 
dt Ss 


d 
= -(c< +e) f n X E-H.ds. 
dt s 


0 


(36) 


(d/dt) =jw, for we assumed the time factor e”*. If jwe>>o, 
as is usually the case, from (31), (34), and (36), we have 


a 
Osa 


=e nV slay (OT) 


[wr {he — wen + joo + (1 + f)jwewau 


& 


from which we obtain 


Do Vnlan/ eam 


[ HHao = ; (38) 
(< =) il 
d ape w Oo; 
where ° 
2 2 / (1 ! ) 
an as a la — Wea a 
Wa7€U, ) 20s, ; 
1 1 a 1 1 o 39) 
a Se a 2 Seis ‘ 
QO,’ Os Osa a Wa€é 
Next from (20) we have 
d 
pf HG t fn xX E-GadS 
dt s 
aE -{ n X E-GdS. (40) 
So 


We neglect the second term on the left-hand side of (40) 
in comparison with the first term, for nX Eis sufficiently 
small on S. [In (36) the large terms on the left-hand side 
cancel each other and the surface integral [sn X E- H.dS 
cannot be neglected in the vicinity of the resonant fre- 
quency. | Inserting (30) into (40), we have 


jiu [ HE Gode = SS Valin (41) 
from which we obtain 
De Vili 
if H-G\dv = — (42) 
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Substituting (38) and (42) into (8), we have 
Sy Vil an/ Walt 


nr 


Ase, 
3 i( @ Wa ) 1 
: Wa, w O;' 
Di Valrn 
+> G ; : (43) 
rN JOM 


This is the desired magnetic field in the form of series 
expansion. 

For the electric field, from (21) and (22) we have, 
taking into account that there is no steady-state solution 
for fE- Fd, 


ts De Valegor 

platy (eye eee 
Care (= =) 4 1 
a Wa! w OF 


Thus we have solved Maxwell’s equations in the cavity. 
The tangential magnetic field on Sp is given by 


ee 


ie eee a 
His Do Re Ei elem ; 
aN n ™ ( w a Wa )+ 1 
‘ Wat ra) Ox 
ine 
- I= a a te (45) 
jou 


We are considering the cavity which has only one out- 
put with only one transmission mode. The component 
HA; of this mode is 


V La1?/Wa, Vihv? 
Hi = kX En seca tainted Rao 9) 
a iy Ole OX, 1 JOU 
ilove as 
Wa a) Q: 
On the other hand, Aj; is expressible in the form 
Ay, = kX Enhi (47) 


where J; is the current associated with the transmission 
mode. From (46) and (47), we have 


Vilar? /wau Vil? 
h=> +D—. (4g) 
a af 8 Wa 1 A Jou 
(nye 
Wa w Qa 
The input admittance is, therefore, 
Ty Ta17/ Wal qh 2 
Sea rao Deere ie 


Vi is Patty 1 x Fei 
J eects 
Wa @ Ou 


Similarly for cavities with two output leads, we have 
Tr, = 
fos 


YuiVi + VV 2, 


ViVi + VooVo, (50) 
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US i 
4 to ras 
1 1 
un = — > hh? = — 
JO-_ wLo 
1 
Va — 
‘ 1 
{ae 
aCa 
where 1 ; 
Wa ee a 
et Ca et Rie 
®a aie On La Qa.’ 
Fig. 4—Equivalent circuit of one-entry cavity with 
well-separated wa’s. 
where 
TasTaz/@au Til 
Le Dy F : 
a ® Wa 1 » Jw 
vee nesbe st) GA 7 
On w 0; 
(ij = 1,2). (G1) 


Ih, Iz are the currents and Vi, V2 are the voltages 
associated with the transmission modes in the output 
leads No. 1 and No. 2, respectively. The equivalent cir- 
cuit of (49) is shown in Fig. 4 and that of (51) in Fig. 5. 
The generalization of the above discussion to cavities 
with many output leads is easy. 


V. G, FUNCTIONS 


Although the relation V-H=0 holds in the region V, 
we need the G, functions to expand H, because the con- 
dition V-H=0 does not necessarily mean the vanishing 
of the irrotational part of H, as shown by Helmholtz’s 
' theorem. 

We have seen that both the H, and G, functions are 
necessary to set up a complete set of orthonormal func- 
tions and that an inductance term Ya Du2/jou from 
the G,’s appears in the input admittance besides the 
familiar resonance terms from the H.’s. The Gy’s 
(\+0) are related to the conservation law of magnetic 
charge as explained before. If the magnetic field enters 
the cavity through a part of So and returns into the 
waveguide through the other part of So, and if an ob- 
server does not see the outside of the cavity, he thinks 
that the magnetic charge +| n-B| is at the entrance 
of the field lines through So, and —|n-B, is at their 
exit from So, and that the magnetic current nXE 
flows between them. Such a magnetic field cannot be 
expressed by the H,’s alone but requires the G’s as 
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1 1 
yu =—— > (Ie? + Ile), 92 = —— DV (Ue? + Int) 
jou jop 


1 
y= — —- >) Inly, 
jou 
eas To, 
lina = tteg/ , Lines = tona/- 
: Taz : Loa 
1 
Va 


where 
Wab 1 wa La 


<3 Wq!2 Vin u Ra OF. 


La = n* — ’ 
Wa Toilas 


Fig. 5—Equivalent circuit of two-entry cavity with 
well-separated wa’s. 


well. If we neglect the G,’s, we have to assume that 
there is no magnetic field through So. 

For illustration, let us consider a cavity with the 
smallest w, satisfying w.>>w. The input admittance can 
now be written in the form 


Tai? / Watt Dae 
Yi=0pe ; os; 
5 (= Fr: =) = 1 » Jow 
: Cie O OQ; 
= qwCo + 2) 
Jevo re ( ) 
where 
Te1? 1 hr 
Co= ee cr (53) 
gp a bh Lo ON iu 


If the Gy’s were neglected, the inductive term 1 /joLo 
would not appear and we might come to the conclusion 
that the input admittance must be always capacitive 
whens@aew: (@=1, 2; 3,2. >). The input admittance 
can be both inductive and capacitive depending on the 
magnitudes of Cy and Zo. If wCy=1/wLo, the cavity 


VI. EXAMPLES 


To justify our conclusion about the G, functions, we 
shall calculate the input admittance of simple cavities. 
First, the input admittance of a short-circuited rec- 
tangular waveguide (/, X/,) will be taken up. The refer- 
ence plane So is 1, away from the shorted end. This 
example was discussed in detail in Schelkunoff’s paper,’ 
still it might be instructive to follow our steps in the 
same example. 

Considering the waveguide from the shorted end up 
to So as a cavity, we have two types of H, functions. 
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shows a resonance which is different from the resonance Fv aad (=) La TMX oer TMyy a TM 2% 
of E, and H,. A length of waveguide short-circuited at : Ren 2 F Le 
one end and shunted by a window at the other end can 
be considered as a cavity. So may be placed just in front _ (tM TM,zX | TMyy TM 2% 
of the window. If the length of the cavity is \,/4, cer- +jA es) — EL sin hi cos i (54) 
tainly we have wa>w. The input admittance of the 
cavity is, in this case, the shunt admittance of the TM (TMz\ | TMzX TMyy TM 2% 
window and it can be inductive, capacitive, or resonant, a= —14 ( b ( h ) sin oe ] OE: p 
depending on the type of the window. This shows that Sarees ‘ : 
we need the term 1/jwZo in (52) and hence the Gy func- rmsd (TMy Mt  7Myy TM 2k 
tions to expand H. rere! ( b V( h ) cos i sin ] cos ] 
In a certain type of cavities, we need the Gp function Pee ae ‘ 3 : 
as well. Though the fictitious magnetic current may Aa TN? 
close upon itself and there may be no fictitious magnetic +kA is le = ( ) | 
charge on So, this function can contribute an inductance m ls ly 
term to the input admittance. The cavity with a cou- 
pling loop and a coaxial line output lead is an example 0s ie cbs mae sin be (55) 
(Fig. 6). So may be placed in the coaxial line some dis- Ls ly L, 
tance away from the coupling loop. In this case, we have 
the Go function corresponding to the magnetic field pro- where 
duced by the de circuit which consists of So, the outer ; : A ‘: 
; : . TM 1M, TM, Wa 
and inner conductors of the coaxial line and the loop. [Pee ( ) ( ) = ( ) : (=) (56) 
If the TEM wave is the only transmission mode in the lL, ly l, 
output lead, the normal component of H on Sp is van- 
ishingly small. Still, we have an inductance term in the w= J Ema €my Ema : Rm \ (57) 
input admittance, for nXE on Sy can induce the Go Ll. TMz\ ? TMy\* 
component of H in the cavity. The necessity for the (/ ( ] ) ac (=) 
inductance term is easily seen, if we consider the admit- 3 
tance at a very low frequency. t 
Every H, has a corresponding E,, but Go has not. dea Ses are 
Hence, Go is not a resonance mode. Gy has no relation to aera 
the fictitious magnetic charge on Sy and in this respect Gi= a= mat (=) sin eae cos = cos ala 
Gp is distinct from all the other G,’s. Iebyle Ry I ly ly l, 
(=) TMX Tm T1123 
7) ——") ces sin cos 
io Uf ly 2 I Le 
Lik : LA V rik (=) cos lla cos ite sin se x (58) 
ean cee z % ly u 
where 
a hy? = (™) + (mY = ) (59) 
Fig. 6—Cavity with loop. a ly i 


The €,,’s are the Neumann factors. The cavity is excited 
by the TEio mode in the waveguide. The tangential 
component Ey of this mode is 


FOS tee 
En= igh sin — 
I be 


laly 


(60) 


where 1/2/1,, is the normalizing factor. In this case, 
we need H, with m,=1, m,=0, m,=1,2,3,--- in (55) 
and G, with m,=1, m,=0, m,=0,1,2,--: only. These 
are the functions used by Schelkunoff in his second ap- 
proach. From (29) and (30), we obtain 
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‘2 3xmz 
a a COS M.T, (61) 
1 <M: 7 
Ti = COS Met (62) 
ky [Bon Re 


Hence 


2 (rm? 
Ta? = —( ) 
LE Lm 


Dla 


| 
Se 
es 


1 
~ le mz=1 x \? TM, _ 
eu 
is Ie 
Inserting these values in (49) and neglecting the effect 
of losses, we have 


ie 
erates te 
je tle} a w= a 
1 2 la 
+—114+2>> 


(63) 


w geet 7 \? rm:\? 
oe lenge lee 
be I 


On the other hand, from transmission line theory, we 


have 
oe ive pone seas (64) 
L jw 
where 
B= Va Vet ae 
a \? aw \? 
-(2Je-()/» 
be de 
Using the relation 
! 
la aero 
cot @ = 4] 1+ > —— 
7) | nT 
Aa) 
i) 
(64) is rewritten in the form 
T 2 
aut (T) eh 
1+ > : (65) 
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Eqs. (63) and (65) can be shown to be identical by a 
little algebra, leading to the conclusion that (63) is 
equal to (64). Eqs. (63) and (64) represent the same 
admittance and hence this conclusion is quite reason- 
able. However, if we neglect the G, functions from the 
beginning, the w~! term will not appear in (63) and the 
two admittances differ from each other. 

Next, we shall take up a short-circuited coaxial line, 
showing the contribution of the Go function. The dis- 
tance between the reference plane Sp and the short end 
is L. The tangential component Eu of the exciting field 
is 
1 1 
1, ——_— 

2x log b/a r 
where a is the radius of inner conductor and 6 is the in- 


ner radius of outer conductor. The induced H,’s by this 
field are 


By 


(66) 


NT 
Ay= FF cos n= = 1D Ou) 
es - In log b/a 
and the Go is 
1 Ae 3, 
Guts seal ok yuan (68) 
/ 2m log b/a Lae 


From (29) and (30), we obtain 


oo 

Ie = a COS nT 
es 
i = L 


Using the relation 


and (49), we have a well known expression of the input 
admittance. 


2 1 
wis Wall as 
L 
v=». 2 Be 
a (- “) Jost 
qi — - — 
Wa w 
2) 


(69) 


If we neglect the Go function, we have again a faulty 
result in this case. 
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These examples show that we need the G,’s as well as 
the H,’s to expand the magnetic field, though V-H=0 
throughout in the cavity. 

VII. APPENDIX 


Helmholiz’s Theorem 


Let V be a region inside a closed surface (or surfaces) 
S. Then any vector function F defined in V can be ex- 
pressed as the sum of the gradient of a scalar and the 


rotation of a vector. 
/ / 
; =| V ew 
y 4rR 


= v6 OT 
20S s 47rR 


{ Er) s a9 
Vv xn 
an g 47R 


EWN G OM) I 
————_d)y' (70 
a ik 4rR oe 


where 
Rar 

V’ is a differential operator on r’, and n is the outer 
normal on S. Eq. (70) shows that if we have two condi- 
tions V-F=0 in V and n-F=0 on S, then F can be set 
equal to the rotation of a vector. If we have two con- 
ditions VX F=0 in V and nXF=0 on S, then F can be 
set equal to the gradient of a scalar. VX F=0 in V does 
not necessarily mean that F=Vd¢ where ¢ is a scalar 
function of position. In a corresponding way V-F=0 in 
V does not necessarily mean F=VXA where A is a 
vector function of position. The examples are the Gy and 
F, functions defined in Section II. 


Completeness of © and ® 


Consider the relevance 
ef wed - | {(V XM)? + (VaB)?} do 
= 2 fon xv XUds (71) 
and take the variation. A little manipulation shows that 
bk? [was =— 2 f ow. (ver + RE) dy 
+ za) {we xX nV Xow + Vewn-sulds. (72) 
Therefore 


J foment cry y}a—a fate. vxwas 
+ (73) 
[vra 


6 P. M. Morse and H. Feshback, “Methods of Theoretical Phys- 
ics,” McGraw-Hill Book Co., Inc., New York, N. Wy jor, Sig OGG. 
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is the appropriate variational expression for the eigen- 
value of W. We can choose &*, one by one, each of which 
makes 


Q= f 1(V XW,)? + (V-w,)?} do 


42,4, x nv xw, dS (74) 


a minimum under the normalizing condition and the 
orthogonal conditions. 


furan aie fw = 0.0 < pss, 


An infinite set of functions thus selected forms a com- 
plete set of orthonormal functions as the conventional 
proof shows.’ Every W&, satisfies (3). Hence, we come to 
the conclusion that the solutions of (3) are capable of 
forming a complete set of orthonormal functions. 

The variational expression for the eigenvalue of ® is 


J torxey+(v-4)5} a2 f (n-®)(V-®)dS 


f wa 


In a similar way as for W, we easily verify that the solu- 
tions of (4) are capable of forming another complete set 
of orthonormal functions. 

With the aid of Helmholtz’s theorem, it can be shown 
that the W,’s are divided into two groups, the E,’s and 
the F,’s and the ®,’s into the H,’s and the G,’s. 

Eq. (72) and o?=0 shows that Fy satisfies VXFo=0 
and V-Fy)=0 in V since nXW=0 on S. Similarly (75) 
and k)?=0 shows that Gp satisfies VX Go=0 and 
V-Go=0in V. 


= 


* (76) 


Mixed Boundary Conditions 


The sets of functions W and & defined in Section II are 
not the only sets for the expansions of the electric and 
magnetic fields in a cavity. We can impose the mixed 
boundary conditions, short and open, upon the func- 
tions. Let S+.S’ be a closed surface (or surfaces) in 
which we are solving Maxwell's equations. The solu- 
tions of 


Vw + Ay = OC 


n X= (0) 
Vw=0 


DX V OPO 


\ ons) pie 


\ (on S’) (77) 


are capable of forming a complete set of orthonormal 
functions. Similarly, the solutions of 


™P. M. Morse and H. Feshback, loc. cit., pp. 738-739. Also see 
R. Courant and D. Hilbert, “Methods of Mathematical Physics,” 
Interscience Publishers, New York No Y:, volul? pp. 424-429; 1953. 
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Vm + kb = 0 
nxVX@®@=0 nxX@=0 
(on S) 


n-® = 0 Cae (on S’) (78) 


form another complete set of orthonormal functions. 

The &’s can be divided into two groups, the E,’s and 
the F,’s, and the ®’s into the H,’s and the Gy’s. E, and 
H, satisfy the relations 


Reese = Wi x ‘Ee kuHa =V x E, 
and the boundary conditions 
nX E&=0 Noe — 0 
(on S) \ (ona). 
n-H, = 0 We —20) 


Those are the functions used by Slater. For Fz (a#0), 
we have 


keFa = Via 
where Yq is the solution of 


Va = ba Va = 0 


Oa 
ae = 0 *(onS’). 
on 


va = 0 (on S) 
Slater, however, took the boundary condition Y.=0 on 
Sand S’. Asa result of this fault, he missed in the input 
impedance a capacitance term which corresponds to the 
inductance term in (49). In a certain type of cavities, 
there exists the function Fo. The best example may be a 
cavity with a coupling probe and a coaxial line output 
as shown in Fig. 7. For G, (A#0), we have 
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Fig. 7—Cavity with probe. 


kyGy = Von 
where ¢) is the solution of 
Vox + ky?orx = O 


) 
oy =10" (On) 
On 


ox = 0 (ons) 
Besides the multiply connected region, we have Go in 
the region where S separates S’ into two or more than 
two independent parts. If we take a cross section of the 
output guide as S’ and the cavity wall as S and impose 
a tangential magnetic field on S’ as Slater did, we can 
easily show that the G, components of H are all very 
small and can be neglected. But it does not justify the 
statement that we need no G), functions to start with. 
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Broad-Band Calorimeters for the Measurement of Low 
and Medium Level Microwave Power. 


I. Analysis and Design* 


M. SUCHER} anv H. J. CARLIN} 


Summary—Design considerations for a group of broad-band 
calorimetric power meters, capable of accurately measuring low 
(zero to one milliwatt) and medium (zero to 100 milliwatts) power 
levels over a frequency range from zero to 75,000 mc, are presented. 
The power meters are of the nonadiabatic, twin, dry-load type and 
utilize the substitution of de power. The conflicting requirements 
imposed upon the design by the need to realize broad-band per- 
formance, adequate sensitivity, reasonably short response time, 
negligibly small rf-de equivalence error, freedom from ‘zero’? drift 
and from other types of error are discussed. An analysis is given of 
the known sources of error which enables the accuracy of the in- 
dividual instruments to be reliably estimated. 


HERE is a definite need for a more accurate 

method of measuring microwave power at low and 

medium levels than is at present afforded by bo- 
lometers. The latter, in addition to being subject to pulse 
power’ and rf-dc substitution (or equivalence)? errors? 4 
are also subject to errors which are caused by mount 
inefficiency.*-7 Calorimetry naturally suggests itself 
as an alternative. In recent years calorimetric tech- 
niques have been extended to the direct measurement 
of microwave power in the same range for which bolom- 
eters are generally used.*-" Three basically different 
calorimeter types—flow, adiabatic, and nonadiabatic— 
have been employed for this purpose, all utilizing the 
substitution principle. The calorimeters of Carter’ and 


* Manuscript received by the PGMTT, July 29, 1957; revised 
manuscript received, September 29, 1957. The work reported here 
was done under contracts AF-30(602)-988 and DA36-039sc-645 with 
the Rome Air Dev. Ctr., Rome, N. Y., and the U. S. Army Signal 
Eng. Labs., Fort Monmouth, N. J., respectively. 

{ Microwave Research Institute, Polytechnic Institute of Brook- 
lyn, Brooklyn, N. Y. 

1M. Sucher and H. J. Carlin, “The operation of bolometers under 
pulsed power conditions,” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. 3, pp. 45-52; July, 1955. 

? The substitution error occurs when the rf and de power distri- 
butions differ over the absorbing load. Because of this, rf and dc 
powers may produce different heating effects and thereby produce an 
error in the de calibration, 

°H. J. Carlin and M. Sucher, “Accuracy of bolometric power 
measurements,” PRoc. IRE, vol. 40, pp. 1042-1048; September, 1952, 

4E. Weber, “On microwave power measurements,” Elektrotech u. 
Maschinenbau, vol. 71, pp. 254-259; September, 1954. 

5 J. A. Lane, “The Measurement of power at a wavelength of 
3cm by thermistors and bolometers,” Proc. IEE, vol. NOP oles, (By 
pp. 819-825; November, 1955. 

& |. Collard) G)R. Nicoll, and A. W. Lines, “Discrepancies in the 
measurement of microwave power at wavelengths below 3 cm,” 
Proc. Phys. Soc., (London), vol. B63, pp. 215-216; March, 1950. 

7M. Sucher, “A Comparison of Microwave Power Measurement 
Techniques,” Proc. Symp. on Modern Advances in Microwave Tech- 
niques, New York, N. Y., pp. 309-323; June, 1955. 

®C. J. Carter, “Calorimeter Type Power Meters,” The Ohio 
State Univ. Res. Foundation, Columbus, Ohio, Engineering Rep., 
Wright Air Dey. Cntr. Contract W33-038-ac-15162, ASTIA AD No. 
26873; August, 1953. 


Strom® are flow devices, the Naval Research Labora- 
tory calorimeter described by Fellers!® is of the adia- 
batic type, and those described by Ernst and Schussle,!! 
by Macpherson and Kerns,” and by Sharpless! are 
nonadiabatic. 

The present paper is concerned with the basic design 
principles which underlie a broad-band nonadiabatic 
calorimeter of the twin dry-load type. A schematic dia- 
gram of the rectangular waveguide version of this de- 
vice is shown in Fig. 1. Units covering the frequency 
band 0-75,000 mc per sec have been built with a power 
measuring range of approximately 100 microwatts—100 
milliwatts and the design data and operating character- 
istics are described in a companion paper.¥ 

The basic equation defining the operation of an ideal- 
ized nonadiabatic calorimeter (i.e., where heat losses 


Fig. 1—Schematic diagram of calorimeter in rectangular waveguide. 
Je, outer jacket; Ji, inner jacket; W, thin-walled waveguide 
calorimeter termination; B, broad-band load; T, thermopile, h, 
inner isolating section; Je, outer isolating section; H, entry wave- 
guide; G, polyfoam plug. 


®L. D. Strom, “A calorimeter for microwave low level power 
measurements,” 1955 Aeronautical Electronics Digest, IRE Dayton 
Chapter, pp. 158-159: May, 1955. 

© R. G. Fellers, “Measurement Techniques at Millimeter Wave- 
lengths,” Proc. Symp. on Modern Advances in Microwave Techniques, 
New York, N. Y., pp. 355-367; June, 1955. 

4B. W. Ernst and J. H. Schusse, “Conduction Calorimeter 
Power Meter,” University of IIlinois, Urbana, Ill., Tech. Rep. No. 3, 
Elec. Eng. Res. Lab., Contract W33-0380-ac-014538; April, 1951. 

* A. C. Macpherson and D. N. Kerns, “A microwave micro- 
calorimeter,” Rev. Sci, Instrum., vol. 26, pp. 27-33; January, 1955. 

.. W. M. Sharpless, “A calorimeter for power measurements at 

millimeter wavelengths,” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. 2, pp. 45-47; September, 1954. 

“A. V. James and L. O. Sweet, “Broad-band calorimeters for the 
measurement of low and medium level microwave power. II—Con- 
struction and performance, this issue, p. 195. 
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are not effectively eliminated as in the adiabatic type, 
, but taken care of by appropriate calibration, usually by 


substitution of known amounts of low-frequency power) 
is 


(1) 
where 


P(t) =power input in watts, 
C=heat capacity of calorimetric body in joules 
per- C, 
6=temperature vise of body with respect to its 
surroundings in C° 


— =time rate of temperature rise of body with re- 
spect to its surroundings in °C per sec., 

R=thermal resistance of the body to its surround- 
ings in °C temperature rise per watt. 


This equation assumes Newton's law of cooling, and fur- 
ther, that the body is at uniform temperature through- 
out, with C and R independent of temperature. 

For constant power input P, the solution of (1) is 


6 = (1 — e*/7) (2) 


where @ is the steady-state temperature rise due to a 
power P and Tr is the thermal time constant of the body. 
Here 


7 = RC (4) 
1 
R=—»> G = thermal conductance. (5) 


If the steady-state temperature rise is used as a meas- 
ure of the applied power, as is generally the case, then 
the power sensitivity of the calorimeter (defined as tem- 
perature rise per unit power input) is equal to R. The 
relation between measurement time and time constant 
may be illustrated by the fact that a waiting time 
equivalent to four, five, and six time constants results in 
a corresponding temperature rise which is 98.2, 99.3 and 
99.8 per cent of the steady-state value, respectively, if 
the temperature build-up is truly exponential. To 
achieve a short measurement time, the large value of R, 
associated with high sensitivity, must be counteracted 
by a small heat capacity, C, so that the time constant, 
RC, shall be sufficiently short. The sensitive nonadia- 
batic calorimeters reported in the literature achieve 
their small heat capacity by use of thin-walled construc- 
tion of the metal casing which houses the rf power ab- 
sorbing load. Generally, the necessary thermal isolation 
(large R) is obtained by a substantial reduction of the 
conductive heat loss, which would otherwise be the ma- 
jor portion of the total heat loss. This had been accom- 
plished earlier by using a short air gap’? in the entry 
waveguide leading to the casing, but a broad-band tech- 
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nique is used in the present design consisting of ther- 
mally isolating sections in the entry waveguide made of 
suitable dielectric coated with a thin metal film. In 
this isolator the conductive flow of heat is impeded 
without appreciable attenuation of the rf power flow. 
Convective and radiative heat losses from the casing 
are kept reasonably small by limiting the size of the 
casing to the degree permitted by other design con- 
siderations. 

Since the minimum detectable power is as much de- 
pendent on the background thermal fluctuations and 
temperature drift as on the calorimeter sensitivity, 
great attention is paid to thermally shielding the calor- 
imeter against external temperature variations. Thus, 
the NBS calorimeter reported in the literature’? was 
enclosed in a massive brass can which was immersed in a 
large oil bath. The limit of resolution in this design is 
imposed by random fluctuations of temperature ex- 
perienced by the shield can in contact with the agitated 
oil bath and is equivalent to about 10 microwatts of 
power. 

The calorimeters described in this paper achieve a 
power resolution of less than 10 microwatts without the 
necessity of oil bath stabilization. The techniques re- 
quired are described in the following sections. 


Basic DESCRIPTION OF MRI CALORIMETERS 
Performance Characteristics 


These calorimeters have their thermal isolating sys- 
tems and rf power absorbing loads so designed that they 
operate over broad frequency bands. Furthermore, the 
design has been deliberately developed so as to minimize 
errors over the operating frequency band caused by 
such things as rf-de substitution, rf attenuation and ri 
leakage of thermal isolating sections, and drift of zero 
setting due to fluctuation of ambient temperature. The 
models were constructed for the Air Force and the 
Department of the Army" as standards of microwave 
power measurement in the milliwatt range. The calo- 
rimeters are portable but are intended primarily for labo- 
ratory use under ordinary laboratory conditions; tem- 
perature regulation of the laboratory, although helpful, 
is not required. The minimum detectable power, as 
limited by thermal fluctuation and drift under typical 
laboratory conditions, ranges from several tenths of a 
microwatt for the millimeter wavelength models to 
about 5 microwatts for the larger waveguide sizes. The 
maximum power range is 100 to 300 milliwatts depend- 
ing on the model. The vswr does not exceed 1.3 over the 


16 Under Contract No. AF-30(602)-988, six discrete units, one 
coaxial and five in waveguide, collectively covering the range from 
0 to 40,000 mc were delivered by the Microwave Res. Inst. of the 
Polytechnic Institute of Brooklyn, Brooklyn, N. Y., to the Rome 
Air Dev. Ctr., Rome, N. Y. 

16 Under Contract No. DA36-039sc-64579, three discrete wave- 
guide units collectively covering the range from 26,500 to 75,000 mc 
were delivered to the Signal Corps Eng. Labs., Fort Monmouth, 
N. J., by the Microwave Res. Inst. of the Polytechnic Institute of 
Brooklyn, Brooklyn, N. Y. 
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entire operating frequency band of a standard wave- 
guide size. Collectively the instruments cover practically 
the entire microwave spectrum in use today—a range 
from zero to 75,000 mc. The broad-band rf loads are 
rugged, and the calorimeters are not subject toa pulsed 
power error as is the case for some bolometer elements. 
Calibration is accomplished with dc power with an 
equivalence error of less than several tenths per cent. 
The over-all accuracy (root mean square of maximum 
errors from independent sources), based on a careful 
error analysis, ranges from +1 per cent for the lowest 
frequency waveguide calorimeters to +23 per cent for 
the highest frequency waveguide units at the most 
favorable power levels. The coaxial calorimeter has an 
over-all accuracy of 2 per cent at the most favorable 
power levels. The numerical data for individual sources 
of error of coaxial and waveguide units are presented in 
the companion paper.!4 The thermopile outputs of the 
various calorimeters range from 23 microvolts to 51 mi- 
crovolts per milliwatt. Ordinary potentiometric measure- 
ments can provide a power resolvability of from five to 
two microwatts. The time constants range from little 
over one minute to four minutes. 


DESIGN CONSIDERATIONS 


The following were the calorimeter design objectives: 
1) good inherent sensitivity, 2) short time-constant, 
3) well-matched rf loads (maximum vswr of 1.3 for the 
entire operating band of a waveguide), 4) minimal rf-dc 
equivalence error, 5) suppression of temperature drift 
and temperature fluctuation effects. It will become clear 
from the following discussion that the realization of the 
first four aims places conflicting demands on the design 
of the waveguide termination and the rf load located 
within it so that design compromises must be made. 

Since the calorimeters were intended to serve as 
standards of microwave power measurement, a primary 
design requirement was that the rf-dce equivalence error 
be bracketed within narrow and determinable limits. 
The conditions for minimizing this error become almost 
intuitively evident if one considers a distribution of 
power sources inside a closed, perfectly (thermally)-con- 
ducting envelope. Because of its perfect conductivity 
the envelope must be an isothermal. Because the rate of 
heat loss from the envelope to the surroundings is pro- 
portional to its temperature elevation, the steady-state 
temperature rise of the envelope must be proportional 
to the total power dissipated within it. The proportion- 
ality constant is actually the thermal resistance of 
the envelope to its surroundings and is entirely inde- 
pendent of the distribution of power sources.!” In this 
ideal case, it is clear, no equivalence error is possible. 


" The situation is exactly analogous to that of a closed perfectly 
conducting shell enclosing a distribution of electric charge. Potential, 
capacitance, and charge in the electrical case correspond to tempera- 
ture rise, thermal conductance, and power, respectively, in the thermal 
case, 
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Now let the envelope take the form of a long thin- 
walled metallic cylinder of finite thermal conductivity 
from whose ends there is no leakage of heat and which 
contains within it an axially located point source of 
power. If it is assumed that heat is lost radially from the 
surface at a rate proportional to the temperature rise 
and area of the surface element from which it is escap- 
ing, then it can be shown that the envelope is no longer 
an isothermal but possesses a temperature distribution 
which depends on the location of the source. However, 
the integrated temperature rise (and therefore the aver- 
age surface temperature rise) is still proportional to the 
strength of the source and independent of its position 
along the axis. Again there is no equivalence error if the 
integrated temperature rise is used as an index of the 
power. If heat is now permitted to escape from the ends 
of the cylinder, not only does the temperature rise per 
unit power input (averaged over the surface of the 
cylinder) decrease, but it becomes a function of the 
source position as well. Qualitative reasoning (as well as 
analytic treatment) shows that the longer the cylinder, 
the smaller the end losses, the greater the cross-sectional 
thermal conductivity of the cylinder, the less sensitive 
is the integrated temperature rise to source position, and 
the smaller is the equivalence error produced by dissimi- 
lar distributions of power sources of equal total strength. 
It follows that the terminating calorimeter waveguides 
should be long relative to the rf loads located within 
them, should be constructed of metal having the highest 
thermal conductivity, and should be conductively well 
isolated from the metal jacket in which they are en- 
closed. An approximate ratio of four to one in waveguide 
to load length was found satisfactory for a 0.015-inch 
wall thickness of silver waveguide well-isolated by suit- 
able spacers from the enclosing metal jacket. Experi- 
mental data on the equivalence error is presented fur- 
ther on. 

An rf load which closely resembles a point source will 
produce negligible substitution error when the thermal 
detectors are remote from the source. Requirements of 
ruggedness, power handling capacity, and broad-band- 
ing rule out bolometer wires and thermistor beads. 
Tapered resistive strips axially oriented in the wave- 
guide suggest themselves as broad-band loads. These 
must be sufficiently long to give a broad-band match, 
but for reasons of calorimeter sensitivity must be kept 
as short as possible, so that the associated waveguide 
termination will be correspondingly short. With in- 
creasing frequency, as the attenuation per unit length 
of the resistive material increases, shorter strips may be 
used, together with shorter waveguides for containing 
them. 

The thermal conductance G of the waveguide to the 
surrounding metal jacket (whose reciprocal R deter- 
mines the temperature rise per unit power input) is com- 
posed of the sum of four conductances Gy, Gr, Gr, and 
Gs. The first three of these, respectively, represent the 
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conductive heat loss through the thermally isolating 
, section of guide connecting the termination to the jack- 
et, the conductive heat loss through the thermocouple 
wires attached to the waveguide, and the conductive 
heat loss through the wire leads which connect the rf 
load to the de calibrating circuit. The last of these repre- 
sents the combined heat loss from the waveguide surface 
due to free convection and radiation. If end effects are 
neglected the latter is given (in watts per °C) by 


Gs = gpl 


where pi is the outer surface area of the waveguide as 
determined by the waveguide cross section perimeter 
p and length / (in centimeters) and where the factor g 
(which is approximately 10-*) represents the convective 
and radiative heat loss per square centimeter per °C of 
exposed waveguide surface. Once the minimum value 
of / has been established (by considerations of load 
length and equivalence error as described above) the 
value of Gs is fixed for a given waveguide cross section 
and frequency band. The isolating section is so designed 
that G; is small relative to Gs while the thermocouple 
wires and dc load leads contribute additional conduct- 
ances which are less than about 10 per cent of the total. 
The dominating term in G is therefore Gs, which, for a 
given waveguide cross section, is proportional to the 
waveguide length J. As the operating frequency band 
increases, both # and / decrease, causing a corresponding 
increase in the calorimeter sensitivity. 

The time constant 7 of the calorimeter is given by 
C/G, where Cis the total heat capacity and G the total 
conductance. The former is the sum of Cs, the heat 
capacity of the terminating waveguide, Cz, that of the 
load and load holder, Cr, that of the thermopile and at- 
tached wires, and Cy, the effective heat capacity con- 
tributed by the waveguide isolating section because of 
its partial heating by the absorbed power. Accordingly, 


iGser 5 Cr Cr, 
Get Girt Grt+Gr 


T 


The ultimate time constant 7, may be defined as Cs/Gz, 
that belonging to a perfectly (conductively) isolated 
piece of waveguide unencumbered by load or thermo- 
pile. Here 

Cs a pcr pli 

Gs = gpl, 
p and c being the density and specific heat of the wave- 
guide metal, respectively, and ¢ its thickness. Accord- 
ingly 

pont 


Tbe 6 sak 


§ 


and is therefore proportional to the thickness ¢ of metal 
used, being equal to approximately 100 seconds for 
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silver waveguide of 0.015-inch wall thickness.!8 

In an effort to shorten the time constant the thickness 
cannot be made arbitrarily small because a small rf-de 
equivalence error is dependent on good cross-sectional 
heat conductivity which increases with thickness. Fur- 
thermore, in seeking to reduce the time constant one 
ultimately reaches a point where any further reduction 
in wall thickness is accompanied by a significant in- 
crease in equivalence error with no substantial decrease 
in time constant. This occurs when the contributory 
heat capacities Cr, Cr and C7 (as well as those of flanges 
which are sometimes required at the ends of the wave- 
guide) begin to dominate the total heat capacity. (In 
this connection it may be pointed out that a resistive 
strip load is superior to a volume absorbing load because 
of the smaller associated thermal mass and time con- 
stant.) 

To sum up, a short waveguide termination is desirable 
in order to maximize the calorimeter sensitivity and a 
thin-walled construction to minimize the thermal time 
constant. However, the waveguide must be long relative 
to the rf load and sufficiently thick so as to keep the 
rf-dc equivalence error within desired limits. Good con- 
ductive isolation of the waveguide from the enclosing 
jacket is desirable both to minimize the equivalence 
error and to improve the calorimeter sensitivity. A re- 
duction in convective and radiative heat loss from the 
waveguide increases both sensitivity and time constant. 
However, the gain in sensitivity might well be offset by 
the larger errors (e.g., those due to temperature drift) 
which are associated with the necessarily longer meas- 
urement time. At higher frequencies increased sensi- 
tivity and more compact construction are obtained be- 
cause of the accompanying reduction in waveguide 
cross section and in rf load length. 

The suppression of temperature drift and random 
temperature fluctuations in the calorimeter is accom- 
plished through use of thermal symmetry and massive 
double shielding. The design seeks to achieve, to the 
maximum degree possible, identical thermal behavior 
on the part of the twin calorimetric bodies and identity 
of the thermal forces impressed upon them because of 
external temperature variations. If these two aims are 
realized, then, theoretically at least, any arbitrary 
change in outside temperature would produce equal and 
in-phase temperature variations in both bodies without 
any effect on the temperature difference between them. 
The first objective requires identical construction of the 
twin terminations, while the second requires that they be 
surrounded by an isothermal envelope of very long 
(theoretically infinite) time constant so that both bodies 
see a uniform and unvarying temperature around them. 
A thermally massive aluminum jacket approximates 


18 Silver is best because its heat capacity per unit volume is smaller 
than that of most other suitable metals and therefore gives the short- 
est time constant. Because of its superior thermal conductivity, silver 
also gives the smallest equivalence error for a given thickness. 
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such an envelope by virtue of its high thermal conduc- 
tivity and large thermal mass. The former property 
minimizes temperature gradients along the jacket and 
the latter prevents the jacket from appreciably follow- 
ing the external temperature variations. The purpose of 
an outer jacket is to surround the inner one with a simi- 
lar isothermal envelope, thereby enhancing the total 
shielding effect. The two jackets are conductively in- 
sulated from each other by special waveguide sections 
whose combined thermal conductance Gy is small rela- 
tive to the shunting convective and radiative conduct- 
ances Gg existing between the jacket walls. The com- 
bined conductance G, in conjunction with the thermal 
capacities of the two jackets, forms a low-pass filter with 
a very low-cutoff frequency, the approximate electrical 
analog for which is the z section filter shown in Fig. 2. 
This analog is particularly appropriate in representing 
the behavior of the shielding system in the transient 
case. The capacitances C; and C; represent the thermal 
capacities of the inner and outer jacket, respectively, 
and the electrical ground corresponds to the tempera- 
ture of the reference or “dummy” calorimetric body. 
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Fig. 2—Simplified equivalent circuit of calorimeter shielding system 
for transient conditions. C;, C2: are the thermal capacities of the 
inner and outer shielding jackets, respectively; G; is the combined 
thermal conductance of the waveguide isolating sections; Gz is 
the thermal conductance between the walls of the inner and outer 
jackets; ground represents the temperature of the reference 
calorimetric body; A@ is an impressed temperature change on the 
entry waveguide of the “active” calorimetric body. 


With the above type of construction, the effect of ex- 
ternal temperature variations is reduced by a factor of 
from two to ten thousand. As a result, internal drift 
rates of approximately 510-4 to 10-4 °C per hour are 
obtained for external ambient temperature variations 
having a rate of 1°C/hour. (A double shield system of 
the type described is ten or more times “quieter” ther- 
mally than a single jacket immersed in a stirred bath. 
The latter has a “graininess” of temperature, due to the 
impact of the stirred liquid on the jacket, which intro- 


duces an unnecessarily large amplitude of thermal 
noise.) 


SOURCES OF ERROR 


The main sources of measurement error are those due 
to 1) lack of exact equivalence between rf and dc heat- 
ing, 2) attenuation of rf power between input and 
calorimetric termination, 3) drift of temperature caused 
by external temperature variation, 4) nonlinear relation- 
ship between thermopile emf and input power, and 
5) errors in associated dc instrumentation. 
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EQUIVALENCE ERROR 


The rf-de equivalence error is attributable to differ- 
ences in the dc and rf power distribution along the 
tapered load strip. Such differences cannot altogether be 
avoided if only for the reason that the power distribu- 
tion generally varies somewhat with rf frequency. Be- 
cause of the complexity of the problem, experimental 
evaluation of the error is much easier and probably more 
accurate than an analytic determination. Therefore, the 
former approach was used. 

The experimental technique was as follows: first the 
steady-state thermopile output was measured as a func- 
tion of the axial position of a point-like source! inside 
the thin-walled guide. A typical curve showing the per 
cent deviation from maximum thermopile reading as a 
function of source position is shown in Fig. 3 for a length 
of RG-52/U waveguide of 0.015-inch wall thickness of 
either silver or brass construction. (It is seen that the 
maximum occurs near the half-way point in the guide 
for both metals, the curve for silver being much flatter 
than that for brass because of the larger thermal con-— 
ductivity of the former metal.) If the different power 
distributions in the strip were known, the curve of Fig. 3 
could be used to estimate the equivalence error for a 
given position of the strip at a given frequency. Even 
without a detailed knowledge of the distribution, how- 
ever, limits of error can be estimated from the length of 
the strip. For example, the RG-52/U loads are about 
3 inch (1.6 cm) in length. Such a load, when situated in a 
silver waveguide so that its midpoint coincides with the 
source position yielding maximum thermopile reading, 
would be subject to a maximum error of only 0.3 per 
cent for the most extreme rf and dc power distribution 
(e.g., all of the rf power concentrated at the center of 
the strip and all of the de power at either end, or vice 
versa). 

To delimit the error still further, studies?° were next 
made of the temperature distribution along the strip at 
various ri frequencies and for various de input power 
arrangements. (Because the heat loss from the strip is 
mainly convective and radiative, the temperature rise 
at any point is essentially proportional to the power 
density at that point, the proportionality constant being 
independent of position. The temperature distribution 
may therefore be taken as a fair approximation to the 
actual power density distribution.) In one type of exper- 
iment the temperature profile was measured by means of 
an array of six equally spaced iron-constantan thermo- 
junctions embedded in the bakelite backing of the strip 
along the latter’s longitudinal axis. Tests of this ar- 


‘* In the experiments a point source of power was variously ap- 
proximated by a small piece of IRC resistance card mounted in a 
bakelite block which was free to slide in the guide, an evaporated 
metallic film of short length on a piece of glass tubing riding on a 
movable axially positioned bakelite rod, or a short length of de- 
plated Wollaston wire similarly mounted. 

jetta pane ano sube susan errors in a microwave 
calorimeter, -L.E,. thesis, Polytechnic Insti 
Brooklyn, N. Y.; June, 1955. ert iabed sd be 
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DISTANCE OF SOURCE FROM FRONT OF WAVEGUIDE IN CM 


—o— SILVER GUIDE 
—e— BRASS GUIDE 


PERCENT DEVIATION FROM MAXIMUM RESPONSE 


Fig. 3—Curves used in estimating calorimeter equivalence error. The 
thermopile output of the calorimeter, expressed in per cent devia- 
tion from maximum response, is plotted as a function of the axial 
position of a quasi-point source of power inside the waveguide. 
Results are for two RG-52/U waveguides of 0.015-inch wall thick- 
ness, one brass, the other silver. 


rangement showed that the presence of the wires did 
not appreciably disturb the temperature profile. A typi- 
cal RG-52/U calorimeter strip load was used which, 
with wires attached, had a vswr of 1.3 or better over the 
entire operating band of the waveguide. The thermo- 
couple wires were brought out perpendicular to the 
plane of the strip through small holes in the side walls of 
the waveguide in which the strip was mounted. The 
wires were therefore at right angles both to the E lines 
and to the axis of propagation and thus presented the 
least disturbance to the rf field. (Measurement of the 
effect of the wires alone showed that their attenuation 
was negligible and their insertion vswr very small.) Pro- 
vision was made for applying dc power in different dis- 
tributions by scratching an appropriate contour in the 
resistive material. Temperature distributions were ob- 
tained at 500-mc intervals over a band from 8200 to 
12,400 mc. A continuous but not very strong shift in 
temperature distribution was observed as a function of 
frequency, the power concentration tending to a maxi- 
mum at the center of the strip. If a longitudinal dividing 
scratch, extending part way from the back end toward 
the tapered end of the strip, was engraved in the resis- 
tive material and dc current circulated around this 
barrier, a temperature distribution could be obtained 
which resembled in a general way that due to rf power 
absorption. The dc temperature maximum tended to 
coincide with the end of the scratch mark where the dc 
current density was a maximum. By adjustment of the 
length of the scratch (which incidentally had no ob- 
servable effect on the rf properties of the strip) the dc 
temperature maximum could be made to coincide with 
the average position of the rf maxima at the different 
frequencies. 

The equivalence error was obtained by comparing the 
expected calorimeter reading per unit power input for 
the experimentally determined dc load temperature dis- 
tribution with that for the rf distribution which gave 
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the most widely different result. This was done by com- 
puting the weighted mean calorimeter reading for a 
given temperature distribution (taking the latter as the 
impressed power distribution for the thin-walled wave- 
guide) using the ordinates of the curve of Fig. 3 as 
weighting factors. The error evaluation was made for 
the optimum strip position (center of strip near center 
of waveguide) and also for a displacement of the strip 
by one centimeter from the optimum position. The re- 
sult for these two cases was an indicated error of 0.005 
and 0.07 per cent, respectively, for silver waveguide and 
of 0.013 and 0.26 per cent, respectively, for brass wave- 
guide. Even allowing for imperfect scaling of waveguide 
models of different frequency range, minor variations in 
power distributions from load to load, and imperfect 
positioning of load strips, one obtains an equivalence 
error, based on the above data, well below 0.3 per cent 
in the case of the silver waveguide calorimeters which 
collectively cover the range from 7000 to 26,500 mc. 

For the higher frequency calorimeters, separate ex- 
periments were performed in which the dc temperature 
profile was determined by probing the strip with a single 
movable thermocouple. (The loads were tapered thin 
mica strips on which a resistive metallic film had been 
evaporated.) The region of rf power concentration was 
determined by an auxiliary experiment in which the at- 
tenuation of rf power at three typical frequencies (at 
band limits and midrange) was determined as a func- 
tion of film length. The peak of the de power distribu- 
tion was adjusted so as to coincide approximately with 
the peak of the rf power distribution. From an experi- 
mentally obtained curve of thermopile reading vs point 
source position, together with the information on rf and 
dc power distributions, the rf-de equivalence error is 
estimated to be less than 0.3 per cent for the higher 
frequency models. 

In the case of the coaxial calorimeter a disk-type con- 
centric resistive film load is used oriented in a plane 
transverse”! to the axis of propagation. Theoretically, the 
rf and dc power distributions should be identical be- 
cause of the identity of the rf and dc electromagnetic 
field configurations. Actually, there will be some varia- 
tion because of the distributed reactances associated 
with the load and any auxiliary matching structures. 
However, because of the transverse orientation of the 
disk these minor dissimilarities in distribution will pro- 
duce an almost negligible equivalence error. 


ATTENUATION OF RF POWER 


Since any attenuation of rf power between input to 
the calorimeter and the site of rf power dissipation (the 
termination; i.e., the terminating waveguide with its re- 
sistive load strip) can be applied as a correction, the 
error from this cause is basically the uncertainty in the 


21 A transverse film would also have been advantageous in wave- 
guide from the point of view of substitution error. However, the 
longitudinally oriented load is more readily matched over a broad 
band in rectangular guide. 
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measured attenuation. The problem is, however, com- 
plicated by two factors—the non-negligible reflection 
factor of the termination and the equally non-negligible 
insertion vswr of the rf line connecting the calorimeter 
input to the termination. Even if the attenuation (7.e., 
insertion loss between matched generator and matched 
load) of the latter were measured perfectly there would 
still be an uncertainty in the correction because of the 
above two factors. Therefore, in estimating the total 
error, due attention must be paid to this problem. This 
is treated in more detail in the companion paper." 


DrirtT ERROR 


The error due to drift of calorimeter “zero” tends to 
increase with the physical size of the calorimeter and the 
rate of change of the external temperature. Also, the 
longer the time constant the larger is the error because 
of the longer measurement time required. The magni- 
tude of this error for the different calorimeters is given 
in Table III for an assumed ambient temperature drift 
of 1°C/hour. (This error would, of course, be much less 
in a temperature-controlled room.) The drift error, in 
any event, may be substantially reduced by means of a 
measurement procedure! which corrects for the zero 
drift. This procedure involves the measurement of the 
input power in terms of the arithmetic mean of the 
change in output emf during the heating and cooling of 
the termination. Any steady drift is thereby cancelled 
out of the measurement while any reversal in drift direc- 
tion during the measurement leaves the error uncor- 
rected. In the latter case, however, the correction is 
unimportant because the drift is generally quite small 
during a reversal in drift direction. 


NONLINEARITY ERROR 


The steady-state power sensitivity (thermopile out- 
put per unit power input) is found to decrease with in- 
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creasing power level. This shows that the relation be- 
tween calorimeter reading and input power must be a 
nonlinear one. Actually, the relation is approximated by 
the expression E = KP”, where E£ is the thermopile emf, 
P the power input, and K and constants for a particu- 
lar calorimeter. The exponent x varies with the physical 
size of the calorimeter termination but is always less 
than unity. (In the case of the RG-52/U model, for 
example, ” is approximately 0.93.) The reason for this 
behavior can be traced to the predominantly convective 
cooling of the calorimeter which is a nonlinear phe- 
nomenon.’ The nonlinearity may be responsible for a 
calibration error unless the calibrating power is very 
closely equal to the unknown rf power. For some calo- 
rimeters this error may exceed one per cent at high 
power levels, where the nonlinearity is greatest, if the 
calibrating power differs by more than 10 per cent from 
the unknown power. 


INSTRUMENTATION ERROR 


The instrumentation error, defined as the error in 
measuring the calibrating dc power, can be kept to a 
very small value (better than 0.25 per cent) relative to 
the other errors, by using precision dc measurement 
techniques. This is discussed in the companion paper. 


CONCLUSION 


This paper has presented the basis for the design of a 
series of accurate, dry, broad-band calorimeters of high 
sensitivity. Of particular importance is the fact that all 
sources of error are clearly delimited so that a definite 
precision measure can be given when the devices are 
used in microwave power measurements. These instru- 
ments can therefore readily be used as power standards 
within the accuracy limits stated. 
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Broad-Band Calorimeters for the Measurement of Low 
and Medium Level Microwave Power. 
II. Construction and Performance’ 
A. V. JAMES{ anp L. O. SWEETt 


Summary—The construction and performance of a series of 
rugged, broad-band twin-Joule calorimeters, using dry loads, are 
described. These calorimeters operate over the frequency range of 0 
to 75,000 mc. The over-all measurement error, computed as the rms 
value of the maximum individual errors from known independent 
sources, is shown to lie between 1 and 23 per cent for power levels 
between 1 and 100 mw. Power measuring techniques are discussed 
and a method using the heating and cooling cycle of the calorimeter 
is described in detail. Power comparison measurements between the 
calorimeters and several bolometer mounts illustrate the increasing 
inefficiency of bolometer mounts with increasing frequency. 


INTRODUCTION 


HIS paper describes the operating characteristics 
se gives design data for a series of broad-band 

microwave calorimeters of the “twin-Joule” type 
which cover the frequency band 0 to 75 kmc and directly 
measure powers from about 50 uw to 200 mw. In these 
units a broad-band dry load absorbs microwave power 
and the temperature rise of a casing surrounding this 
load is compared with the temperature of an identical 
reference unit at ambient temperature. The fundamen- 
tal ideas which form the basis of this design are dis- 
cussed in a companion article.! That paper presents a 
theoretical analysis of the sources of error such as, sub- 
stitution effects, ambient temperature drift, etc. The 
present article shows how the basic analysis is applied 
to the actual design of the operating instruments and 
discusses the performance features of the various meters. 


DESCRIPTION 


Basic Calorimeter Structure 


A sketch of the basic structure of the calorimetric 
power standard is shown in Fig. 1. Two sections 
of waveguide @ extend through the outer metal 
jacket @. Thermal isolators ® are interposed between 
the input waveguides and the inner metal jacket @. A 
second set of thermal isolators ® separates the thin- 


* Manuscript received by the PGMTT, July 29, 1957; revised 
manuscript received, September 25, 1957. This work was sponsored 
under Contract No. AF-30(602)-988 for the Rome Air Dev. Cir} 
Rome, N. Y., and No. DA36-039-sc-64579 for the Signal Corps Eng. 
Labs., Fort Monmouth, N. J. ; 

+ Polytechnic Res. and Dev. Co., Brooklyn, N. Y.; formerly with 


the Polytechnic Institute of Brooklyn, Brooklyn, N. ¥. 
1M: Sucher and H. J. Carlin, “Broad-band calorimeters for the 


measurement of low and medium level microwave power. I. Analysis 
and design,” this issue, p. 188. 


Fig. 1—Basic calorimeter structure. 


walled waveguides © from the inner metal jacket. 
Broad-band tapered loads (not shown in the figure) are 
held in place inside the thin-walled waveguides by load 
holders @. Either low-frequency or dc power is applied 
to the loads by means of copper wires ® which pass 
through the two metal jackets. Iron-constantan thermo- 
junctions ® are bonded in pairs to the active @ and 
reference @ waveguides. The inner metal jacket is sup- 
ported by standoff insulators @. The output leads of the 
thermojunctions, Es, pass through the metal jackets in 
a common cable with the load wires. A cut-away view 
of the calorimeter in guide size RG-96/U is shown in 
Fig. 2 (next page). 

That portion of the calorimeter from the input wave- 
guides up to, but not including the flanges of the thin- 
walled waveguide, will be called the “entry-waveguide 
system”; this includes the input waveguides, thermal 
isolators, and all thermal conductive paths shunting the 
input waveguides. The term “termination” will be given 
to that part of the calorimeter that is connected to the 
entry-waveguide system; it includes the loads and the 
thin-walled waveguides to which the thermojunctions 
are attached. 

In the ideal case, the active termination will experi- 
ence the same average temperature rise when rf power 
is dissipated in it as when dc power is used. This tem- 
perature rise is very nearly proportional to the input 
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power and causes the thermojunctions to generate an 
output voltage very nearly proportional to the input 
power. However, an output voltage can be produced by 
other means as well. Any temperature difference be- 
tween the two input waveguides will cause a tempera- 
ture difference between the two thin-walled waveguides. 
Temperature differences can be caused by ambient tem- 
perature variations or by handling. The ability of a 
calorimeter to measure small rf powers is limited by 
these unwanted temperature differences. 


issuances 


Fig. 2—Cut-away view of 26,500-40,000-mc (RG-96/U 
Waveguide Size) calorimeter. 


An analysis of the thermal circuit of the calorimeter 
shows that the entry-waveguide system, along with the 
terminations and associated thermo junctions, forms an 
electric bridge circuit analog of the thermal system.” A 
simplified schematic of the thermal circuit of the calo- 
rimeter is shown in Fig. 3. R; and R2 represent the ther- 
mal resistances associated with the two input wave- 
guides, and R; is the thermal resistance between these 
guides. R, and Rs are the thermal resistances of the 
thermal isolators and Rg is the shunt thermal path be- 
tween them. G; and G» are the two thin-walled wave- 
guides and associated thermojunctions. Ry and Rs are 
the thermal resistances from the thin-walled waveguides 
to the inner metal jacket, while Ry represents the ther- 
mal resistance between the inner jacket and the external 
environment. Pg. and P,; represent the dc and rf power 
sources, respectively. AT represents the temperature dif- 
ference between the two thin-walled waveguides. 

It is clear that whenever the dc power, Pac, or the rf 
power, Ps, is applied to the active termination, a tem- 
perature difference, AT, will exist between the termina- 
tions. Also, if the temperature balance between the in- 
put waveguides, terminals 1 and 2, is disturbed in any 


vay Vv. James, “Broadband, Rugged Calorimeter Powermeters”, 
Polytechnic Institute of Brooklyn, Brooklyn, N, Y., First Quar. 
Rep. R-414.3-55, PIB-346.3; April, 1955, 
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way whatsoever, a AT will be developed. By making the 
thermal resistance R3 very small in comparison with Ry, 
and R;, AT will be very small. It is obvious that if input 
terminals 1 and 2 were connected together, AT would be 
zero for Pac and P;¢ equal to zero. 

The calorimeters were designed to have a low-thermal 
resistive path between the input waveguides; this was 
accomplished by using thick copper cover plates for the 
inner jacket and by placing the input waveguides close 
together. 


Fig. 3—Simplified equivalent thermal circuit of calorimeter. 


The calorimeters in guide sizes RG-52/U, RG-96/U, 
RG-97/U, and RG-98/U were designed using a sym- 
metrical “Y.”?3 The “Y” effectively connects terminals 
1 and 2 together (thermally, but not rf-wise) and gives 
additional reduction in temperature drift. Some of the 
various calorimetric powermeters are shown in Fig. 4. 


Isolating Sections 


Four types of thermal isolators were used. These were 
silver sprayed bakelite, electroplated bakelite, electro- 
formed pieces, and thin-walled brass tubing. The silver 
sprayed bakelite spacers were used in the RG-51/U, 
RG-52/U, and RG-107/U calorimeters, and they were 
fabricated by spraying two or three coats of an air dry- 
ing silver paint on the bakelite. Electroplated bakelite 
was used in the RG-96/U, RG-97/U, and RG-98/U 
calorimeters. These spacers were made by evaporating a 
coating of silver onto the bakelite and then electroplat- 
ing silver onto the coating. The over-all thickness of the 
silver was about 0.0003 inch. Electroformed spacers 


’ A. V. James, “A sensitive millimeter calorimetric powermeter,” 
M.E.E. thesis, Polytechnic Institute of Brooklyn, Brooklyn, N. Y.; 
April, 1956. 
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were used in the RG-66/U and coaxial calorimeters. The 
‘recommended electroforming procedure is to succes- 
sively plate 0.0003 inch of copper, 0.001 inch of nickel, 
and a copper flash on a polished aluminum mandrel. The 
mandrel is then cast in an araldite resin, and after the 
resin hardens the mandrel is slowly dissolved with hy- 
drochloric acid. Thin-walled brass sections 0.003 inch 
thick also were used as isolators in the coaxial calorim- 
eter. These sections were fabricated by careful machin- 
ing. Different types of isolators are shown in Fig. 5. 


Fig. 4—Calorimeter power heads—coaxial model and waveguide 
sizes RG-66/U, RG-96/U. 


Fig. 5—Construction of various thermal isolating sections. 


Loads 


The waveguide loads were made of resistance’ cards 
or a chromium film evaporated on mica, and each load 
was terminated by a short circuit. A scratch that ex- 
tends most of the length of the resistive material was 
made to provide an approximately even distribution of 
de power. The coaxial load resistor took the form of a 
concentric resistive film on mica. The resistive material 
consisted of a mixture of 1 part liquid bright platinum 


4 Manufactured by the International Resistance Co., Philadel- 
phia, Pa. 


vames and Sweet: Broad-Band Calorimeters. [I—Construction and Performance 


197 


No. 5 and 3 parts gold essence No. 31. These solutions 
are manufactured by the Hanovia Chemical Company. 


Thermopiles 


_ The iron-constantan thermojunctions were made of 
number 30 and 33 wires depending on the calorimeter, 
and each junction had a sensitivity of about 52 uv/°C. 
The junctions were insulated by gluing strips of insu- 
lated copper squares to the waveguide and soldering the 
thermojunctions to these squares. Care was taken to 
avoid the use of excessive heat, and for this reason a 
low melting point solder was used. The squares were 
fabricated by first bonding 0.0027-inch thick copper 
to a 12” 12" sheet of epoxy-zlass 0.006-inch thick and 
tinning the copper with solder. The squares were then 
formed by photo-etching the spaces between the squares 
down to the epoxy-glass surface. The strips were then 
cut from the 12” 12” sheet. 


PoWER MEASUREMENT TECHNIQUES 


The measurement of rf power depends essentially on 
a comparison of the thermopile output of the calorime- 
ter when rf power is applied to the termination with 
that obtained when equal de power is dissipated in the 
same termination; 7.e., on the use of dc-rf substitution. 
This may be accomplished in a number of different 
ways, the most accurate of which is to calibrate the calo- 
rimeter with dc power either immediately before or 
after the calorimeter response to the unknown rf power 
has been measured. 

For greatest accuracy (at levels exceeding one milli- 
watt) the following procedure was used. The calorimeter 
termination was first allowed to reach a steady-state 
temperature with the unknown rf power applied. The 
resulting thermopile emf was then measured and con- 
verted into an approximate power reading with the aid 
of a previously obtained graph of input power vs thermo- 
pile emf. The purpose of this step was to determine the 
level of dc power to be used in the ensuing exact calibra- 
tion. The rf power was then cut off, the termination al- 
lowed to cool, and the residual thermopile emf, e;, meas- 
ured. An accurately known amount of stable de calibra- 
ting power, Pae (equal to the rf power within ten per 
cent), was then applied and the resultant emf, ¢2, meas- 
ured. The dc power was then cut off and the residual 
emf, e3, measured. Finally, the rf power was again ap- 
plied and the final emf, és, measured. The rf power, Pz, 
was then determined from 


122; €4 — 63 

cs ( . (1) 
Pac €2 — 1 
A standard waiting interval of five time-constants was 


allowed between the application or removal of power 
and the reading of the resultant thermopile output. 
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Such an interval is sufficient for a temperature rise or 
fall to reach 0.993 of its steady-state value in an expo- 
nential buildup or decay process such as occurs in the 
heating and cooling of the termination. The time se- 
quence of operations is illustrated in Fig. 6. 


R-F NO D-C NO R-F NO 


POWER |POWER] POWER] POWER] POWER| POWER 


% OF NORMALIZED THERMOPILE E.MF. 


TIME IN TIME CONSTANTS 


Fig. 6—Time sequence of operations in calibration of calorimeter, 
7 is the thermal time constant. 


The above method has two advantages. It serves to 
reduce the error due to “zero” drift in the calorimeter, 
which is particularly important at low power levels, and 
to calibrate the calorimeter anew for each measurement, 
thus making the result independent of any long-time 
changes in the properties of the calorimeter or of day to 
day changes in the ambient temperature at which the 
measurement is performed. Approximate equality of dc 
calibrating and rf power helps to minimize errors due to 
the somewhat nonlinear relation between output emf 
and input power which is particularly noticeable in most 
calorimeters at power levels above 10 mw.® Obviously 
the success of this procedure depends a good deal on the 
stability of the rf source. 

A type K-2 Leeds and Northrup potentiometer in 
conjunction with a Minneapolis-Honeywell “Elec- 
troniK” null indicator was found satisfactory for output 
emf measurements at power levels above one milliwatt. 
(The “ElectroniK” null indicator is equal in sensitivity 
to the conventional galvanometer but much faster in its 
response.) For lower power levels it is almost essential 
to use a high-gain, stable de amplifier of low-internal 
noise, such as the Perkin-Elmer Model 53 or Liston- 
Becker Model 14 breaker type. Such an amplifier per- 
mits the measurement of emf with a resolution of better 
that 0.01 uv so that the ultimate limitation on the de- 


_ ° The nonlinearity is attributable to the fact that the termination 
is predominantly cooled by “free-convection.” The convective heat 
loss is proportional to the temperature elevation above ambient 


raised to the 1.2 power, hence the nonlinearity. (See Sucher and 
Carlin, op. cit.) 


April 


tectable power is determined purely by the thermal 
fluctuation and zero drift of the calorimeter. 

A convenient method of obtaining an accurately de- 
terminable de calibrating power is to incorporate the 
active calorimeter load in one arm of a balanced pre- 
cision Wheatstone bridge as shown in Fig. 7 and to de- 
termine the dc power from a precision measurement of 
the voltage across the bridge and the value of the load 
resistance. The same potentiometer which is used to 
measure the thermopile emf also can be used to measure 
the bridge voltage with the aid of a volt-box or precision 
potential divider. Alternatively, the power can be de- 
termined from a measurement of the bridge current 
with the aid of a multirange precision milliameter (0.1 
per cent full-scale accuracy). The latter method (for 
reasons of convenience) was used in one of the calibra- 
tion setups with an accuracy of better than 0.5 per cent. 
Even better precision can be obtained with the po- 
tentiometer method. 


CALIBRATING CIRCUIT 
CALORIMETER 


MEASURING CIRCUIT 


Fig. 7—Schematic diagram of a calorimeter calibrating and 
measuring circuit. 


Additional power measurement methods include read- 
ing the thermopile output on a sensitive galvanometer 
(e.g., the Rubicon 3412 spotlight galvanometer or 
equivalent) in conjunction with an Ayrton shunt for 
accurate range switching or on a stable electronic micro- 
voltmeter (such as the L. & N. 9835-A) equipped with a 
suitable range switch and referring to a previously ob- 
tained calibration curve of power versus instrument de- 
flection. Another method is to feed adjustable dc power 
into the dummy load so as to balance out the effect of 
the unknown rf power in the active load, a sensitive null 
indicator being used to detect the thermopile output. 
The deflection methods are not as accurate as the po- 
tentiometric methods, while the balance technique, in 
addition to demanding some experience from the opera- 
tor, also requires a determination of the correction fac- 
tor to be applied to the measurement because of a slight 
(usually one or two per cent) difference in the response 
of the dummy and active terminations to equal amounts 
of dc power. 
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ERRORS AND OvER-ALL ACCURACY 


The types of errors that occur when the heating and 
cooling cycle method is used to measure rf power can be 
divided into two categories, those that are independent 
of rf power level and those that depend upon the 
amount of rf power being measured. Among the former 
are attenuation, 4-pole, substitution, and dc power 
measurement errors, while the latter kind of errors are 
caused by thermal drift, limit of resolution, and non- 
linearity. These errors were analyzed in the companion 
article’ and methods of measurement, as well as meas- 
ured data on the values encountered in practice, will be 
given here. The calorimeter can only indicate the power 
dissipated in the termination itself, and any power dissi- 
pated in the entry waveguide system is not directly 

- measured. It is, therefore, necessary to measure the at- 
tenuation of the connecting section of waveguide (this 
section can be considered a 4-pole) and apply this as a 
correction to the power indicated. The attenuation of 
this connecting 4-pole was measured for the waveguide 
calorimeters covering the range from 7—40 kmc by ter- 
minating the 4-pole in a lossy movable short, varying 
the position of this short, and accurately determining 
the radius of the resulting circular locus of the input re- 
flection coefficient. Since the attenuation is a slowly 
varying function of frequency, it was sufficient to make 
the measurement at three frequencies to define it over 
the entire band. By using this technique the attenuation 
was determined with an error of 1 per cent or less for the 
entire operating bands of the calorimeters. The attenua- 
tion of the RG-97/U and RG-98/U calorimeters was 
measured by noting the change in output level of a 
bolometer biased with dc and fed from a square wave 
modulated rf source. By making many repeated meas- 
urements at 2-kmc intervals, the attenuation was de- 
termined with an error of about 2 per cent. The attenua- 
tion of the 4-pole in the coaxial calorimeter was meas- 
ured with equipment supplied by the Weinschel Engi- 
neering Company, Kensington, Md. In this method, 
square-wave modulated rf power was split and fed to 
two bolometers. The outputs of the bolometers were 
amplified in separate channels and then subtracted to 
obtain a null. One of the channels contained a precision 
audio attenuator and the change in this attenuator that 
was necessary to reproduce a null after the 4-pole had 
been inserted was the attenuation of the 4-pole. This 
method has the advantage that the measurement is 
largely independent of power fluctuations of the rf 
source. Furthermore, the sensitivity of the equipment 
was such that a 0.01-db change could be readily distin- 
guished. The attenuation of the coaxial 4-pole over the 


frequency band was obtained with an error of 1 per cent. ' 


6H. M. Altschuler and A. A. Oliner, “A shunt technique for 
microwave measurements,” IRE TRANS., vol. MTT-3, pp. 29-30; 


July, 1955. 


The ratio’ of power absorbed in the termination to 
the total power absorbed in the calorimeter is given by 
4 Pi th | Sie? + Soo(Pin — Sis) 2 — | Tin — S|? 


Re oy 
Pr | Siz [2(4 —s | Tin |?) 


Hn (2) 


where P; and Pr are the powers absorbed in the termi- 
nation and entire calorimeter, respectively; Tin is the 
input reflection coefficient of the calorimeter; and Su, 
So, and Si. are the scattering parameters of the connect- 
ing 4-pole. In general, the value of K depends upon both 
the phases and magnitudes of the scattering and reflec- 
tion coefficients. In practice, only the magnitudes of 
these quantities would be known at best, and so there 
will be an uncertainty in the value of K. For practical 
purposes one can take 


K = | Si2|? (3) 


which is more or less midway between the maximum 
and minimum possible values of K. The maximum error 
in K that is incurred by using (3) is termed the “4-pole 
error.” One obtains |.Si|? from the attenuation of the 
4-pole since the attenuation equals —10 log | Sis| 2. The 
measured 4-pole error ranged from 0.7 per cent to about 
2 per cent, depending on the calorimeter. 

When using de power to calibrate a calorimeter, one 
actually assumes that equal amounts of de and rf 
powers will produce equal thermopile output voltages. 
The amount by which this assumption is incorrect is the 
substitution error. The analysis made by Sucher and 
Carlin! shows that the substitution error is quite small 
and is of the order of 0.1 per cent. The substitution error 
for the coaxial calorimeter is essentially zero, since the 
load is a planar resistive ring perpendicular to the direc- 
tion of propagation and rf and de powers distribute 
similarly. 

When calibrating a calorimeter with dc power, the 
load was connected in a Wheatstone bridge. With such 
an arrangement and by using a milliameter of 0.1 per 
cent accuracy to measure the bridge current, it was 
possible to measure the dc calibrating power to within 
+0.5 per cent. 

Because of asymmetry in the thermal structure, there 
usually was a thermopile output with no power incident 
on the calorimeter, and ambient temperature variations 
caused this output to vary or drift. The amount of drift 
was determined by means of two tests. For the first test 
the thermocouple output and room temperature were 
recorded over a period of about 18 hours. The second 
type of test involved recording the thermopile voltage 
variation that occurred after the calorimeter was con- 
nected to a typical rf setup including all associated 


7L. O. Sweet and M. Sucher, “The available power of a matched 
generator from the measured load power in the presence of small 
dissipation and mismatch of the connecting network,” IRE TRANS., 
vol. MTT-5, pp. 167-168; April, 1957. 
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equipment. Sufficient attenuation was used so that 
there was essentially zero rf power incident on the calo- 
rimeter. Based on these tests and assuming a maximum 
room temperature change of 1°C per hour, the largest 
possible drift error ranges from 6 to 12 yw for the calo- 
rimeters covering the range up to 26.5 kme and is 1 uw 
or less for the remaining calorimeters. The drift error 
was considered to be approximately 1} times the maxi- 
mum drift in a five time constants period of time. 

The resolution error depends on the microvolt per 
milliwatt sensitivity (this ranged from 25 to 50 uv/mw) 
of the calorimeter which in turn depends on the thermal 
sensitivity of the calorimeter (temperature rise per unit 
power input) and the number of thermojunctions used. 
The error was taken to be a power equivalent to twice 
the minimum detectable change of thermopile emf of 
about 0.15 wv when the L. & N. Type K-2 potentiometer 
is used. The resolution error for the series of calorimeters 
was close to 10 uw. 

The nonlinearity error is illustrated in Fig. 8. If ea, is 
the thermopile emf corresponding to a calibrating power 
Pae and é;; that corresponding to the unknown rf power, 
then the rf power would be computed (on the assump- 
tion of a linear relationship between thermopile emf and 
power) as 


. €rf — @de 
1 RES a ee a (4) 
tan ¢ 
where 
€dc 


tan @ = 


(5) 


de 


The correct value, Pz, which is obtained from the true 
curvilinear relation, differs from P,’ by an amount AP 
(shown greatly exaggerated in the figure). In practice, 
AP is relatively small because the curve is actually very 
nearly a straight line and Pa, is chosen close to Py. If 
Pae is within 5 per cent of P;’, the nonlinearity error is 
negligible up to power levels of 20 mw. The error in- 
creases with increasing power level, but even at the 
100 mw level it is less than one per cent. 

The accuracy of a calorimeter is taken as the rms 
value of the different errors cited. The drift and resolu- 
tion errors contribute most to the over-all error at low 
power levels (less than 1 mw), while at high levels 
(100 mw) the nonlinearity error is a significant factor in 
the over-all error. The best accuracy (1-24 per cent) is 
achieved at levels of about 10 mw. 

Since the heating and cooling cycle method is the 
most accurate, the errors applicable to this technique 
were mentioned. However, the discussion of attenua- 
tion, 4-pole, substitution, and de power measurement 
errors also applies to any of the other possible measure- 
ment methods. Table I gives a breakdown of the errors 
associated with the various power meters. 
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Fig. 8—Illustration of calorimeter nonlinearity error. Pz is the actual 
rf power corresponding to a measured thermopile emf, e;:, and Pz’ 
is the calculated value based on a calibrating power, Pac, and an 
assumed linear relationship between thermopile emf and power. 
The measurement error is AP, 


EXPERIMENTAL POWER COMPARISONS 


Power comparisons between the calorimeters and bo- 
lomoter mounts were made, and the results are sum- 
marized in Table II. The results and accuracies are 
given to the nearest 0.5 per cent. The comparisons take 
into account any difference in the vswr of the bolometer 
and calorimeter, and the uncertainties in the measure- 
ments caused by a mismatched generator were included 
on the accuracy figure.§ 

The coaxial and RG-107/U calorimeters were checked 
against the 627-A and 616-A bolometer mounts respec- 
tively, manufactured by the Polytechnic Research and 
Development Company. RG-51/U and RG-52/U calo- 
rimeters were compared against a Hewlett-Packard 
485B tunable X-Band mount; a 34-inch brass adapting 
section was used with this mount for the comparison 
with the RG-51/U calorimeter. The RG-66/U, RG- 
96/U, and RG-97/U calorimeters were compared against 
bolometer mounts made by the Microwave Research 
Institute of the Polytechnic Institute of Brooklyn. 

The results of the different power comparisons seem 
to show a definite trend toward greater bolometer 
mount inefficiencies as the frequency increases. Part of 
the difference between the powers measured with a 
bolometer mount and a calorimeter at 10.5 kmc might 
be attributed to the modulation of the barretter with 
modulated rf power, but this effect is probably not 
greater than 2 per cent.® 


_*R. W. Beatty and A. C. Macpherson, “Mismatch errors in 
microwave power measurements,” Proc. IRE, vol. 41, pp. 1112— 
1119; September, 1953. 

- Moreno and O. C. Lundstrom, “Microwave power measure- 
ment,” Proc. IRE, vol. 35, pp. 514-518; May, 1947. 
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AB Ea 
BREAKDOWN OF ERRORS 
oo ore Sil? A-Pol DCP Potenti N Total 
mneee evel 12 -Pole ower Drift ij ituti oN otal re 
ometer Substitution linearity Error 
107 watts 
Coaxial 10-2 wat 0.6 percent | 1.0 percent OQ percent | 2.4 percent 
ae shee 1 per cent 1.7 percent | 0.5 percent | 0.1 percent | 0.1 percent | 0 per cent Opercent | 2.0 percent 
: 0 per cent 0 per cent 1 percent | 2.3 percent 
10-3 watts il es : 
RG-51/U aah Mm .2 percent | 1.0 percent O percent | 1.9 percent 
/ ioe pee 0.7 per cent | 0.7 percent | 0.5 percent | 0.1 percent | 0.1 percent | 0.3 percent | 0 percent 1.1 per cent 
0 per cent 0 per cent 1 percent | 1.5 percent 
10-8 watts OL7 
RG-52 me .7 percent | 1.3 percent Opercent | 1.9 percent 
7a i We 0.7 percent | 0.7 percent | 0.5 percent | 0.1 percent | 0.1 percent | 0.3 percent) Opercent | 1.1 percent 
0 per cent 0 per cent 1 percent | 1.5 percent 
10-3 watts 0.6 i 
: i .6 per cent | i.0 percent Opercent | 1.6 t 
_ RG-107/U ee yore 0.7 percent | 0.7 percent | 0.5 percent | 0.1 percent | 0.1 percent | 0.3percent| 0 = (soe |) hci Ee cat 
watts 0 per cent 0 per cent 1 percent | 1.5 percent 
1073 watts 0.8 
5 .8 percent | 0.9 per cent QO percent | 1.7 percent 
RG-66/U ee watts 0.7 percent | 0.7 percent | 0.5 percent | 0.1 percent | 0.1 percent | 0.3 percent | 0 pee cent | 1.2 ee cent 
watts 0 per cent 0 per cent 1 percent | 1.5 percent 
10-3 watts 0.1 
5 .1 percent | 0.7 per cent Opercent | 1.6 percent 
RG-96/U* ya watts | 0.7 percent | 1.1 percent | 0.5 percent | 0 percent 0.1 percent | 0.3percent| 0 Hee cent | 1.4 a cent 
watts 0 per cent 0 per cent 1 percent | 1.7 percent 


* Errors of RG-97/U and RG-98/U calorimeters a tially th - i i 
ee tr a Soet cont. re essentially the same as those of the RG-96/U size except for |.Si2|? which was de- 


* Data for frequencies above 50 kmc were not available at the time this table was prepared. 
c Research & Development Co., Brooklyn, N. Y 

o., Palo Alto, Calif. 

h Institute, Polytechni 


+ Polytechni 
+ Hewlett-Packard C 
§ Microwave Researc 


TABLE II 
PowER CoMPARISONS* 
: Frequency : Power A 
Calorimeter (ese) Modulation Level in Comparison Against Result ccuracy of 
Milliwatts Comparison 
Coaxial 9.0 cw ok PRD 627-A_ Bolometer | calorimeter was 6 per cent | +3 per cent 
Mountf higher 
RG-51/U 9.0 1000 cps square wave 4.7 calorimeter and bolometer | +2.5 per cent 
HP-485B Tunable Bolom- |_“&'® the same 
RG-52/U L0E5 1000 cps square wave 8.4 eter Mount} calorimeter was 5 per cent | +3.5 per cent 
higher 
RG-107/U 12.6 1000 cps square wave Aei3 PRD 616-A  Bolometer | calorimeter was 3 per cent | +3 per cent 
Mount higher 
RG-66/U 23.23 1000 cps square wave Oe i calorimeter was 4.5 per | +2 per cent 
cent higher 
RG-96/U 297 1000 cps square wave 1.0 MRI Bolometer Mounts§ | calorimeter was 7.5 per | +3 per cent 
cent higher 
RG-97/U 42.0 1000 cps square wave 0.4 calorimeter was 8 per cent | +3 per cent 
higher 


CONCLUSION 
A series of broad-band calorimetric powermeters which 


c Institute of Brooklyn, Brooklyn, N. Y. 


of from 1 to 24 per cent at power levels of from 1 to 


100 mw. 


They thus can be used to calibrate a bolometer di- 
rectly without resorting to the use of directional cou- 
plers. Furthermore, the calorimeters can be used to 
measure pulsed power without the attendant error 


are suitable for use as laboratory standards and cov- 
ering the frequency range from dc to 75 kmc have been 
designed and constructed. These calorimeters enable one 
to make absolute power measurements with an accuracy 
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TABLE III 
SuUMARY OF CALORIMETER CHARACTERISTICS 
Minimum 
Veneu 
itivi Time Constant | Power Handling} Power Wit 
; F Range Entry Sensitivity f I : 
Guide Size eee) Waveguide (uv /mw) (minutes) Capacity (mw) ere 
(in microwatts) 
i 40 
3/8” Coaxial 0 -10 twin 32 rie Th sen 
RG-51/U 75-10 twin 30 4.0 100 250 
RG-52/U 8.2-12.4 aM, IS) ae A 4 
RG-107/U 12 .4-18 twin 29 if 1 me 
RG-66/U 18 -26.5 twin Al ce ue a 
RG-96/U 26.5—40 NE 46 e ae 
RG-97/U 33-50 a, Al il a oF 
RG-98/U 50 15 W Sil iad 
* Based on use of Liston-Becker Model 14 Breaker-Amplifier or equivalent. 
ACKNOWLEDGMENT 


present when bolometers are used.!° If one desires, the 
calorimeters can be calibrated and used as field instru- 
ments since they are rugged devices. Sensitivities are 
such that powers of as low as 50 to 100 ww can be meas- 
ured with reduced accuracies of the order of 5-10 per cent. 
Table III is a summary of calorimeter characteristics. 


10 M. Sucher and H. J. Carlin, “The operation of bolometers under 
pulsed power conditions,” IRE TRANS. ON MICROWAVE THEORY AND 
TECHNIQUES, vol. 3, pp. 45-52; July, 1955. 


In connection with the material reported in this and 
the companion paper! credit is due E. Barcomb for 
much of the detailed design work and Miss M. Zusman, 
E. Molloy and S. Kanarek for many of the rf measure- 
ments. 

Thanks are also due Miss M. Eschwei and Mrs. 
C. Ruch for their valuable work in preparing the various 
thermal isolating sections and film loads. 


Amplitude Stabilization of a Microwave Signal Source * 
GLENN F. ENGENT 


Summary—Recent developments in the microwave field have 
provided new tools for use in regulating the output amplitude of a 
microwave signal source. An amplitude or power stabilizer has been 
constructed at the National Bureau of Standards Boulder Labora- 
tories, using the recently developed self-balancing dc bolometer 
bridge and a commercially available, electrically controlled, ferrite 
attenuator which achieves power stabilities of a few parts in 10! per 
hour. 

Use of a high directivity directional coupler permits stabilization 
of the forward traveling component of the signal, thus providing the 
equivalent of a matched, stable generator. In practice, a broad-band 
source match of vswr less than 1.05 is achieved, and this figure may 
be further improved, at a given frequency, by suitable tuning. In 
addition, the device has applications as a precision broad-band at- 
tenuator, since known changes in power level may be achieved by 
switching certain of the associated dc components. 


Manuscript received by the PGMTT, August 12, 1956; revised 
manuscript received, October 11, 1957. 


t National Bureau of Standards, Boulder, Colo. 


HE recent and continuing advances in the micro 
aise measurements art are continually imposing 

greater demands upon the stability of the micro- 
wave signal source. Except for the use of regulated 
power supplies, and stabilized environmental conditions, 
the problem of amplitude or power stability has re- 
ceived comparatively little attention—much less than 
the companion problem of frequency stability, and 
such efforts as have been made in this field!? have ap- 
parently stopped short of recognizing all of the poten- 
tial advantages of this technique. On the general philos- 
ophy of stabilization a recent author has appropriately 


1T. K. Munsen, “Microwave power stabilizer,” Rev. Sci. Instr., 
vol. 21, p. 622; July, 1950. 

2 J. P. Vinding, “An automatic gain control system for micro- 
waves,” IRE TRANS. ON MICROWAVE THEORY AND TECHNIQUES, vol. 
4, pp. 244-245; October, 1956, 
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commented, “that voltage and temperature regulators 
,are themselves feeedback or servo systems. It therefore 
is logical to apply the feedback loop directly to the out- 
put. The extreme precision in the control of contribu- 
tory factors can ben be relaxed.”® 


GENERAL DESCRIPTION 


The power stabilizer to be described in the following 
paragraphs follows this general plan (Fig. 1). A portion 
of the output signal is split off by the directional cou- 
pler, detected, a correction signal is derived, and follow- 
ing amplification, this portion is used to drive the elec- 
trically controlled ferrite attenuator in the required di- 
- rection to maintain a constant output. 


POWER 
TE 


FERRI DIRECTIONAL 
ATTENUATOR COUPLER 


AMPL 


STABILIZED 
OUTPUT 


GENERATOR 


Fig. 1—Block diagram of power stabilizer. 


CORRECTION 
SIGNAL 


BOLOMETER 


Fig. 2—Basic circuit of power detector. 


Power detection is achieved by means of a self-bal- 
ancing dc bolometer bridge which has been described 
in an earlier paper.‘ The basic circuit is shown in Fig. 2. 
Fluctuations in the microwave signal are reflected as 
changes in the current required to maintain the bridge 
balance, and comparison of this current with the po- 
tential of a mercury cell by use of a suitable variable 
resistor yields the desired correction signal. 

The absolute stability which may be achieved by a 
system of this type is limited, for practical purposes, 
by the detector stability. Because a bolometer (bar- 
retter) has a higher inherent stability than a crystal, it 
was chosen for this application; in addition, the use ofa 
bolometer makes possible a novel attenuator to be de- 
scribed later. The bolometer does require, however, a 
temperature controlled environment, in this case to 
+ 0.005°C. 


3D. D. King, “Measurements at Centimeter Wavelength,” D. 
Van Nostrand Co., New York, N. Y., p. 1672 1952. . 

4G. F. Engen, “A self-balancing dc bridge for accurate bolometric 
power measurements,” J. of Res., Natl. Bureau of Standards, vol. 
59, p. 101; August, 1957, R.P. 2776. 
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EQUIVALENT CIRCUIT 


The use of a directional coupler to sample the output 
signal has been described. But the output signal pro- 
vided by the side arm of an ideal coupler connected in 
the indicated manner is a measure only of the forward 
traveling component of the signal. Accordingly, it is this 
forward component which is held constant by the 
stabilizer. But this is characteristic of a matched gen- 
erator, thus it is recognized intuitively that not only 
does this technique provide the equivalent of a stable 
generator, but that of a matched generator as well. 

Tn order to put these ideas in more definite form, 
reference is first made to the circuit of a conventional 
generator feeding an arbitrary line. In Fig. 3 let band a 
represent the amplitudes of the forward and reverse 
voltage waves respectively, with the other quantities 
defined in the usual manner. Then 


e 
where 
Z,—Z 
Tg = ihe ase! ° 
Zea Se 


In particular it is noted that even though a stable gen- 
erator, e, is postulated, b has, in general, a functional 
dependence upon a through the factor I’,. Only for the 
special case I’, =0 is b independent of a. 


| do 


Fig. 4—Circuit for (2). 


Consider next the relationships that prevail at the 
terminal surfaces of the directional coupler. In Fig. 4 
the a’s and b’s represent the amplitudes of the incident 
and emergent waves respectively. It can be shown 


that? 
Si2 S12533 
b, = bs| — + Td 980 
S13 Sis 


0S) 
+ a2 (sa Fe =) (2) 
Sis 


6 The derivation is a straightforward solution of the scattering 
equations of a three-arm junction. 
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where Id is the reflection coefficient of the power de- 
tector, and the S,,,, are the scattering coefficients of the 
coupler. 

The first term on the right is a measure of the signal 
delivered to the detector and is held constant by the 
stabilizer. Thus it is noted that the output, or outgoing 
wave is given by the sum of a constant term and a term 
proportional to the reverse wave. Comparison of (2) 
with (1) indicates that the factor 


plays the role of I, in the stabilized output. 

The term Sy: is the reflection coefficient of Arm 2 
with the first and third arms terminated in matched 
loads. For a main guide vswr of 1.05, S22 has a magni- 
tude of approximately 0.025. In addition, | Sia <1 while 

= = 0.01 


13 


for a coupler directivity of 40 db. Assuming these values 
combine in the worst phase, the equivalent abe has a 
value less than 0.035, which corresponds to a source 


vswr of 1.07. 
(su g “= 
S13 


The term 

may also be measured experimentally by the following 
technique. Arm 1 of the coupler is terminated in a vari- 
able load which is adjusted to produce a null in the out- 
put of Arm 3 with Arm 2 connected to the signal source. 
It can be shown, ‘subject to this adjustment, that the 
input reflection coefficient at Arm 2 is just the desired 
quantity, 


13 


Measurement of a commercially available coupler 
yielded for this quantity corresponding values of 
vswr <1.05 over an entire waveguide band. 

Finally, if a tuning transformer is included in Arm 2; 
this term may be reduced at a given frequency to as 
low a value as the state of the impedance measuring 
art permits by tuning for an impedance match at Arm 
2 after the previous adjustment has been made. 

Thus far the analysis has assumed that the first term 
on the right in (2) is held constant by the stabilizer 
action. This assumption is in error on two distinct 
counts: first the feedback loop does not have infinite 
gain and second, no method of adjusting the phase of 
this term is provided. A change in the phase of bs is 
equivalent, however, to a shift in phase of the generator, 
and thus is of no concern since in practice the signal 
source has in general a frequency or phase instability 
far in excess of what could be introduced by the stabi- 
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lizer operation. The treatment of noninfinite gain will 
be reserved for the Appendix where it will be shown that 
the deterioration in performance due to this effect is 
negligible in this instrument. 


PERFORMANCE 


The performance of the system is shown in Fig. 5 
and Fig. 6 which are recordings of the fluctuations in 
power output of the main guide as measured by a dc 
bridge’ of the type referenced. In Fig. 5 the improve- 
ment in performance over an unstabilized klystron is 
shown, where the klystron was operated with stabilized 
beam, reflector, and heater potentials, and in a stabi- 
lized environment. The result of introducing a 3-db 
power change (by means of an attenuator) ahead of the 
stabilizer is shown in Fig. 6, where the time scale has 
been reduced to one minute per division instead of one 
hour as in Fig. 5. It will be noted that the change in 
power level is just discernible. The stabilization factor 
as determined from these measurements is approxi- 
mately 10,000. 


= 


———————— 


Fig. 5—Improvement in performance over an unstabilized klystron. 
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Fig. 6—Response of stabilizer to a 3-db change in input power. 


These records also indicate a time constant for the 
stabilizer of about 4 second. This could be reduced, if 
required, at the expense of the stabilization factor, but 
operating experience to date indicates that this value is 
satisfactory. 


A PRECISION ATTENUATOR 


With suitable modification the instrument can also 
be used to produce known changes in power level, and 
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thus serve as an attenuator, in the following manner. 
For definiteness, assume that the bolometer employed 
as power detector requires a total of 4 mw of power to 
bring it to the nominal operating resistance, and that 
the stabilizer has been so adjusted that this power is 
comprised of 3 mw of de and 1 mw of rf. If a resistor is 
now shunted across the bridge as indicated by the dot- 
ted lines in Fig. 2, some of the de power will be diverted 
from the bolometer and the action of the stabilizer will 
replace this with rf power. Thus by a proper choice of 
resistor the rf power can be made to increase from 1 mw 
to 2 mw or any other value within limits, and a load con- 
nected to the main arm of the directional coupler will 
_experience a proportional increase in power. The ac- 
curacy of this result will depend in practice primarily 
upon the accuracy with which the initial conditions can 
be established and is expected to be of the order of 0.01 
db for attenuations of 3 db with decreasing accuracy at 
larger values. 

It should be noted that this accuracy is independent 
of the characteristics of the microwave components 
such as load vswr, etc. provided that these character- 
istics are independent of power level, and the frequency 
of the signal source remains constant. The accuracy is 
also independent, to a first approximation, of the bolom- 
eter substitution error.® 


CONCLUSION 


The amplitude or power stabilization technique has 
thus been shown to produce a variety of useful results. 
In conclusion, these are, 


1) Stable amplitude—A stability of a few parts in 
10‘ per hour is achieved. 

2) Broad-band source match—A match of vswr 
<1.05 is obtained over an entire waveguide fre- 
quency band. This match may be further im- 
proved at a given frequency to a degree limited 
for practical purposes only by the state of the art 
in recognizing a matched load. 

3) Constant source impedance—The technique holds 
the source impedance constant, regardless of its 
value, which is useful in certain applications. 

4) Increased available power—TIn order to achieve 
a matched source it is common practice to pad the 
generator by 20 db or more, although ferrite iso- 
lators are finding a growing use for this purpose. 
The stabilizer to a large degree eliminates the 
need for this padding, although it does introduce a 
nominal 3-db loss in the control element. The gen- 
erator padding cannot be entirely eliminated in 
general because of the possibility of pulling the os- 


6 The accuracy is independent of the bolometer dc-rf substitution 
error provided that the bolometer resistance law, at a constant ambi- 
ent temperature can be expressed in the form r= f(Pact+KP rf) where 
K is constant and Pa, and Py are the dc and microwave power dis- 
sipated in the bolometer, respectively. 
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cillator frequency, although operating experience 
to date indicates that in practice this effect is 
usually negligible. The ultimate system would 
employ frequency stabilization of the oscillator 
and hence completely eliminate the need of pad- 
ding. The power stabilizer can thus provide an 
effective increase in the available power of as much 
as 17 db or more over conventional dissipative 
pads. 
5) Precision attenuator—Over a 0-10-db range or 
greater, the technique provides a precision at- 
tenuator which requires no calibration. 


APPENDIX 


A rigorous treatment of the effect of changes in mag- 
nitude of 5; in (2) is tedious, and in its place the follow- 
ing intuitive treatment will be supplied. 

It has been observed in connection with (1) that b 
has in general a functional dependence in both ampli- 
tude and phase upon a, while the phase of b is ordinar- 
ily of no interest. The existing state of the art is such, in 
fact, that the phases of the various quantities in (1) do 
not permit ready measurement; it is rather the mag- 
nitudes of these quantities which are usually observed. 

If the generator is connected to a passive load of re- 
flection coefficient I';, then a= bl"; and (1) becomes: 


ol rea = 5 Co) 


from which it follows: 


pon] ane 


<|b| < 


{ete len ry tans eerie 


Thus if the load is matched ([';=0), and 


é 
|b | -|<a-1 


while for 0 there is an uncertainty in the magnitude 
of b by the factor 1/1+ | Tt, . In practice the interest 
in I, stems from the role it plays in determining the 
uncertainty in | b| . Define 6b; and 6b: such that 


| bo| 
6bi| = 
| bo| + | 1| pSarine 
and 
| bo| 
ps b>| = 
| bo] — | dbe| TF [nr 


where by is the value of b when T';=0. | 5bi| and | 5be| 
thus represent the uncertainty in |b when the gen- 
erator is connected to other than a matched load. Solv- 
ing for |T’,| yields: 
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Ir, | 1 | db: | 
pepe Ra ve cziertrs lie! 
1 | dbo | 
ea iv : 
| T} | bo| — | 8b2| 
or if I’, is small |55:|<| 4], |54:] =|662| =|56], and 
thaWiSb | 
r,| ~~: (3) 
eal ee 


An upper limit to (ie due to noninfinite gain of the 
feedback loop may be obtained by the following experi- 
mental technique. First a matched load is connected to 
the stabilized output and the magnitude of bs (2) ob- 
served. The matched load is then replaced by a sliding 
short which is adjusted to produce the maximum change 
in | b;| 5 


IRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


April 


Since by: is a linear function of b;, the value of | bs| 
and | 5bs| as thus obtained may be substituted in (3) to 
obtain an upper limit to the equivalent |r| due to 
finite gain. 

Application of this technique to the stabilizer yielded 
a corresponding vswr of less than 1.001 which indicates 
this term is negligible in comparison with 
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A Simple Artificial Anisotropic Dielectric Medium* 


R. E. COLLIN 


Summary—tThe anisotropic properties of an infinite stack of thin 
dielectric sheets separated by another set of thin sheets with a 
different dielectric constant is investigated. It is shown that the 
anisotropic properties are brought about because of the two distinct 
modes of propagation which can exist in such a stacked array of 
sheets. The limiting forms of the wave solutions and second-order 
results for the equivalent dielectric constants are given. 


INTRODUCTION 
[eee wave propagation in ho- 


mogeneous anisotropic dielectric media is well 

understood and discussed in most text books on 
optics.! At optical frequencies, one has to rely on 
naturally occurring crystalline media with anisotropic 
properties. At microwave frequencies where the wave- 
length is much greater, it is possible to construct arti- 
ficial dielectric media having either isotropic or aniso- 
tropic properties. For example, nonsymmetrical metal- 
lic obstacles arranged in a cubical array or symmetrical 
(also unsymmetrical) obstacles arranged in a noncubical 
array in a suitable binder will produce an artifical di- 
electric with anisotropic properties.2, However, this 
paper will consider only the anisotropic properties of an 


* Manuscript received by the PGMTT, August 23, 1957. 

ft Elec. Eng. Dept., Case Institute of Technology, Cleveland, 
Ohio; formerly with Canadian Armament Res. and Dey, Estab., 
Valcartier, P. Q., Can. 

1G. Joos, “Theoretical Physics,” Blackie and Son, Ltd., London, 
2nd ed., ch. pa 1954: 

*G. Estrin, “The effects of anisotropy in a three-dimensional ar- 
ray of conducting disks,” Proc. IRE, vol. 39, pp. 821-826; July, 1951. 


infinite stack of dielectric sheets as illustrated in Fig. 1. 
Each sheet of thickness ¢ and relative dielectric con- 
stant Ka is separated by a sheet of thickness d and 
relative dielectric constant x;. In order to behave es- 
sentially as a homogeneous medium, the spacing S must 
be small in comparison with the wavelength Xo of the 
radiation. Conditions on S will be given later. Because 
of the similar disposition of the sheets with respect to 
the y and g axis, it can be anticipated that this medium 
will have the same effective dielectric constant along 
the y and z axis, but a different effective dielectric con- 
stant in the x direction and therefore corresponds to a 
uniaxial crystalline medium. 


LN 
| 


a 


Fig. 1—An artificial anisotropic dielectric medium. 


Before considering propagation in this stacked dielec- 
tric sheet medium, the theory of wave propagation ina 
homogeneous uniaxial crystalline medium will be briefly 
reviewed for later comparison. 
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PROPAGATTON IN AN HOMOGENEOUS 
ANISOTROPIC DIELECTRIC 


Let the principal dielectric constants be k1, ke, kK, along 
the principal axes and let these axes coincide with the 
x, y, and zg axis, respectively. For plane wave propaga- 
tion, the electric field has the following form 


E = Eye-i6r-7, (1) 


where Ep is a constant vector, n is a unit vector along 
the wave normal, and r is the position vector a,x +ayy 
+a.z. From Maxwell's equations one obtains 


—jopH = VX E= — jfnX E, (2a) 
Pe peas He ies REY (20) 
ayn 


Eq. (2b) shows that D is always normal to n, but that 
D and E are not, in general, colinear. If n- E=0, then 
D and E are colinear and must lie in the yz plane. In 
this case B?=keko”?, where kp is the free-space propaga- 
tion factor. In general, n-E#0 and hence replacing the 
components of Zin the first term on the right-hand side 
of (2b) by 


Der Died, 


I ) 


’ 


Ky1€0 K2€0 K2€0 


and solving for the components of D gives 


2 T anki" any + an: 
sia clap al SS tar a es eri), 
B? —— ky B? — ko? 


ko? 
where k,2=k;ko2. Using the result n- D=0 one obtains 
the following eigenvalue equation from (3). 


kyk2? 


= 5 ile <a ee er + 
nek? + (1 — ne”) ke? e 


B= 


For every direction of the wave normal, except along 
the optical axis (x axis), two values of the phase velocity 
are possible. For one mode, E lies in the yz plane and 
8B =k, while for the other mode E has components along 
all three axis in general and £ is given by (4). The dielec- 
tric displacement D for the two modes are mutually 
orthogonal and make the same angle with the electric 
field as the normal n makes with the direction of the 
- Poynting vector. 

From the above properties of the two modes of propa- 
gation, it is readily seen that they may be derived from 
a magnetic type and an electric type of Hertzian poten- 
tial having a single component along the optical axis. 
The ordinary wave is obtained from the magnetic type 
Hertzian potential as follows 


= — jopV X Im, (Sa) 
H=VXVXI», (Sb) 

and ITy is a solution of 
Vila + ela = 0. (5c) 
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The extraordinary wave is obtained from the electric 
type of Hertzian potential as follows 


1 
E = ky + — VV-Uz, 


(6a) 
Ko 
H = jweV X Wz, (6b) 
and ITz is a solution of 
Gita 9: Olly 
V'Ilz + kYily + == (i). (6c) 
Ko Ox? 


When n=a,n,; 7.e., coincides with the optical axis, the 
solutions generated by Wy and Wy vanish. However, 
the solution in this case is a simple plane wave trans- 
verse to the x axis and with a propagation constant ke. 


PROPAGATION IN A STACKED DIELECTRIC 
SHEET MEDIUM 


If the x axis is considered as the axis of propagation 
in the medium illustrated in Fig. 1, then the modes of 
propagation are the E and H modes. These modes are 
derivable from the electric and magnetic Hertzian po- 
tentials, respectively, as follows® 


for E modes, 


E= VX VX Iz, (7a) 
x(x) 
H = jweV X Uz, (7b) 
1 
Vile (Nr a V«(x“)V ‘Ie + k(x) ko" z — 0, (7c) 
K(x) 
while for H modes . 
E = — jopV X In, (8a) 
H=VXVXUun, (8b) 
Vina + x(a) ko’ II ae 0, (8c) 
where 
t t 
Ka, MS —— S x mS +=) 
2, 2 
x(x) = 


t t 
kaya? SS A Sica ae 


and m is any integer. Wz and My have components 
along the x axis only. In view of the periodic nature of 
x(x), the solutions for Hz and Iy are of the form* 


(9a) 
(9b) 


Iz a;e os TF n(x) ) 


ll 


Ilu a,e 8" * Fy (x), 


I 


3R. E. Collin and R. M. Vaillancourt, “Application of Rayleigh- 
Ritz method to dielectric steps in waveguides,” IRE TRANS., vol. 
MTT-S, pp. 177-184; July, 1957. uty : ; 

4R.E. Collin, “Reflection and transmission at a slotted dielectric 
interface,” Can. J. Phys., vol. 34, pp. 398-411; April, 1956. 


208 


where Fg and Fy are periodic functions of x with a 
period S. The boundary conditions are continuity of 


Olly 1 Odllz 


ol K(“) Ox 


Iu, ? and II Ee 


The fundamental solutions for IIz and IIy are readily 
constructed from the independent even and odd solu- 
tions of the wave equation. The details are given by 
Collin‘ for a case corresponding to a solution for IIy. A 
similar procedure may be used for Ig but account must 
be taken of the modified boundary condition on 
Ollz/dx. The solutions for the general case will not be 
given here, but rather the limiting forms of these solu- 
tions as koS approaches zero. It is found that 


Tg — a,e—8" TF p(x), (10a) 
where 
F n(x) = Fa(x + mS) 
eae <= "(1 -) Mee ies 
— jBnz ——)x, -—<*«*<— 
‘ Kg Sy 2D 2 ; 
7 3 Ka — 6 t (= ) 
= — jBNz —|—-— +], 
J Kg 1S: 2, 
t t 
—<2*<S5——, (10b) 
2 2 
Be = ald 10 
neki (l= na?) hes? ee. 
| 1 Ka, = Ten =| q 
ky = = : 10 
J Kp Kae) ac 
t 
Ko = Kp + (ka — Ks) —> (10e) 
S. 
and that 
Wy — a,e—i2"- (11) 


where ko?=keko” and kz is given by (10e). The limiting 
solution for IIy is thus a plane wave corresponding to 
the ordinary wave in the equivalent homogeneous an- 
isotropic dielectric. The limiting solution for II, is es- 
sentially also a plane wave. It is modified by a small 
oscillating phase function. The field components are 
derivable from IIz by means of (7a)—(7c). If these field 
components, apart from the propagation factor e~#8""", 
are averaged over one period along the x axis, one finds 
that the average values are the same as would be ob- 
tained for a homogeneous anistotropic dielectric with 
relative dielectric constants given by (10d) and (10e). 
Thus, in the limit as koS approaches zero the stacked 
dielectric sheet medium becomes identical with a homo- 
geneous anisotropic dielectric. The maximum aniso- 
tropic effect is obtained when 


= 0.50, (12a) 


t 
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and for this value of ¢/.S the ratio“f the two dielectric 
constants is 


ke (Kab Ko) 


Ky AkaKp 


(12b) 


This ratio is not critically dependent on t/S. As ka be- 
comes much larger than , this ratio approaches ka/4ks. 
For polystyrene sheets separated by polyfoam sheets 
and the optimum value of ¢/S, k2/k;=1.22. 

Even for large values of koS this medium has aniso- 
tropic properties, because of the existence of two dis- 
tinct modes of propagation with different phase veloci- 
ties. In fact, for arbitrary large values of oS, there are 
many modes of propagation. However, provided that 
kyS satisfies the following inequality, only the two fun- 
damental modes will propagate with a wave normal 
having real direction cosines, 


(13) 


where x is the largest value of ka or kj. This relation is 
obtained by imposing the condition that no higher order 
mode having the required periodic behavior should 
propagate in a homogeneous material with a dielectric 
constant k. 

The plane wave approximations for IIz and Ily are 
accurate for that range of koS for which the equivalent 
dielectric constants are well approximated by (10d) 
and (10e). For general values of koS, second-order ap- 
proximations for the equivalent dielectric constants 
are, 


ke? | (Pur — Poo)? _— 4A] Se 


xy’ = USE — 14a 
AA Pi(2 Pig SP) eee (sy) 
where 
A= PoPiu — Por’, 
Kaen 
Poo ={-- : are 
Ka I 
Ka — kp 2 t 
Py = — at beel Ay) Betty. 
Ka T 
Ka — kp 1 t 
Py, = Po — Memes Tee ee 
Ka T 
Ka — Kp)? 
Ko = Ky \ 2 
167 
| 32 sin ord in? 2 -|= 14b 
. in? ¢w — + sin? 27 — | —- 
oy S Ao? ( ) 


These two expressions were obtained by an application 
of the Rayleigh-Ritz method. Propagation in the yz 
plane was considered and a two term approximation 
used for Iz and II. The equivalent dielectric constants 
were defined so as to give the same phase velocity in an 
equivalent homogeneous medium as was actually found 
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Fig. 2—Deviation of equivalent dielectric constants from 
static values. ka=2.56, x» =1.03. 


0.2 0.4 


for the stacked dielectric sheet medium. Quadratic ex- 
pressions for x’ and k2’ were obtained and (14a) and 
(14b) were derived by expanding the square roots and 
retaining only the lowest power term in S?/Xo?. It is 
seen that ki’ and xk)’ reduce to k; and ke, respectively, 
whenever koS becomes negligible. Fig. 2 is a plot of 


/ / 
LSE gman Gl LPL) 


and 
Ky K2 


as a function of S/Ao for kz=2.56, m%=1.03, and the 
optimum value of ¢/.S. For this case, the plane wave ap- 
proximation is satisfactory for S less than about 0.3Xo. 

This artificial anisotropic dielectric has been used as 
the basis of a broad-band quarter-wave plate and cir- 
cular polarizer,® as well as to improve the impedance 
characteristics of a periodically loaded waveguide for 
linear accelerator use.® Another use for this medium is 
for a microwave version of a Nicol prism for analyzing 


5 H. S. Kirschbaum and S. Chen, “A method of producing broad- 
band circular polarization employing an anisotropic dielectric,” IRE 
-TRANS., vol. MTT-S, pp. 199-203; July, 1957. 
6R.B. R. Harvie, et al., “A theoretical and experimental investi- 
gation of anisotropic dielectric loaded linear electron accelerators,” 
Proc. IEE (London), Pt. B, vol. 104, pp. 273-292; May, 1957. 
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Fig. 3—A three-dimensional artificial anisotropic 
dielectric medium. 


an arbitrary polarized wave into its basic components. 

An artificial dielectric medium having three dimen- 
sional anisotropic properties can be obtained by making 
the structure periodic along two directions as in Fig. 3. 
The principal values of the dielectric constants for this 
medium can readily be evaluated when the periods S; 
and S; are small compared with the wavelength, so that 
the static values may be used. When the fringing fields 
around the dielectric prisms are neglected, it is found 
that 


Siko (teks + d2ka) 


Ka of (15a) 
Ko(S2d1 + tite) + tidaka 
Soky(tiky + dika 
= Smalley + da) a 
Kp(Sid2 + tite) + tedika 
ray didz (15) 
Kk; = K Ka — K is) (E 
b b 515s 
CONCLUSION 


The stacked dielectric sheet medium has been shown 
to behave like a homogeneous anisotropic dielectric 
when the spacing between sheets is small compared with 
the wavelength. Furthermore, the principal values of 
the dielectric constants are given to sufficient accuracy 
by their static values. For larger spacings, the equivalent 
dielectric constants are a few per cent greater than the 
static values, but the anisotropic properties are retained 
because of the existence of two distinct modes of propa- 
gation in the medium. 
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Calculation and Measurement of the Noise Figure 


of a Maser Amplifier 


J. C. HELMERT anp M. W. MULLER{ 


Summary—The noise performance of regenerative amplifiers is 
reviewed and equations are obtained which serve to interpret a 
measurement of noise from an ammonia molecular beam maser am- 


lifier. 

: The measurement is accomplished by means of a double hetero- 
dyne system in which a detuned maser oscillator serves as second 
local oscillator. The measured noise figure is 3.5+0.5 db, as pre- 
dicted by theory for the slightly undercoupled circuit used. Although 
no beam noise is observed, the experimental uncertainty places an 
upper limit of 40°K on the spontaneous emission noise temperature 
of the ammonia beam. 


INTRODUCTION 


HE most important source of excess noise in elec- 
Pe microwave amplifiers is the shot noise car- 

ried by the electron stream. This source of excess 
noise is absent in a maser! in which electromagnetic 
radiation is obtained from uncharged atomic systems. 
This fact was pointed out by Gordon, e al., in their 
original report, in which it was shown that in the ab- 
sence of other noise sources the maser technique might 
lead to a nearly ideal amplifier. The present measure- 
ment (the results of which have already been reported 
briefly elsewhere?) was undertaken to test this suppo- 
sition in the specific instance of a regenerative maser 
employing a molecular beam of ammonia. 


GENERAL DISCUSSION 
Noise Performance of a Regenerative Amplifier 


There appears to be some need for an elementary dis- 
cussion of the noise performance of regenerative ampli- 
fiers because there has been a tendency among workers 
in this field to use various definitions of noise figure and 
noise temperature that differ from each other, as well as 
from the accepted standard. Such a variety is not es- 
pecially serious in itself since a study of the particular 
definition can always make the specific result intelligi- 
ble. It may, however, be less confusing to use the stand- 
ard definitions as far as possible, even though, as we 
shall see presently, they are not completely adequate 
for the present purpose. The pertinent definitions are :?4 


= Manuscript received by the PGMTT, September 25, 1957; re- 
vised manuscript received, December Oy Ubi. 
t Varian Associates, Palo Alto, Calif, 
te P. Gordon, H. J. Zeiger, and C. H. Townes, “The maser—new 
type of microwave amplifier, frequency standard, and spectrometer,” 
ae Teta 99, p. 1264; 1955. 
. C. Helmer, “A maser noise measurement,” Phys. Rev., vol. 
107, pp. 902-903(L); August 1, 1957. ‘ 
’ “IRE standards on electron tubes: definitions of terms, 1950,” 
Proc, IRE, vol. 38, pp. 426-438; April, 1950. 
4 “TRE standards on receivers: definitions of terms, 1952,” Proc. 
IRE, vol. 40, pp. 1681-1685; December, 1952. 


(c) 


Fig. 1—(a) Transmission maser, (b) transmission maser with 
ideal load isolator, (c) reflection maser with ideal circulator. 


Notse Figure: Of a linear system at a selected input 
frequency, the ratio of 1) the total noise power per unit 
bandwidth ... available at the output terminals to 
2) the portion thereof engendered at the input fre-. 
quency by the input termination, the noise temperature 
of which is standard (290°K) at all frequencies. 

Noise Temperature: At a pair of terminals and a spe- 
cific frequency, the temperature of a passive system 
having an available noise power per unit bandwidth 
equal to that of the actual terminals. 

Available Power: ...the power that would be de- 
livered to the output external termination . . . if the 
admittance of the external termination were the con- 
jugate of the output driving-point admittance. 

We shall choose as our “specific frequency” the center 
frequency of the ammonia resonance, and will consider 
the circuit configurations shown in Fig. 1, with the maser 
cavity used in transmission and reflection. 

The circuit of Fig. 1(b) is very similar to the circuit 
actually used for this measurement. 

The difficulty mentioned above arises in connection 
with the circuit configurations of Fig. 1(a), because the 
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driving point impedance at terminals 2 may have a 
megative real part under a set of possible operating con- 
ditions, and thus available power is undefined. In the 
circuit configurations of Fig. 1(b) and 1(c) the driving 
point admittance at the output terminals is just the 
characteristic admittance Yo of the transmission line, so 
that no problem arises. 

It might be pointed out here that the circuit element 
G, shown in Fig. 1 represents the negative conductance 
of the ammonia molecular beam. It has recently been 
shown' that such a circuit representation is possible, and 
that an effective temperature 7, can be defined for this 
element, so that its available noise power is kT’® 

_ watts per unit bandwidth. 

We now write down the noise power per unit band- 
width at resonance flowing toward the load Gz» from all 
admittances G;, G., G., Yo and G2, where 


T, =290°K, G;=temperature and conductance of 

input coupling, 

T., Ge=cavity temperature and conductance, 

T., Ge=noise temperature and conductance of active 
medium. G, is negative, 

To, Yo=temperature and characteristic conductance 
of isolator or circulator, 

T2, Gz=temperature and conductance of the load.’ 


For Fig. 1(b), 


KTAG.Vo + KTAG.Yo + KTA| G. Yo! 
iis Git YtG +6)? 


+ KT (oe) (1) 
ANE ae Bree Eve eee Ae 
For Fig. 1(c), 
eG GW 
P, = KT, (= 
Yo f- G, = G, 
KTAG-Vo+ KTeA| Ge! Yo (2) 


(Yo + G. + G.)? 


A measure of the sensitivity of the amplifier of Fig. 1(a) 
may be obtained by defining its noise figure, Fu, so 
that if it is connected to a receiver of noise figure F,, 
the noise figure of the combination is given by 


5 M. W. Muller, “Noise in a molecular amplifier,” Phys. Rev., vol, 
106, pp. 8-12; April 1, 1957. f 

R. V. Pound, “Spontaneous emission and the noise figure of maser 
amplifiers,” Ann. Phys., vol. 1, pp. 24-32; April, 1957. : ' 

K. Shimoda, H. Takahasi, and C. H. Townes, “Fluctuations in 
amplification of quanta with application to maser amplifiers,” J. 
Phys. Soc. Japan, vol. 12, pp. 686-700; June, 1957. : 

M. W. P. Strandberg, “Inherent noise of quantum-mechanical 
amplifiers,” Phys. Rev., vol. 106, pp. 617-620; May 15, 1957. 

6 We use the approximation 


hw 


exp (fw/KT) — 1 
7 Note the sentence following (7). 
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Hse ih 


F=Ff,+ 
bh 

where wu is the gain of the maser. In this way the defini- 
tion of noise figure is tied to the way in which it is 
measured, as it always should be. A feature of the circuit 
of Fig. 1(a) is that noise generated by the load conduct- 
ance Gz is amplified by and reflected from the maser so 
that it adds coherently to the generating voltage. From 
this noise the power generated by G2, which contributes 
to the noise figure of the receiver, must be subtracted. 
Thus, we obtain 


a KTFAG,;G.+ KT,4G.G2.+ KTA4 

¥ (GeSGwHeeeaGo? 
KT AG? 

* G+tG+G,+G) 


In each case the power gain, 4, may be obtained by 
letting all temperatures, except 7,, be zero. Thus 


G.| G2 


a 


Pars, (4) 


4G,G2 
Ha = (5) 
(Gecs cle: 
vy 4G;Vo (6) 
(ee ia ee ee anten 
== (= 7 G, 7 =") (7) 
Ae Bee een 


In Fig. 1(b) and 1(c) it has been assumed that G» is 
matched to Yo. A mismatch in G: does not affect the 
signal-to-noise ratio at the output, but it does affect the 
gain. The noise figures may be immediately obtained 
by the formula 


B z (8) 
uKT; 
Thus 
T Ge Te G, Ts G 1 is 
ries clean [G.| + T2G2_ Bh 4) 
TGs Ma ie 
T Ge + ries G.| + TcYo 
F, = ee 
T;G; 
ave (al 1 Vo\t/? 
ELE 
Ts \u poe Gk 
/te + 1)? T.Ge+ Te| Ge 


He TG; 


Here the algebra has been arranged so that a limiting 
form is apparent. As the gain becomes sufficiently high, 
all equations have the form 


dX T.| Ge| 


LGR 


F= (12) 


where the summation is taken over all conductances, 


an2 
including G,. Also, if 7,=T7;, for all « except e, then 


DieGs 


ens oaliGe 
F = — (13) 
G; a fT NEF 
Since for high gain Ge+ >> re G:~0, we have 
salar) 
Fx tees (14) 
Or he 


where Q; is the radiation Q of the input coupling and 
Qz is the cold loaded Q of the cavity. 

In the limit of high gain the reflection circuit of Fig. 
1(c) inherently has the best noise figure because it has 
one less conductance to add noise to system. However, 
with the circuit of Fig. 1(a) it is possible to work at a 
lower gain, so that the amplifier is matched to the 
load Gz. In this case the noise generated by G2 is not 
reflected by the maser and the noise figure is simply 


T.G.+ T.| Ge| 
Oe. 


Fg = 1-- (15) 
This type of operation may require a very small value 
of G2 which, in comparison with the circuit of Fig. 1(c), 
results in a tendency toward much greater gain instabil- 
ity due to fluctuations in cavity loading. 

As the gain of the circuit of Fig. 1(a) is further re- 
duced, a noise figure less than unity becomes possible. 
This is not mysterious, it is the consequence of a combi- 
nation of low gain and mismatch which is such that the 
total noise power at terminals 2, due to all sources ex- 
cept Gi, is less than KT». If T.=0, this condition occurs 
for values of gain so that 


TG; 


< ————— - (16) 
T.G. + T.G2 


Ha 

In the circuit of Fig. 1(b) a noise figure of less than 
unity is not possible, as may be seen from (1). However, 
the possibility still exists that the maser cavity may be 
matched to the isolator, so that noise generated by Yo 
is absorbed and not reflected into the output. It also is 
possible to cool the isolator to reduce its noise contribu- 
tion. 

A quantity that is frequently quoted as a measure of 
the sensitivity of a maser amplifier under the improper 
designation “noise temperature” is the excess noise tem- 
perature per unit gain of the amplifier, or 


“Noise Temperature” = 290° x Cie 1) ean 7) 


This quantity would be the true noise temperature if 
w=1 and 7;=0°K. 


Noise Temperature of the Ammonia Beam 


We have regarded the ammonia beam in the maser 
as a negative conductance G, which emits noise power 
kT. per unit bandwidth. It has been shown elsewhere® 
that the noise temperature 7, can be defined in terms 
of the populations of the two quantum states of the 
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ammonia which participate in the interaction: 
exp (hw/kT.) = nz/n— (18) 


where 1; and n_ are the populations of the upper and 
lower energy levels, respectively. 

Since it is thought that the separating action of the 
inhomogeneous focusing field in an ammonia maser is 
quite efficient, one may expect the entering beam to 
consist almost entirely of upper-state molecules and 
thus to have a temperature near 0°K. Since |G.| is of 
the same order of magnitude as G, and G;, one thus 
would expect its contribution to the noise to be quite 
negligible, unless the amplifier were cooled to very low 
temperatures. It is indeed true that this noise contribu- 
tion has not yet been observed. 

Nevertheless, it should be pointed out that T, might 
be substantially larger than the value one would com- 
pute from the population ratio of the entering beam. 
This is so because the populations m, and n_ should in- 
clude all the molecules in these states in the cavity, in- 
cluding the “thermalized” molecules that have collided 
with the cavity walls or that have diffused into the 
cavity from the circumambient atmosphere. These 
molecules, of course, will contribute to »_ much more 
heavily than the entering beam and thus will tend to 
raise T.. 

It is very difficult to make an estimate of this contri- 
bution which depends on a number of parameters some 
of which are only very sketchily known, such as trans- 
verse velocities in the beam, the partial pressure of NH; 
in the vacuum envelope, and the flux of ammonia mole- 
cules into the cavity. We have made some estimates 
based on rough guesses of some of these quantities which 
indicate that the noise contribution of the ammonia 
might be between 0.1 and 0.5 db, corresponding to T, 
between roughly 7°K and 35°K. 


THE MEASUREMENT 


The problem of measuring the noise figure of an am- 
monia beam amplifier is essentially the problem of over- 
coming the noise output of a K-band microwave ree 
ceiver with a very narrow band noise signal. It is in- 
structive to examine the conditions which must be met 
in order to obtain a ratio of signal noise to receiver noise 
of unity. Two cases arise. In one case the receiver band- 
width is greater than the maser bandwidth. Assuming a 
maser noise figure of 1, the necessary condition for unity 


signal to noise ratio is 
UBm 
ene | (19) 
(F, — 1)B, 


where 


M=maser power gain, 
By» = maser bandwidth, 
F,= receiver noise figure, 
B,=receiver bandwidth, 
B,>Bm. 


~ 
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In the other case, the receiver bandwidth is less than the 
maser bandwidth and the necessary condition is simply 


(20) 


For unity gain, the maser bandwidth is about 4000 
cycles and it decreases in inverse proportion to the 
square root of the power gain of the maser. Thus, a 
maser with a gain of 20 db would have a bandwidth of 
about 400 cycles. On the other hand, K-band receivers 
typically have noise figures on the order of 20 db, pri- 
marily due to the crystal conversion loss, and have IF 


-bandwidths on the order of 2 mc. Narrower IF band- 


widths are difficult to use because of the stability re- 
quirements on the klystron local oscillator. For a 2-mc 
IF bandwidth, a local oscillator stability of 1 part in 10° 
is required, in order to keep received signals in the cen- 
tral portion of the IF amplifier response characteristic. 

According to (19), we now see that fantastic maser 
gains are required in order to overcome the noise in the 
receiver. Such a measurement has been achieved by 
Alsop, e¢ al.,8 using a super-regenerative maser in order 
to obtain the required gain. A somewhat different ap- 
proach has been used at Bell Telephone Laboratories.’ 
Here, a maser preamplifier is attached to the front end 
of the receiver in order to lower the noise figure of the 
system. This requires the use of a circulator to which a 
second maser, whose noise figure is to be measured, is 
connected. In addition, modulation of the maser output 
and a lock-in detection system are employed, in order to 
reduce the noise bandwidth of the system. 

Still a third solution to the problem has been tried by 
the authors. Here conditions are created such that (20) 
applies. The receiver shown in Fig. 2 is a double super- 
heterodyne receiver with two mixers and two IF strips. 
The first mixer is driven by a klystron local oscillator 
and this is followed by a 2-mc wide IF strip. The second 
mixer works into a 50-cycle bandwidth audio strip. 
Ordinarily, the second local oscillator would be attached 
to the second mixer at this point. However, in order to 
keep the signal in the audio strip, the second local oscil- 
lator would have to follow the instability of the first. 
In other words, a receiver stability of about 1 part in 


1019 is required in order to keep the signal centered in 


the pass band of the audio amplifier. The solution to 
this problem is to introduce a signal from a maser oscil- 
lator at the front end of the receiver along with the noise 
signal from the maser amplifier. These two signals are 
amplified independently in the first IF strip. Since they 
are both converted by the same local oscillator, the fre- 
quency difference between the two signals remains con- 


8 L. E. Alsop, J. A. Giordmaine, C. H. Townes, and T. C. Wang, 
“Measurement of noise in a maser amplifier,” Phys. Rev., vol. 107, 
pp. 1450-1451(L); September 1, 1957. : ae 

9 J. P. Gordon and L. D. White, “Experimental determination of 
the noise figure of an ammonia maser,” Phys. Rev., vol. 107, p. 
1728(L); September 15, 1957. 
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Fig. 2—Block diagram of apparatus. 


stant. When the signal from the maser oscillator reaches 
the second mixer, it has an amplitude of a few volts and 
is capable of acting as a local oscillator. This local oscil- 
lator signal then converts the amplifier signal, which is 
originally detuned from it by 1000 cycles, so that it is 
amplified in the audio strip. Provided that the maser 
oscillator signal is strong enough, this double super- 
heterodyne system will be linear and will have a band- 
width equal to the bandwidth of the audio amplifier. 
How strong does the maser signal have to be? With a 
receiver noise figure of 20 db, the effective noise power 
input to the receiver is about 10~!? watts. The available 
maser power, however, is about 10~?° watts, thus giving 
20-db margin over the receiver noise. This is sufficient 
to ensure that the noise products generated by the 
maser oscillator in the second mixer override all other 
noise contributions. 

The output of the audio amplifier is rectified and its 
average is determined by a meter. It is unfortunate that 
the narrower the bandwidth of the audio amplifier the 
greater will be the fluctuations in the reading of the out- 
put meter for a given meter time constant. This situa- 
tion has been analyzed by Dicke,'° and one finds that the 
percentage fluctuation of the total output is given by 


AE 1 


ee ed 


je Wane 


where B=bandwidth of audio amplifier and t=meter 
time constant. With a meter time constant of 10 sec- 
onds, a 4 per cent fluctuation is obtained. Since part of 
this fluctuation is due just to receiver noise, the fluctua- 
tion in the computed value of the maser noise is greater 
than 4 per cent. A longer meter time constant is not 
useful because of instabilities in the maser gain. How- 
ever it should be pointed out that m measurements with 
a meter of time constant 7 are equivalent to a single 
measurement with a meter of time constant mr. In prin- 
ciple, by taking a sufficient number of measurements 
one can obtain a noise figure to any desired degree of 
accuracy. Thus the ultimate accuracy is limited only 
by the patience of the observer and the uncertainty in 


10 R.H. Dicke, “Measurement of thermal radiation at microwave 
frequencies,” Rev. Sci. Inst., vol. 17, pp. 268-275; July, 1946. 
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the calibration of the noise standard and the microwave 
components. 

Referring again to Fig. 2 when the maser amplifier is 
turned on the noise power output of the receiver rises by 
an amount P;. Then a known amount of noise AP per 
unit frequency interval is introduced through a cali- 
brated directional coupler and is amplified by the maser, 
thereby causing the receiver noise power output to in- 
crease again by an amount P:. The maser noise figure 
is then given by 


Ra (21) 


The results of a number of such measurements as a 
function of amplifier gain are shown in Fig. 3. Excluding 
the two high measurements at low gain, the average 
value of the set is 34 db with a standard deviation of 
3 db. A measurement of the cavity coupling shows that 
the cavity, being slightly undercoupled, has a circuit 
noise figure of 34 db as given by (14) with 7. =0. There- 
fore, it is concluded that no spontaneous emission noise 
from the beam is observed. However, from the standard 
deviation of the measurements it is possible to set an 
upper limit to the beam noise. We conclude that the 
beam temperature is less than 40°K. 

The high noise figure measurements at low gain can 
be caused by interaction between the maser oscillator 
and maser amplifier arising from a relatively large am- 
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Fig. 3—Noise figure measurement. 


plifier bandwidth at low gain. It is also true, as shown 
by (11), that the noise figure of the reflection amplifier 
rises at low gain. Since the accuracy of the gain measure- 
ments is somewhat uncertain, quantitative information 
is taken from the high-gain region of constant noise 
figure. 

Theoretically, we expect that the effective beam tem- 
perature can be very low. If so, the beam radiation will 
not be easy to detect, but it may be possible with suffi- 
ciently refined techniques. By using low-noise maser 
preamplifiers and by cooling the cavity and its loads, 
we may eventually measure spontaneous emission. 
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Propagation in Dielectric Slab Loaded 
Rectangular Waveguide" 


P. H. VARTANIANY, W. P. AYRES, anp A. L. HELGESSON{ 


Summary—Propagation in dielectric loaded rectangular wave- 
guide is investigated theoretically for varying slab thickness and di- 
electric constant. The slabs are placed across the center of the wave- 
guide in the E plane. This geometry is found to offer bandwidths in 
excess of double that of rectangular waveguide for dielectrics having 
dielectric constants of approximately 18. Power handling capacities 
which are double or triple that of standard waveguide are achievable 

-using the dielectric loaded waveguide. In addition to the theory, 
design curves of bandwidth, guide wavelength, cutoff wavelength, 
impedance, power handling capacity, wall losses, and dielectric 
losses are presented and compared to experiment where possible. 


List oF SYMBOLS 


k=w/c=wv peg = 277/Xo. 
ko = 29 / de. 
B= 21 / dz. 
Xo = free-space wavelength. 
\,=guide wavelength. 
A. = guide cutoff wavelength. 
lo = free-space permeability. 
€)=free space permittivity. 
€ = &€) =complex permittivity. 
=€o (&’ —j&") 
8’ =relative dielectric constant. 
&” =loss factor. 
tan 6=8"/&' =loss tangent. 
n= V to/€0 = 377 ohms. 


r=s/d=(c/a)/(1—c¢/a). 


INTRODUCTION 


\ i YITH the development of low-loss, high-dielec- 
tric constant materials, a new type of waveguide 
transmission line offers advantages in band- 

width and power handling capacity over conventional 
waveguides. The geometry to be considered is a rec- 
tangular waveguide loaded with a dielectric slab placed 
across the center of the waveguide in the £ plane. That 
this geometry would broad band the rectangular wave- 
_ guide is readily apparent by comparison with the ridged 
waveguide. Both the ridged and the dielectric loaded 
waveguides add capacitance to the dominant mode, 
while only slightly affecting the capacitance associated 
with the next higher mode. The dielectric loaded wave- 
guide, unlike the ridged guide, does not reduce the air 


* Manuscript received by the PGMTT, October 4, 1957; revised 
manuscript received, December 6, 1957. This work was performed at 
the Microwave Physics Lab., Sylvania Elec. Products, Inc., and was 
sponsored in part by the U. S. Army Signal Corps under Contract 
No. DA 36-039-SC-73188. . 

+ Microwave Eng. Labs., Inc., Palo Alto, Calif.; formerly with 
Sylvania Microwave Phys. Lab., Mountain View, Calif. 

+ Massachusetts Institute of Technology, Cambridge, Mass., on 
educational leave from Sylvania Microwave Phys. Lab., Mountain 


View, Calif. 


gap and, consequently, the power handling capacity, 
but instead adds material having a higher breakdown 
strength to the region where breakdown is most likely. 
Consequently, the power handling capacity is higher 
with the loaded waveguide. The general results, if com- 
pared to ridged waveguide, are that the dielectric 
loaded waveguide is superior in every respect, with the 
assumption that suitably low-loss dielectric materials 
are available. 

This work theoretically investigates the propagation 
characteristics of the TE,. modes in dielectric loaded 
waveguide. The analysis yields design curves of band- 
width, guide wavelength, cutoff wavelength, impedance, 
power handling capacity, wall losses, and dielectric 
losses. Previous treatments of dielectric loaded rec- 
tangular waveguide have considered the cutoff relations? 
and other loading geometries.? Berk,’ by variational 
methods, has derived approximate relations for the 
guide wavelength. 


GENERAL THEORY 


The geometry of the dielectric slab loaded waveguide 
is shown in Fig. 1. It consists of a dielectric slab mounted 
in the E plane at the center of a rectangular waveguide. 


Fig. 1—Dielectric loaded waveguide geometry. 


The two types of modes corresponding to TE and T™™ 
modes are called the longitudinal section electric (LSE) 
and longitudinal section magnetic (LSM) modes. The 
LSE mode is characterized by E,=0 and the LSM mode 
by H,=0. Considerations of the boundary conditions 
lead to the fact that for modes having no y dependence 


1C. Montgomery, R. Dicke, and E. Purcell, “Principles of 
Microwave Circuits,” McGraw-Hill Book, Co., Inc., New York, 
N. Y., Rad. Lab. Ser., vol. 8, pp. 386-387; 1948. This work appears 
to have typographical errors in several of the equations. The curves, 
however, are correct at the calculated points. 

21, Pincherle, “Electromagnetic waves in metal tubes filled 
longitudinally with two dielectrics,” Phys. Rev., vol. 66, pp. 118-130; 
September, 1944. oe ; 

3A. D. Berk, “Variational principles for electromagnetic reso- 
nators and waveguides,” IRE TRANS., vol. AP-4, pp. 104-111; April, 
1956. 
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of fields, the LSE mode is a TE mode (7.e., 12, is zero). ie. is p (10) 
Thus, for these modes with propagation according to sin g 
(wt — ine tions give the following 
exp Hale Bz), Maxwell’s equations g Rees at, an 
relations: =e 
p g 
WHO 
= — — 1 
*y B ae () where 
Es panei v ooSiahl Gh Sali 
se waitin oe ie kona TET 
oH, : The limits on p and g for the TE,. modes (n odd) are 
— + j8H, + jweH, = 0. (3) 
Ox ne 
a gaa apa 
From (1) through (3), it can be shown that 2 
Olike, nar \2 
+ (8k? — B)H, = 0 (4) Se Dc 9 aS mm) : (12) 
Ox? 


where € = &€) is the dielectric constant in the region under Eliminating B from (8) and (9), there results 
consideration and k?=weouo, the square of the free- 


2 
space wave number. Since we have assumed modes g= ppl ~( Bee ) (13) 
having fields which are independent of y, let + i-+r 
H, = Ag(x)eiet84) (5) which along with (11) and (12) permits finding p and g. 
As a function of slab thickness, g? is zero for zero slab 
and from (1) and (3) thickness and increases monotonically to (m/2)? for in- 
1 creasing slab thickness. The quantity p?, on the other 
= sete! hand, is (m7 /2)? for zero slab thickness. As the slab is 
mae increased in width, p? decreases to a negative minimum 
duty Le 1 , returning asymptotic to zero for a dielectric filled guide. 
Sa JH ox |&k? — B? ene The negative values of p? indicate that the fields are 
1 experiencing exponential decay outside the slab. For 
in III. (6) such values of ?, it would be imagined that the metallic 
hao) 6? walls at «=0 and x=a could be removed with little ef- 


fect on the propagation characteristics. This has been 
experimentally verified for a slab of §=9. Curves show- 
ing the transverse electric field as a function of fre- 
quency are shown in Fig. 2. It is seen that for frequencies 


For the purpose of analysis, the TE modes are sepa- 
rated into TEoaa,o and TEeven,o modes. For the TEoaa,o 
modes, g(x) is an antisymmetric function about the 
center of the guide. Hence, let 


px 


cos — In I 
d 
a. Gf & : 
g(x) =) Bsin—({ — — ) in II 
Sue 
p : 
— ser (a@— x) in III (7) 


where p and g are unknowns and s=c/2. From (4), (and 


forallLE mo des) Fig. 2—Electric fields in dielectric loaded waveguide for 
, several frequencies. 


2 
(4) = mG (8) , 
d and slab thicknesses producing large negative values of 
bp’, the energy is highly concentrated in the dielectric 
ek? — B, (9) slab, The p?=0 condition is of interest since the electric 
field in the air space has a constant gradient. For 
ka = 3.63, the fields are linear in the air space. For a 
The boundary conditions that H, and E, be continuous higher frequency, the fields decay exponentially in the 
require air spaces. 
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Fig. 4—Cutoff wavelength for the TE20 mode. 


PROPAGATION CHARACTERISTICS 


The cutoff frequency relations are easily found by 
setting B=0 in (8), (9), and (11). This leads to the 
equation for cutoff for the TE.aa,o modes 


hea 1 /8k-ar 


n ———— _ = —— cot —__— (14) 
Didier yee 4/6) 2021 en) 


ta 
where 
Qaf. cutoff 


c 
c 


Similarly, it can be shown that for the TEeven,o modes 
that 
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Fig. 6—Bandwidth defined on the basis of the ratios of cutoff 
wavelengths for the TEi9 and TE2o modes. 


hea 1 /Erkea 


n——— = — —~=tan : (15) 
2(1+7) VE 2(1 + 7) 


ta 


The normalized cutoff wavelengths calculated from (14) 
and (15) for the TE10, TE20, and TEs. modes are shown 
in Fig. 3 through Fig. 5 as a function of slab thickness 
and dielectric constant. The bandwidth, defined as the 
ratio of the cutoff wavelength for the TE:o mode to the 
cutoff wavelength for the TE2) mode is shown in Fig. 6. 
It is shown that for each dielectric constant there is a 
slab thickness which gives maximum bandwidth. This 
slab thickness, called the optimum slab thickness, and 
the associated maximum bandwidth are plotted in Fig. 
7. It is seen that a slab of dielectric constant 18.1 can 
double the bandwidth of air filled waveguide. A dielec- 
tric constant of 9 gives a 1.68 improvement in band- 
width. 

For the TE;. mode, the ka vs Ba plot is calculated 
from (11) and (13). The quantities ka and Ga are the 
reciprocals of the free space and guided wavelengths 
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“MAXIMUM BANDWIDTH 


— 


c/a FOR MAXIMUM BANDWIDTH 


Fig. 7—Maximum bandwidth achievable for a given dielectric con- 
stant and the dielectric thickness which gives this maximum 
bandwidth. 


‘ka 


Fig. 8—ka vs Ba plot for §=2.5. 


normalized to the waveguide width. Fig. 8 through Fig. 
10 are the results for dielectric constants of 2.3, 9, and 
16.4 Asymptotes for ka=Ba and ka=Ba/1/é also are 
shown. For sufficiently high frequency, the curves are 
all asymptotic to ka =6a//8. The c/a=0 curve is, of 
course, asymptotic to ka =a. From (8) it can be shown 


that 
She eat 
Xo m ka j 


* These dielectric constants were chosen to give a range of data 
which would be useful for commonly used low-loss dielectrics. These 
materials are available in the form of titanium dioxide loaded poly- 
styrene (6=2.5 to 25), 
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Fig. 9—ka vs Ba plot for 6=9. Experimental points taken 
in X-band waveguide are shown. 
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Fig. 10-ka vs Ba plot for §=16. 


where A, and Xo are the guide and free-space wave- 
lengths. This shows that for frequencies and geometries 
where 2p(1+r)<ka, the guide and free-space wave- 
lengths are approximately equal. This also shows that 
the points where p?=0 lie on the ka =8a line in Fig. 8 
through Fig. 10. 

Experimental points are shown on the §=9 curve and 
show very good agreement with the theory. These 
measurements were made in X-band waveguide. It is 
interesting to note in passing that this X-band Wwave- 
guide with a dielectric slab 0.126-inch thick has upper 
and lower frequency cutoffs of 11.93 and 3.54 kme. 

The slope of the line from the origin to points on the 
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Fig. 12—Normalized power voltage impedance for &=9. 


ka vs Ba plot gives the group velocity of the structure. 
It is seen that over certain frequency ranges the dielec- 
tric loading can give a relatively constant group ve- 
locity. As such, this type waveguide could be useful in 
- devices requiring a slow wave structure. 


IMPEDANCE 


The wave impedance defined by 


_ where 1 =377 ohms can easily be found from the ka vs 
Ba curves. 
The power-voltage impedance can be defined by 


Vv* 
2P 


Zev = 


where P is the power carried by the guide and V is the 
voltage across the center of the guide. From (6) 
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COS meme LC 
0 Sint 
sin p d 
Ey = }\ Eo cos 4 (“ = r) 
SaNe2 
cos g 
Ey —— sin — (a — «) (17) 
sin p 
where 
Te jupmoAp sin p jouoA Bq 
th (k? — B?)d cos q (8k? — B?)s 
The power in the waveguide is 
1 E,?abR 
P= — =f BA A dsdy ieee (18) 
2 4Z)(1 + 1) 
where 
sin 2 cos q\? sin 2 
x(t) (SE) 0) 
2q sin p 2p 
Hence, from (18) 
2n(1+r) 5 ka 
yee (19) 


This impedance has been calculated and is plotted for 
&=2.5, 9, and 16 in Fig. 11 through Fig. 13. 


Power HANDLING CAPACITY 


The power handling capacity is calculated from (17) 
and (18). It is assumed that the waveguide will break 
down at the point of highest field in the air space. This 
point obviously is at the surface of the dielectric or at 
x =d. With this assumption 
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Fig. 14—Power handling capacity for & =2.5. The c/a=0 
curve represents unloaded waveguide. 


Ey@?abR Ba 
Pex = (20) 
4n(1 + r) cos? g \ka 


where yg is the breakdown electric field in air. The 
quantity Pmax/Fsa’ab is plotted as a function of fre- 
quency with slab thickness as a parameter for dielectric 
constants 2.5, 9, and 16 in Fig. 14 through Fig. 16. The 
c/a=0 curves give the maximum power for the un- 
loaded guide. 

It is noted that for very thin slabs the power handling 
capacity is below that for the unloaded guide. This is 
because the energy is drawn toward the slab, but the 
slab is not thick enough to contain the region of high 
field. As the slab thickness is increased, the energy is 
further concentrated, but the high fields are now con- 
tained in the dielectric. Consequently, the power han- 
dling capacity exceeds that for the unloaded waveguide. 
For the &=9 case, for the slab thickness corresponding 
to maximum bandwidth, the power handling capacity 
is almost twice that for unloaded waveguide. 

The assumption of breakdown at the dielectric sur- 
face fails when the field for breakdown in the dielectric 
becomes less than Eyq/cos q- In this case, Exa/cos q 
should be replaced by the breakdown electric field for 
the dielectric. 

A practical problem in achieving high-power handling 
capability is the complete elimination of air gaps be- 
tween the dielectric slab and the waveguide. A small air 
gap is equivalent to a small Capacity in series with a 
large capacity (the dielectric slab) and breakdown is 
very likely across this small gap. As seen from Fig. 14 
through Fig. 16, the power handling capacity of the 
loaded waveguide can be considerably in excess of the 
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Fig. 15—Power handling capacity for & =9. The c/a=0 
curve represents unloaded waveguide. 
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Fig. 16—Power handling capacity for §=16. The c/a=0 
curve represents unloaded waveguide. 


unloaded waveguide. In general, transforming sections 
from unloaded to loaded waveguide (especially those 
utilizing thin slab matching sections) will limit the 
power handling ability of the transmission line. 


WAVEGUIDE LossEs 


Since the magnetic fields are being concentrated 
about the slab, it might be expected that the waveguide 
wall losses might be considerably increased by the addi- 
tion of the dielectric slab. In general, while the losses 
are increased, the increase is not significant. The power 
dissipated in the waveguide walls is 


2% 
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Fig. 17—Wall losses in dielectric loaded waveguide for 6 =2.5. 


R, 
Pe == f | H, |2dS 


where R, is the surface resistivity of the metal wave- 
guide walls and H; is the magnetic field tangential to the 
waveguide wall. Here as usual it is assumed that the 
loss free H; is a good approximation to the actual H;. 


The attenuation per unit length due to wall losses is 
Pw 
2P 


Aw 


Performing the indicated integrations and substituting 
from (1), (5), (17), and (18), we find 


Bes) =I 


E +201 + (= Vz + i} (21 
; : a \sinp IR ) 
where 
ae (<= “(4 " sin =f) 4, (4) =( a sin 4), 
sin p 2p Pidiiad 2q 


These waveguide losses are plotted in Fig. 17 through 
Fig. 19 for dielectric constants of22:5,,9; and 16. The 
aspect ratio has been chosen to be 2:1. The losses are 
found to be comparable in magnitude to the unloaded 
waveguide losses except for effects connected with the 
lowering of the low-frequency cutoff by the dielectric 
addition. An interesting point is seen where the addition 
of a dielectric slab actually reduces the waveguide losses. 


This is because the low-frequency cutoff is reduced, 


thus reducing the transverse currents in the waveguide 
and consequently reducing the waveguide losses. 
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Fig. 19—Wall losses in dielectric loaded waveguide for 6=16. 


DIELECTRIC LOSSES 


Dielectric losses are calculated from 


af f° Pel ccay me ff les andy, 
d 0 2 : : 


lea 
Dee, 


Pa 


a = w6"'e9, ag = 
Performing the indicated integration, and substituting 
from (17) and (18), the dielectric loss in found to be 


given by 
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Fig. 21—Dielectric losses for 6 =9. 
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Plots of dielectric loss as a function of frequency with 
slab thickness as a parameter are shown in Fig. 20 
through Fig. 22. It is apparent that, as might be ex- 
pected, losses are highest for thick slabs and high fre- 
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Fig. 22—Dielectric losses for 6 = 16. 


quencies. For a typical dielectric with &’=9, 8’”=0.005, 
the loss per meter in X-band waveguide with c/a =0.15 
and ka=4.0 is approximately 1.1 db/meter. 


CONCLUSION 


Dielectric slab loaded rectangular waveguide can af- 
ford significant advantage in bandwidth and power 
handling capacity over unloaded rectangular waveguide. 
It has been shown that by proper choice of dimensions 
and dielectrics, the bandwidth and power handling ca- 
pacity can be significantly increased. The waveguide 
wall losses were found to be larger than, but still com- 
parable to, those of unloaded waveguide. Finally, low- 
dielectric loss materials should permit reasonably low- 
loss transmission properties. 
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Parallel-Coupled Transmission-Line-Resonator Filters: 
SEYMOUR B. COHNt 


Summary—This paper describes the synthesis of band-pass 
transmission-line filters consisting of series of half-wavelength 
resonant conductors such as strips. The design differs from the usual 
end-coupled strip configuration in that successive strips are parallel 
coupled along a distance of a quarter-wavelength. The resulting 
coupling between resonators is partly electric and partly magnetic. 
Several important advantages are gained by this arrangement: 1) the 
length of the filter is approximately half that of the end-coupled type; 
2) the gaps are larger and therefore less critical; and 3) the insertion- 
loss curve is symmetrical on a frequency scale with the first spurious 

' response occurring at three times the center frequency of the pass 
band. 

Formulas are derived for the parallel-coupled-resonator trans- 
mission-line filter that permit accurate design for Tchebycheff, 
maximally flat, or any other physically realizable response. The 
formulas are theoretically exact in the limit of zero bandwidth, but 
frequency-response calculations show them to give good results for 
bandwidths up to about 30 per cent. An experimental strip-line filter 
of this type has been constructed, and the data given in this paper 
show that excellent performance has been obtained. 


INTRODUCTION 


S shown in Fig. 1(a),!~* multiple-coupled-resonator 
band-pass filters in strip line (or other TEM 


transmission line) have been most commonly 
composed of half-wavelength strips coupled end to end. 
In this paper, an alternative arrangement is treated in 
which the half-wavelength strips are parallel-coupled, 
as in Fig. 1(b) and 1(c). Parallel coupling offers a num- 
‘ber of important advantages over end coupling: 1) the 
length of the filter is reduced approximately by half; 
2) a symmetrical insertion-loss-vs-frequency response is 
obtained with the first spurious response occurring at 
three times the center frequency, and 3) a much larger 
gap between adjacent strips is permitted. The last ad- 
vantage is of particular importance, since it eases the 
tolerance on the gaps for a given bandwidth, or permits 
a broader bandwidth for a given tolerance. Furthermore, 
the larger gap permits a higher power rating of the 
filter. 

Formulas have been derived that allow the parallel- 
coupled-resonator filter to be designed in a straight- 
forward manner, and to have any desired physically 
realizable response, such as maximally flat or equal- 
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ripple. The accuracy of the design formulas has been 
checked by exact computation, and they have been 
found to give excellent results for bandwidths up to 
about 20 per cent in the case of maximally flat response 
and 30 per cent in the case of equal ripple response. The 
method of analysis is basically that used in an earlier 
paper® for a number of other types of direct-coupled- 
resonator filters. In this method, the lumped-constant 
low-pass prototype filter having the desired response is 
made equivalent to a set of either series- or parallel- 
resonant LC arms interconnected by broad-band quar- 
ter-wavelength transformers. An approximate equiva- 
lence then is established between the latter circuit and 
the actual coupled-resonator structure. 
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Fig. 1—Coupled-resonator strip-line filters: (a) end coupled; 
(b) and (c) parallel coupled. 


DESIGN PROCEDURE 


The design formulas for an m-resonator parallel- 
coupled filter are given in Table I. They utilize the ele- 
ment values gi, g, - °°, Zn of the prototype low-pass 
filter, which may be computed for either maximally flat 
or equal-ripple response by means of formulas given in 
Table II.3 The schematic diagram in Fig. 2 shows that 
the filter is assembled from +1 sections, resulting in a 
structure containing ” resonators. The sections are of 
equal length (one-quarter wavelength at the center fre- 
quency), and their electrical design is completely speci- 
fied by two characteristic impedances—Z,, of the even- 
mode wave on the parallel conductors, and Z,. of the 
odd-mode wave. These characteristic impedances have 
previously been defined, and formulas and graphs relat- 
ing them to the dimensions of the cross section are 
available.t The total filter structure always will be sym- 
metrical for maximally flat or equal-ripple response. 

In the design of a parallel-coupled-resonator filter. 
one should first select the type of response function and 
the number of resonators that will yield the desired in- 


4S, B. Cohn, “Shielded coupled-strip transmission line,” IRE 
Trans., vol. MTT-3, pp. 29-38, October, 1955. 
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TABLE I 
FORMULAS FOR PARALLEL-COUPLED TRANSMISSION-LINE-RESONATOR FILTER 


PROTOTYPE 
BAND-PASS 
RESPONSE 


INSERTION LOSS 


(lor either maximally-flat or equal-ripple response, the structure is symmetrical.) 


| = \o/4, where \y = wavelength in transmission line at fo 


fo = (fi + fr) /2 
Te meh ee (= ae 
s Ki-3,4 Ki-1,: 
Zo Lig \*) 
I a () j j 


err eee ans 
Kini on \fp +f Si 18i 


Si, §2,° °° 


Lan, = Zo 41 


uno Gan 


=a Gea) 


§n+1 


Yr => 
1’ = pass band edge of prototype filter. 
A; fz = 


oe; 


ll 


ti=1lton+1 


t#=1ton+. 


, 8x = prototype elements in farads and henries from Table II. 


right-hand load resistance in schematic of Table II. 


corresponding pass band edges of transmission-line filter. fe : 
even-mode characteristic impedance with respect to ground of each conductor in ith section. 


Zoo, = odd-mode characteristic impedance with respect to ground of each conductor in ith section. 


(The dimensions for strip-line construction may be obtained as function of Zoe; aNd Zoo, from Cohn.) 


sertion-loss function in the pass and stop bands. This 
may be done with the aid of the insertion-loss formulas 
in Table II and the following approximate relationship 
between the frequency scales of the prototype filter and 
the parallel-coupled-resonator filter: 


ae ani (=). (1) 


The exact response curves and the bandwidth-error 
curve (which appear later) show how response errors are 
introduced when the relative bandwidth exceeds 0.1. 
The bandwidth error may be reduced by preadjusting 
the design with the aid of these curves. 

Next, the element values gi, go, +++, gn May be com- 
puted, and in terms of these the Z,, and Z,. values of 
each of the +1 sections. Then, the transmission-line 


dimensions in each section should be designed to yield 
these characteristic impedances. This may be done 
easily in the case of thin strip conductors, and with 
somewhat more difficulty in the case of thick strips, by 
means of the available graphs and formulas.‘ It is noted 
that the strip widths and spacings will, in general, differ 
from section to section, and hence the width of the 
resonators will not be constant, as shown in Fig. 2. This 
variation in width is necessary to compensate for differ- 
ences in the coupling gap. The amount of variation de- 
creases as the bandwidth is reduced and, except perhaps 
for the first and last section, the variation is negligible 
in the case of bandwidths less than a few per cent. 

One further important step in the filter design is to 
alter the length of the resonators to compensate for 
fringing capacitance at their ends. This may be done 
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TABLE II 
PrototyPE Low-Pass FILTER AND Its DEsIGN EQUATIONS FOR MAXIMALLY-FLAT AND TCHEBYCHEFF RESPONSE 
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Fig. 2—Basic dimensions of the strip-line parallel-coupled-resonator filter. 
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Fig. 3—(a) Strip-resonator design neglecting fringing capacitance at ends. (b) Suggested 
; compensation for fringing capacitance at ends of resonators. 
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Fig. 4—VSWR curves of six-resonator, parallel-coupled filter 
designed for maximally-flat response. 


as shown in Fig. 3(b), where each end is cut back by the 
average length, d. The dimension d would be expected 
to be somewhat less than (C;’/e) -(b/2), where C;'/eisa 
quantity plotted elsewhere as a function of the strip- 
thickness-to-plate-spacing ratio, t/b.5 Measurements on 
the experimental filter described below indicate that d 
should be approximately 0.75 (C;'/e)-(b/2). For very 
thin strips, this would be 0.75 (0.2206) =0.1650. In wide- 


5S. B. Cohn, “Problems in strip transmission line,” IRE TRANS., 
Vol. MTT-3, pp. 119-126; March, 1955. 
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Fig. 5—VSWR curves of six-resonator, parallel-coupled filter 
designed for equal-ripple response—vswr = 1.10. 


bandwidth filters an error in d would be unimportant, 
while in narrow-bandwidth filters the error would be 
cancelled by the tuning adjustments that are already 
needed to overcome the effects of constructional toler- 
ances. This tuning may be done, for example, by means 
of screws or dielectric slugs in high-electric-field regions 
of the resonators. 


VERIFICATION OF DESIGN ACCURACY 


Because of the approximations necessary in the der- 
ivation of the design formulas, their accuracy was 
checked theoretically. This was done by exact computa- 
tion of the insertion-loss and vswr responses of the ac- 
tual transmission-line filter networks specified by the 
formulas for various bandwidths and for either maxi- 
mally flat or Tchebycheff response. The computations 
were performed on an electronic computer by a matrix- 
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Fig. 6—Insertion-loss curves of six-resonator, parallel-coupled 
filter designed for maximally-flat response. 


-multiplication method.* Because the filter is symmetrical, 
it is sufficient to compute the matrix of half the filter. 
The insertion loss and vswr then were computed as 
functions of the elements of this matrix. 

The pass band vswr curves for six-resonator maxi- 
mally flat filters of various bandwidths are shown in 
Fig. 4. The relative bandwidth is defined as 


- fe—-fi 
fo 


where fy=(fitfs)/2, and fi and f2 are the 3-db points of 
the response curve. The response is seen to be truly 
maximally flat for relative bandwidths up to 0.1, while 
at 0.2 the deviation from maximally flat is slight. At 
0.3, however, the deviation would be serious in the more 
critical applications. The corresponding curves are 
shown in Fig. 5 for six-resonator filters designed to have 
an equal ripple vswr of 1.10 in the pass band. In this 
case, fi and fz are the pass band limits for the equal 
ripple-level vswr of 1.10. The desired response is ob- 
tained very accurately for relative bandwidths up to 
0.05, and gradually deteriorates as the bandwidth is in- 
creased further. In spite of this deterioration, the pass 
band vswr limit of 1.10 is not exceeded for relative band- 
widths up to 0.3, and even at 0.4 or 0.5 the response is 
adequate for many applications. But, it is important to 
note that these conclusions are drawn from specific cases 
considered, and may vary somewhat with other numbers 
- of resonators or with other equal ripple levels. 

The insertion-loss curves for the above cases are 
plotted against a normalized frequency scale in Fig. 6 
and Fig. 7. Because the response is symmetrical with 


Ww 


? (2) 


6 P. I. Richards, “Applications of matrix algebra to filter theory,” 
Proc. IRE, vol. 34, pp. 145P—-150P; March, 1946. 


Cohn: Parallel-Coupled Transmission-Line-Resonator 


Filters 


INSERTION LOSS—db 


ORNTO.2 Ose Oey Oct Om mion ia) Mic Maia mo ommlc cn > 4aaeclGmoe 
I f-fol / (f2-fo) 


Fig. 7—Insertion-loss curves of six-resonator, parallel-coupled 
filter designed for equal-ripple response—vswr = 1.10. 
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Fig. 8—Bandwidth error vs relative bandwidth for six-resonator 
parallel-coupled filter. Error is expressed as a percentage of the 
bandwidth; e.g., at (fo—fi)/fo=0.10, corrected bandwidth =0.098. 


frequency, only half of each pass band is shown. In both 
figures, the insertion loss is virtually identical with that 
of the prototype function for relative bandwidths up to 
0.1, and even for greater bandwidths, the deviation is 
quite small. 

In addition to the errors in response-curve shape that 
develop as the bandwidth is increased, the predicted 
bandwidth is slightly in error. In Fig. 8 the bandwidth 
error in per cent is plotted vs relative bandwidth for the 
cases considered above. It is seen that the discrepancy 
does not exceed 2 per cent of the bandwidth for relative 
bandwidths up to 0.1, and is only about 6 per cent at 
0.2. The actual bandwidth of the filter appears to be al- 
ways less than the value assumed in the design, and 
therefore, in the case of the wider bandwidths, it would 
be desirable in calculating the parameters of a given 
filter to use a somewhat larger bandwidth than actually 
is required. Fig. 8 may be used as an approximate guide 
in selecting the bandwidth design value. 
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2 
Fig. 9—Layout of parallel-coupled-resonator filter. 
TABLE III 
DESIGN PARAMETERS FOR EXPERIMENTAL PARALLEL-COUPLED STRIP-LINE-RESONATOR FILTER 
a Zions Zoot W; SE d; 
Ig 

449 82.5 ohms 37.6 ohms 0.236 inch 0.021 inch 0.073 inch 
; . 1529 58.8 ohms 43.5 ohms 0.346 inch 0.110 inch 0.084 inch 
3 0.1038 55.7 ohms 45.3 ohms 0.360 inch 0.158 inch 0.085 inch 
4 0.0976 55.4 ohms 45.6 ohms 0.361 inch 0.163 inch 0.085 inch 


DESIGN OF EXPERIMENTAL FILTER 


A strip-line parallel-coupled-resonator filter has been 
constructed and tested in order to demonstrate the 
feasibility of this type of design. As shown in Fig. 9, 
the filter has six resonators. The two ground planes were 
spaced 0.5 inch apart by a polystyrene dielectric. The 
strips are of copper foil, 0.0017 inch thick. The filter was 
designed for 10-per cent bandwidth, centered at 1200 
mc, and an equal ripple pass band vswr of 1.10. The 
exact theoretical vswr and the insertion-loss curves of 
the actual transmission-line filter network, as calculated 
by an electronic computer, are shown in Fig. 5 and Fig. 
7. In each figure the appropriate curve is labeled 
(f2—fi)/fo=0.1. The details of the design procedure and 
a discussion of the experimental results are given below. 

Fig. 9 shows that the filter has seven sections, but be- 
cause of the symmetry of the filter, it is necessary to 
compute the parameters of only the first four sections. 
The first step in the design procedure is to compute the 
element values g1, go, gs, and gs of the prototype seven- 
element, low-pass filter. This is done by means of the 
formulas for Tchebycheff response in Table II, with 
n=7 and Am=0.00986 db (which corresponds to an in- 
put vswr of 1.10). The resulting values are 


$1 = 0.77968, go = 1.35921, gs = 1.68800, g, = 1.53454. 
Next, the quantity Zo/Ki-1,; and the even- and odd- 


mode characteristic impedances Z,.; and Zoo; are Com 
puted from the formulas in Table I. In this calculation 
(f2—fi)/fo is set equal to 0.1, and Z, to 50 ohms. Then 
the strip widths w, and separations s; of the various sec- 
tions are obtained from the nomograms of a previous 
paper,* with €, equal to 2.55, b equal to 0.5 inch, and 
strip thickness assumed to be zero. Finally, the resona- 
tors are shortened at their ends by d, to compensate for 
fringing capacitance. The various quantities referred to 
above are contained in Table III.7 

A further quantity required is the width wr of the 
terminating 50-ohm strips. This may be obtained from a 
graph of characteristic impedance vs strip width.*:§ The 
result is wr/b=0.744 or wr=0.372 inch. The section 
length J is a quarter-wavelength in the dielectric, and 
hence equals 1.540 inch. 

Photographs of the completed filter are shown in Fig. 
10. The structure is a sandwich of copper foil separated 
by a pair of polystyrene plates each machined to have 
flat surfaces and a thickness of 0.250 inch. Thus, the 
total ground-plane spacing is one-half inch. The copper 
foil was cemented to the polystyrene plates with Dow 


” The values of dyin Table III were 
formula, and are quite close to the value 0.165b mentioned above. 


rm r omplex, and its assumptions are as 
yet unproved, it is not given here. 
8 


» B, Cohn, “Characteristic impedance of the shielded-strip 
transmission line,” IRE TRans., vol, MTT-2, pp. 52-57; July, 1954. 
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Fig. 10—Photographic views of parallel-coupled resonator filter: 
(a) with upper plate removed; (b) completely assembled. 


Corning XC-271 adhesive, which was applied to the 
copper and air dried for 45 minutes before pressing the 
foil onto the polystyrene. The strip circuit then was cut 
on one surface with a sharp knife and the unwanted foil 
peeled off. 


DATA FOR EXPERIMENTAL FILTER 


A preliminary model of the parallel-coupled resonator 


filter was tested first with the resonator ends uncompen- 


sated; i.e., with d;=0. The center frequency was lower 


than the design value by 4.4 per cent. Then, the open- 
circuited strip ends all were cut back uniformly a dis- 
tance d =0.220b, the value of (C;’/e)/(b/2) for very thin 


‘strips, and the center frequency was higher than the 


design value by 1.7 per cent. Finally, the filter was re- 


‘constructed with the values of d; given in Table III. The 


center frequency of this model is 1207 mc, rather than 
the design value of 1200 mc—an error of only 0.6 per 
cent. In the three cases the bandwidth and response 
curves are quite similar. Although the best pass band 


response was obtained with the last case, it may have 


been due to more accurate construction. 


Fig. 11 shows a comparison between the measured 
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Fig. 11—Insertion loss of parallel-coupled-resonator filter. 
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Fig. 12—Measured vswr of parallel-coupled-resonator filter. 


insertion loss of the filter and the exact theoretical curve 
for the transmission-line network computed for a center 
frequency of 1207 mc and neglecting dissipation. Above 
2 db, the agreement is excellent. The bandwidth error is 
seen to be only about 1.0 per cent of the bandwidth. 
In the pass band, however, disagreement is inevitable 
because of the finite Q of the strip-line resonators. 
Nevertheless, the measured pass band insertion loss is 
quite uniform at 0.5 to 0.7 db. 

The input vswr of the filter measured with a 50-ohm 
termination on the output is shown in Fig. 12. Although 
the vswr exceeds the theoretical ripple level of 1.10, it 
would be quite acceptable for most applications. The 
highest vswr peak in the pass band occurs near the low 
frequency end, where it reaches a value of 1.33, while 
the vswr elsewhere in the pass band is under 1.20. It is 
believed that the vswr could be made to conform more 
closely to theory if tuning adjustments were provided 
for the resonators. These adjustments also could serve 
to set the center frequency of the filter exactly on the 
desired value. 


DERIVATION OF DESIGN FORMULAS 


The analysis of the parallel-coupled-resonator filter is 
based upon the characteristics of the individual section 
of Fig. 13(a). The image impedance Z; and image phase 
shift 8 of this section are given in a paper by Jones and 
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Bolljahn® as follows 
lees See: Ziea)e oa (Zoe aie Zone cos? 1/2 (3) 
mm 2 sin } 


(= SF =) (4) 
cos B = ee cos ¢, 


Zi 


where ¢ is the electrical length of the coupled transmis- 
sion lines and Z,. and Z,, are the characteristic imped- 
ances of each conductor with respect to ground for the 
even and odd modes, respectively. 

It is now shown that the filter section of Fig. 13(b) is 
approximately equivalent to that of Fig. 13(a). The box 
represents an ideal impedance inverter having a con- 
stant image impedance, K, and a phase shift of —90° 
at all frequencies. The image impedance, Z;, and image 
phase shift, 8, of the section will be derived by means of 
the ABCD matrix parameters.>” 

The ABCD matrix of a transmission line of length @ 
and characteristic impedance Z, is 


cos@ 7Z, sing 
jsingd 


cos d 


oO 


Dee Esai: Jones and J. T. Bolljahn, “Coupled-strip-transmission- 
line filters and directional couplers,” IRE TRaAns., vol. MTT-4, pp. 
75-81; April, 1956, 

0 Radio Research Laboratory Staff, “Very High Frequency Tech- 


niques,” McGraw-Hill Book Co., Inc., New York, N. Y., vol. 2, ch. 
26; 1947, 
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Fig. 13—Development of equivalent circuit of the parallel-coupled-resonator filter. 


The matrix of the ideal inverter is obtained from this by 
substituting ¢= —90° and Z,=K, as follows 


0. ao 
B15 2% 
K 


Therefore, the ABCD matrix of the complete filter sec- 
tion of Fig. 13(b) is 


Baes a @ jZ.sing 0. gk 
B nln seis cos @ mi ae 0 
Lo K 
cos@ jZ,sing 
X |7jsing 
Z, cos } 


(5 +=) | (= ~ 
Z, e sin @ cos @ |7 a ¢ — K cos 6) 


ie (= in? ¢ =) (-+- ; } 
sin? @ — Peep Mees 
3 Z Z Z, 5) sin @ cos¢@ | 


The image parameters are related to the matrix ele- 
ments by Z;=\/B/C and cos B= 4A, and, hence, 
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Zo. , ey Sea ete Gon o/, Kee ie 
panty dad mates a eat ae 
peg (F +) sine 9 - & 
Zs K DEAD foaek: K 
4Z,° aia Spee A 1/2 
1 - Zoi = = =) cos? 
ed cin lap ken Ly Oe: Ze () 
ee Tt eee tg 
Geel Lip Lisencilig? 
cos 8 = & oh =) sin ¢ cos ¢. (6) = 7a ate Re (14) 


A comparison between (3) and (5), and between (4) and 
(6), shows that the sections of Fig. 13(a) and 13(b) 
would be electrically equivalent if the following condi- 
tions were met, 


Ree Zoe + Loo 
as 3 =) he ae ) 
4Z,° 
K 9 
K Z Z at Zit aeae (8) 


CS + Lich): (9) 


The presence of sin ¢ in the left side of each of the above 
makes a frequency-independent equality impossible. 
However, sin ¢ is stationary in the vicinity of ¢=90°, 
and hence may be replaced by unity with negligible error 
over a moderate bandwidth. Thus, 


K Ze Loa a= Zags 


= 10 
Lie me Ae aoe <m Liga \ ) 
or Meet dh (11) 
K af i oe 00 
IIe tes 7, 
Se (Zoe i Zio). (12) 
Ki \ Sig K 


From these equations, formulas for Z,./Z, and Lome ig AS 
functions of Z,/K may be found. Only two of the three 
equations are needed for this purpose, and since the 
three do not form a consistent set, a judicious choice 
must be made among them. Examination of (3) to (6) 
indicates that the third relation is the least important 
of the three. Therefore, (10) and (11) are solved simul- 
taneously to yield 


(13) 


It may now be noted that, for narrow bandwidth, 
Z,/K<A and, therefore, (12) is satisfied approximately 
by (13) and (14). Thus the effect of the approximations 
involved in relating the sections of Fig. 13(a) and 13(b) 
is negligible for narrow bandwidth, but increases in im- 
portance as the bandwidth is increased. 

When the individual sections of the filter are as- 
sembled, it is seen that the original parallel-coupled- 
resonator filter of Fig. 1(b) or 1(c) is approximately 
equivalent to the circuit of Fig. 13(c), in which trans- 
mission lines approximately \,/2 long are separated by 
inverters. A lumped-constant equivalent of a line of 
length 6 is shown in Fig. 13(d). This exact equivalent cir- 
cuit is particularly convenient for # near 180°. In Fig. 
13(e) the equivalent circuit has been simplified by 
omitting the phase-reversing transformer which has no 
effect on the insertion-loss response. Also, the series re- 
actances of Fig. 13(f) are small near @=180° and are 
negligible in comparison with the high characteristic 
impedances of the inverting elements. Thus, the circuit 
of Fig. 13(f) is approximately equivalent to that of 
Fig. 13(c), and hence to the original parallel-coupled- 
resonator filter. 

The analysis will be shortened at this point by com- 
paring the filter circuit of Fig. 13(f) with that shown in 
Fig. 11(c) of a previous paper.* They are seen to be the 
same, except that the former contains parallel-resonant 
arms while the latter contains series-resonant arms. 
Hence, the circuits are duals, and the formulas obtained 
for the latter may be used in the present analysis if K is 
replaced by 1/K, Z, by 1/Z., and if Z and C are inter- 
changed. Thus, 


Le rW 
Kinig1 Qos’ VV gigitr 
where W is the relative bandwidth defined by (2). For 


the first and last section of the filter, 
Z, 4/ We Le 4/ «Wr 
= : = : 
Koi Qu’ gi Tal 201' fn 
The formulas in Table I follow directly from (13) 
through (16). 


(15) 


’ t= tO eee 1s 


(16) 


TRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


April 


A New Class of Broad-Band Microwave 90-Degree 
Phase Shifters* 


B. M. SCHIFFMANT 


Summary—In the type of circuits considered here, the input 
power is divided equally between two channels whose outputs are 
caused to have a very nearly 90° phase difference over a broad fre- 
quency range. Networks suitable for application at low frequencies 
which perform the above function have been widely investigated.' ° 
This report describes a new type of 90° differential phase shifter 
which has a constant resistance input, and which is useful over band- 
widths as large as 5:1 in the microwave region. 


THEORY 
Basic Phase-Shtfting Element 


HE circuits to be described employ sections of 
Sees transmission lines operating in the 
TEM mode as key elements. One such coupled- 
strip transmission-line phase-shift element is shown in 
Fig. 1. Two parallel-coupled lines of equal length are 
connected at one end; ideally this connection should be 
of zero length. The unconnected ends serve as the input 
and output of a two-terminal-pair network. The fre- 
quency behavior of a coupled-line network connected 
in this manner, and also that of other related coupled- 
line circuits, has been derived by Jones and Bolljahn.° 
The equations for the image impedance Z7, and phase 
constant, ¢, of coupled lines connected as shown in Fig. 
1 are, in terms of the even- and odd-mode characteristic 
impedances of the lines and their length, 


Zr = V/ZwLoe (1) 
and 
Loe 
— — tan?¢@ 
cos ¢ = Pee (2) 
~ + tan? 6 


+ Manuscript received by the PGMTT, November 4, 1957. This 
work was sponsored by the Air Force Cambridge Res. Ctr., Air Res. 
Dev. Command, Laurence G. Hanscom Field, Bedford, Mass., under 
Contract AF 19(604)-1571, and was first described in Sci. Rep. 2 
for that contract. 

+ Stanford Research Institute, Menlo Park, Calif. 

’R. V. L. Hartley, U. S. Patent No. 1,666,206; April 17, 1928. 

* B. Lenehan, “A new single-sideband carrier system for power 
lines,” Elec, Eng., vol. 66, pp. 549-592; June, 1947. 

3 R. B. Dome, “Wideband phase shift networks,” Electronics, vol. 
19, pp. 112-115; December, 1946. 

4 Sidney Darlington, “Realization of a constant phase difference,” 
Bell Sys. Tech. J., vol. 29, pp. 94-104; January, 1950. 

5H. J. Orchard, “Synthesis of wide-band two-phase networks,” 
Wireless Eng., vol. 27, pp. 72-81; March, 1950. 

§ Oswald G. Villard, Jr., “Cascade Connection of 90-degree phase- 
shift network,” Proc. IRE, vol. 40, pp. 334-337; March, 1952. 

7 Donald K. Weaver, Jr., “Design of wide-band 90-degree phase- 
difference network,” Proc. IRE, vol. 42, pp. 671-676; April, 1954. 

8D. G. C. Luck, “Properties of some wide-band phase-splitting 
networks,” Proc. IRE, vol. 37, pp. 147-151; April, 1949, 

* Harry Sohon, “Wide-band phase-delay circuit,” PRoc. IRE, vol. 
41, pp. 1050-1052; August, 1953. 

10 E. M. T. Jones and J. T. Bolljahn, “Coupled-strip-transmis- 
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pp. 75-81; April, 1956. 


where 

Zoe is the characteristicimpedance of one line to 
ground when equal in-phase currents flow in 
both lines, 

Zoo is the characteristic impedance of one line to 
ground when equal out-of-phase currents flow in 
both lines. 

6=6l is the electrical length of a uniform line of 


length / and phase constant 8. 
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Fig. 1—Coupled-transmission-line element with ends connected 
and curves of its phase response for three values of p. 


From (1) Z7 is seen to be a constant independent of fre- 
quency. The phase-shift function, ¢, of such a coupled- 
line element is plotted against 0, the frequency variable, 
in Fig. 1 for three values of p, where p is defined as 
p =Zoe/Zoo. Such a network element possesses a sufficient 
number of independent design parameters to permit its 
use in a variety of phase-shift networks. This can be 
demonstrated as follows. 


From the orthogonality relations that define them,!1__ 


it is seen that Zo, and Zo, are independent quantities. 


Hence, the product (Zo.Zoe) and the ratio P=Zoe/ Zoek 


can be independently specified. It then follows, using 
(1) and (2), that the image impedance of the coupled- 
line network can be chosen independently of its image 
phase constant, ¢. Therefore, provided that @ can be 
properly specified by suitable choices of p and line 
length 7, and that a power divider can be designed that 


1S. B. Cohn, “Shielded coupled-strip transmission line,” IRE 
Trans, vol. MTT-3, pp. 29-38; October, 1955, ie 
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is matched at all frequencies, it follows that a network 
with a desirable differential-phase response can be ob- 
tained by connecting in parallel a coupled-line network 
and a suitable length of uniform transmission line. Such 
a network is described below. 


Type-A Network 


The most elementary form of such a network, termed 
a Type-A network, is shown schematically in Fig. 2, 
together with a plot of phase shifts, ¢: through the 
coupled portion, and ¢2 through the uniform portion. 
The characteristic impedance of the length of uniform 
line is Z)=Zr, and the outputs of both branches are 
assumed to be matched. The input impedance of the 
network is Z;/2, a constant independent of frequency. 
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Fig. 2—A Type-A network and curves of phase response for’ 
each of its two branches. 


The phase shift through the uniform transmission 
line, ¢2, is represented by the straight line of slope k 
through the origin, where k is the ratio of the length of 
the uniform line to that of the coupled lines. Inspection 
of (2) for phase shift through the coupled-line portion 
indicates that ¢: has odd symmetry about 6=nr/2. 
Thus a dashed line, also of slope k, drawn through the 
point (6=7/2, 6=7) as shown in Fig. 2, intersects the 

¢: curve in two other points equal distances from 6 =7/2. 
It now can be seen that the output phase difference, 
Ad =¢2—¢1, can be made equal to 90° for three desired 
values of 9 by means of (2). For the case illustrated in 
Fig. 2, k=3, p=3.00, and Ag =90° at 6=7/3, 7/2, and 
In /3. The output phase difference at these three values 
of 6 will be called Ado. At other points in the interval 
a /3<0<2nr/3 and for a small distance outside this in- 
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Phase Shifters 


we 


terval, the phase difference, Ad will vary from Ado by 
some small amount which is the phase error. A graph of 
the theoretical differential phase shift through the 
Type-A network of Fig. 2 is shown in Fig. 3. The differ- 
ential phase shift is 90+4.8° over a 2.34:1 bandwidth, 
as shown. Other values of p yield different values of 
maximum phase errors and bandwidths for the Type-A 
network. For example, p= 2.7 yields a differential phase 
shift of 90+2.5° over a 1.95:1 bandwidth. 
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Fig. 3—Differential phase response of the Type-A network 
shown in Fig. 2. 
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Fig. 4—Error-correcting network and its two possible 
differential phase responses. 


Phase-Error-Correcting Network 


It is possible to reduce the maximum phase error of a 
Type-A differential-phase-shift network by connecting 
another differential-phase-shift network in tandem. 
This second network is so designed that A¢p=0 and its 
Ad vs 6 curve is approximately the negative of the error 
curve of the Type-A network in the band of interest. 
Such a network is shown in Fig. 4. It consists of two 
entirely separate parts, a section of uniform transmis- 
sion line of length 2ml and a coupled-line section of 
length ml. It is possible, therefore, to connect the error- 
correcting network to the Type-A network in two ways. 
Consequently, the former has two A¢ vs @ curves which 
are the negatives of each other, as shown in Fig. 4. Ina 
given case the parameters m and p of the error-correct- 
ing network, and the method of connecting the latter to 
the Type-A network must be chosen so that the net 
phase error in a given bandwidth is minimized. 
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Fig. 5—A Type-B network and its differential phase response. 


Type-B Network 


A differential phase shifter that was designed as out- 
lined above is shown in Fig. 5. In this case, m is set equal 
to 3. (A nonintegral value of m would destroy symmetry 
and almost certainly reduce the bandwidth of a given 
network configuration.) Thus, the error-correcting net- 
work differential-phase response is zero at 0=7/3, 7/2, 
and 27/3; and the resulting combination called a Type- 
B network is suitable for an approximately 2:1 band- 
width. Equal-ripple response may then be obtained in 
the band of interest with two additional points of zero 
phase error by properly choosing p; and ps. The subscript 
1 applies to the differential-phase-shifting coupled-line 
portion and the subscript 2 applies to the error-correct- 
ing coupled-line portion. Here again it is possible to 
choose various combinations of these parameters to ob- 
tain slightly different bandwidths and maximum phase 
errors. A natural choice is to have zero phase error at 
6=7/3 and at 6= 27/3 as in the Type-A network. Since 
the error-correcting curve goes through zero at 0=7/3 
and at 6=2w/3, Ado of the differential-phase-shifting 
element is made equal to 90° at these points. Therefore, 
pi = 3.00 as in the Type-A network described in the pre- 
ceding section. By choosing a point midway between 
bandedge and bandcenter for complete error cancella- 
tion, p2 is found to be 1.18 by trial and error, and an al- 
most equal-ripple response is obtained. The maximum 
phase error is thus 0.7° over a 2.13:1 bandwidth. The 
theoretical differential-phase response of this Type-B 
network is plotted in Fig. 5. 

By shifting the points of zero phase error from 6 = 7/3 
and 0=27/3 and allowing a maximum phase error of 
1,2°, the bandwidth can be extended to 2,32:1. For such 
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Fig. 6—Type-B network before and after removing equal 
lengths of uniform transmission line. 


a network, p:=4.10, and p2=1.24. Still greater band- 
widths with resulting larger phase errors are possible 
with this type of network. Conversely, the maximum 
phase error can be reduced well below the 0.7° maximum 
of the first example, if a reduced bandwidth is accept- 
able, although such configurations have not been in- 
vestigated. 

Composite networks as described above often can be 
made more compact by removing equal lengths of uni- 
form transmission line from each branch, without affect- 
ing the differential-phase response. Such a reduction in 
size is illustrated in Fig. 6, for the Type-B network. 


Type-C Network 


By reversing the connection of the error-correcting 
network, a third type, the Type-C network, is obtained. 
In this case, putting m= 2 secures error cancellation over 
a broader frequency band than does the Type-B network 
and preserves the symmetry of the response. For the 
error-correcting network, A¢o=0 at 6=7/4 and at 
@= 37/4. By arbitrarily setting Ado =90° for the differ- 
ential-phase-shift network at 6=7/4 and at 37/4, we 
find by means of (2) that p, = 5.83. Three values of p2 Were 
tried to minimize the phase error over as broad a band 
as possible. A value of p2=2.35 yielded a 90° differential 
phase shifter with a +5° error over a 5:1 band. Such a 
Type-C network and its theoretical Ad vs @ curve are 
shown in Fig. 7. Further improvement in the theoretical 
performance of this type of network may be obtained 
by changing the value of p; a small amount and then 
optimizing the value of po. 


Type-D and Type-E Networks 


Other configurations of differential-phase-shift net- 
works employing coupled lines have been investigated. 
Type D and its derived Type E are shown in Fig. 8. In 
these types, the band center is at 6=7,, instead of at 
6=7/2 asin Types A, B,andC. A Type-E network hav- 
ing pi:=3.0 and p2=1.37 yields a maximum phase error 
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Fig. 7—A Type-C network and its differential phase response. 
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Fig. 8—(a) Type-D network. (b) Type-E network. 
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of the order of 2° for a 2:1 band. Since this performance 
is poorer than that of the Type-B network which is its 
counterpart, Types D and E will not be discussed fur- 
ther. 


| Type-F Network 


A more complex phase-shifting element is illustrated 
in Fig. 9. It consists of a coupled-line section with two 
degrees of coupling along different portions of its length. 
If the even- and odd-mode characteristic impedances 
are so chosen that 


) (3) 


the image impedance is 


Zi = WV Ze,Z00 = V LZ vex 002, 


Clgceaoers 
ass of Broad-Band Microwave 


S334 


v veld, 


Fig. 9—A more complex type of phase-shifting element. 
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Fig. 10—A Type-F network and its differential phase response. 


and the phase shift, @, is 


Zoo 
pi — tan? (tan-] He) tan | + ) 
Z 00 


¢1 = cos? 3 : » (4) 
pi + tan? (tans E tan o| SP i) 
Zoey 


Here the subscripts 1 and 2 refer to the two sections of 
the coupled transmission line as shown in Fig. 9. A dif- 
ferential phase shifter employing this element, desig- 
nated Type F, is shown in Fig. 10. The length of the uni- 
form transmission line is 5/. The two portions of the 
coupled lines with different degrees of coupling are each 
of length J. This equality of lengths is necessary in order 
to obtain a differential-phase response that is symmetri- 
cal about the center frequency. Such a symmetrical out- 
put is desired because it is reasonable to expect that the 
useful bandwidth of the network is thereby maximized. 
A consequence of making the two coupled portions of 
equal length, however, is that Ady =90° at 0=7/4 and 
at 0=31/4. This network is suitable for bandwidths of 
about 3:1, for this reason. 

Three sets of values of the parameters p; and p: for the 
two coupled portions have been tried. The values pi 
=1.612 and p2=6.25 yield a 3.24:1 bandwidth with a 
phase error of +2.8° as shown in Fig. 10. 
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Comparison of the Various Networks 


A summary of the differential-phase-shift network 
types and their approximate characteristics is given be- 
low in Table I. 


EXPERIMENTAL MODEL 
Design 


A Type-C network was constructed in strip-line for 
the 300-1500 mc band, to test the foregoing theory. The 
layout of the circuit is shown in Fig. 11. The character- 
istic impedance of each branch is 50 ohms; the input 
impedance at the 7‘ junction is 25 ohms, therefore, but 
no attempt was made to match the input since the dif- 
ferential phase shift is not affected by such a mismatch 
provided the tee is symmetrical. Symmetry was main- 
tained to the extent that this was possible in the re- 
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TABLE I 


NETWORK TYPES AND THEIR CHARACTERISTICS 


Ratio-Upper Maximum 
Type| to Lower Theoretical Remarks 
Frequency Phase Error 
A Bw $20) Simplest and most compact 
design (Fig. 2) 
B 2.0-2.5 +0.7°-2.0° (Fig. 5 and Fig. 6) 
5.0 Oe) Bulky, most sensitive to me- 
chanical tolerances (Fig. 7) 
D,E — Excessive Not recommended (Fig. 8) 
F Gre SEM i Simpler and more compact 
than Types B and C (Fig. 
10) 


Note: the above values of bandwidth and phase error are typical 
of each type of network and are not necessarily optimum. 
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Fig. 11—Experimental Type-C phase shifter for the 300-1500-mc band. Note: dimensions in inches; all corner bevels 45°. 


mainder of the network. 

The ground-plane spacing was chosen as one-half inch 
and the thickness of the center conductor as 1/16 inch. 
The dielectric is air, except for some polyfoam strips 
supporting the center conductor. Four polystyrene cyl- 
inders and the two connector blocks separate the ground 
planes. The width of the center strip of the 50-ohm 
characteristic-impedance portion is obtained from de- 
sign curves for strip transmission lines!” and the widths 
and spacings of the coupled-strip portions of the net- 


2S. B. Cohn, “Characteristics impedance of the shielded-strip 
fae on line,” IRE Trans., vol. MTT-2, pp. 52-57; July, 


work are obtained from coupled-strip transmission- 
line design formulas! developed at Stanford Research 
Institute by S. B. Cohn. 

The three right angle transmission-line bends in each 
branch were mitered in a manner known to reduce re- 
flections to a very low value. The junctions between the 
transmission line and phase shifting coupled-line ele- 
ments were similarly mitered, as were the short lengths 
of line which connect each pair of coupled lines. 

In calculating the required lengths of uniform trans- 
mission line and coupled lines the following simplifying 
assumptions were made: 1) the uniform line and the 
right-angle bends in each branch behave as uniform lines 


a” af te. 
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of different length; 2) the short lines which connect the 
coupled lines are uniform 50-ohm lines whose lengths 
can be found by measuring along their centerlines. A 
simple analysis then showed that if assumption 2) is 
correct, these connecting lines produce a phase shift at 
bandcenter which is proportional to their lengths mul- 
tiplied by +/p. All lengths were then calculated for ex- 
actly 90° phase difference at bandcenter, which is 
900 mc. 


Results 


The differential-phase output of the experimental net- 
work was measured by a substitution method. First 
tests showed a slightly rising average characteristic in 
the A¢ vs frequency curve as seen in Curve B of Fig. 12. 
This indicated either that the uniform transmission-line 
branch was too long or that the coupled portions were 
too short. However, the peaks of the experimental 
Curve B were displaced toward the higher frequencies, 
as compared with the theoretical Curve A, and this fact 
alone indicated that the coupled-line elements were 
made too short. 

The experimental differential phase shifter was then 
adjusted to make the phase difference 90° on the aver- 
age, as follows. A straight line was drawn through the 
90° point on the ordinate of Fig. 12 so that Curve B 
oscillates about this line approximately uniformly. The 
slope of this line was then used to calculate the length 
by which the uniform-line branch of the phase shifter 
must be reduced in order to match the unwittingly 
shortened coupled-line portions. Thus the amount cal- 
culated is 


i (137° — 90°) _ velocity of light 
t SS ee eee Se 
eee CuE 360° 1800 mc 
= 0.86 inch. 


The dimensions given in Fig. 11 reflect this adjustment 
and Curve D of Fig. 12 is the resultant differential phase 
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Fig. 12—Performance of a Type-C experimental phase shifter. 


output. It is seen that the differential phase output oscil- 
lates about an average value of 90°, although the maxi- 
mum phase error is larger than that predicted. 

It is believed that the performance of the experimen- 
tal phase shifter could be further improved by compen- 
sating for the discontinuities at the input to the coupled 
lines and at the connection between coupled lines. 


CONCLUSION 


The use of coupled transmission-line elements makes 
possible the design of broad-band, matched differential 
phase-shift networks for the microwave region. The 
techniques employed here in the design of 90° differen- 
tial phase shifters also may be used to provide any other 
amount of differential phase shift over very broad fre- 
quency bands. 
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Fourier Transforms and Directional 
Couplers* 


The excellent review of Bolinder! on the 
applications of Fourier transforms in wave 
theory, particularly the section on “Coupling 
of Waves,” suggested that the readers of 
these TRANSACTIONS might also be interested 
in some related work performed by this 
writer some time ago. A report? on this work 
contains a section on the use of Fourier in- 
tegral and series methods for directional 
coupler design. In connection with direc- 
tional couplers, this letter also can be con- 
sidered as noting a further addition to the 
useful bibliography of Schwartz.? Although 
not widely distributed, the aforementioned 
report? has been available since late 1947 in 
the Document Room of the Research Lab- 
oratory of Electronics at the Massachusetts 
Institute of Technology as No. SPE-239. It 
should be emphasized that this letter is not 
intended to start a controversy as to who 
did what first, but rather to bring to the 
readers’ attention a report of possible inter- 
est, 

SAMUEL SENSIPER 
Hughes Aircraft Co. 
Culver City, Calif. 


* Received by the PGMTT, November 11, 1957. 

1 &, F, Bolinder, “The relationship of physical ap- 
plications of Fourier transforms in various fields of 
wave theory and circuitry,” IRE TRANs., vol. MTT- 
5, pp. 153-158; April, 1957. 

2S. Sensiper, “Notes on Theory of Directional 
Couplers ” Sperry Gyroscope Co., Inc., Great Neck, 
N. Y., Rep. No. 5224-1095; August 1, 1947. 

3R. F. Schwartz, “Bibliography on directional 
couplers,” IRE Trans., vol. MTT-2, pp. 58-63; July, 
1954. See also, IRE TRANs., vol. MTT-3, pp. 42-43; 
April, 1955. 


Analysis of the Variable-Ratio Mi- 
crowave Power Divider* 


It has been shown experimentally that a 
variable-ratio microwave power divider is 
easily assembled from two identical 3-db 
directional couplers and a phase changer.! 
The scattering matrix? of this structure is 
readily obtained from the flow graph? show- 
ing the interconnections between the cou- 
plers. The following shows that the whole 
structure is still a directional coupler, de- 
rives the conditions to optimize the power 
transfer, and finally, gives the phase angles 
of the scattering coefficients. 

The type of lossless directional couplers 
that are considered here have the following 
scattering matrix 


* Received by the PGMTT, November 11, 1957. 

1W. L. Teeter and K. R. Bushore, “A variable- 
ratio microwave power divider and multiplexer,” 
IRE Trans., vol. MTT-S, pp. 227-229; October, 1957. 

2C. G. Montgomery, R. H. Dicke, and E. M. Pur- 
cell, “Principles of Microwave Circuits,” McGraw- 
Hill Book Co., Inc., New York, N. Y., M.I.T. Rad. 
Lab. Ser., vol. 8, ch. 5; 1948. 

$S. J. Mason, “Feedback theory—some properties 
of signal flow graphs,” Proc. IRE, vol. 41, pp. 1144— 
1156; September, 1953. 
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Fig. 2 


by 0 Sw O Sis a 

be A Siz 0 Su 0 a2 (1) 
bs OS 0 Sis a3 |’ 

bs Su 0 Sp 0 a4 


where a; and },; are, respectively, the com- 
plex amplitudes of the incident and emer- 
gent waves referred to planes 7=1, 2, 3, 4 
and have been normalized in such a way 
that aia;* and b;b;* are respectively pro- 
portional to the incident and emergent 
power at terminal 7. 

Fig. 1 shows the structure to be analyzed 
and Fig. 2 its flow graph. The whole struc- 
ture can be specified by the following scat- 
tering matrix referred to planes 1, 2’, 3 
and 4’ 


by Su Sig” Sig Sage ay 
boy Sat S279" S23. Sarge dy 
bs S31 S32’ S33 Sgae a3 @) 
by S41 Sara” Sarg. Sarg ay 


From the flow graph the coefficients s;; are 
found to be 

Sir = Saran = $33-SSa4r = O 

Sis = S31 = Sore = Sarr = O 
Si2eF? + Syy2e79 = 594 
sur = Si2Sia(e7? + e 7) = S41 = Sars = Sear 
S34" = Si22e779 + Su2e7? = $43. (3) 


S12’ 


After substituting (3) in matrix (2), one ob- 
tains 


by O six O Sur ay 
bar sor O sw O a! (4) 
bs | | Ose OS See a3 
by Sur O Sze O a4 


Since the analysis is based on the assumption 
of ideal lossless components, the scattering 
matrix (4) is unitary and of the same type 
as matrix (1). Thus the whole structure is 
still a directional coupler whose coefficients 
are functions of @ and ¢. Let ¢6=0-+y, 
where y is variable at will (variable phase 
changer). Then, 


sa= ot Se) psa cos = 


: v 
“exp J (e+ gu — 6 — > 


where ¢gi2=phase of Siz; gia=phase of Sha 
The amplitude of sy is then given by 


jv] = 2[ Su] L-[Sult}teos% 


since |.Si2]?+]|.Sis[?=1. 
The optimization of |siv| with respect 
to |S] is obtained by making 


d| sur | 2 

d| Sul 
for all possible values of y; i.e.; 
d| Su’ | 
d| Si | 


Tae ein ea 
ener _ | Sus |? 


| uu |2 
[ reel cs 
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The only acceptable value of |.Su| is then 
1/+/2 which implies that | S12] =1/+/2. Sub- 
stitution of | Sis| =|Si2| =1/+/2 in (5) gives, 


| sw | = cos 
2 


while the power transmission is: 


v 
| sur |? = cos? — 
2 


and 0<|sw|?<1 for 0<y<r. 
For all other values of 0<|Si| <1 


0< | sw |? =4| Sul?[t —| Su |#] cost 


<1ifor0<y<r. 


The phase angles of the scattering coeffi- 
ients are given by 
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p 
Low = on + eu — 6 — 5 = on + ou — 


<6 Sige = tan 
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(0+ ¢) 


_, | Sw? sin Qei2 — 4) + | Sul? sin Qeu — 8) 


| Sis |? cos (2¢i2 — ) + | Sis |? cos (2¢14 — 6) 


| Sie 
ae 


2 sin (2¢2 — 6) + | Su|? sin (2eu — ¢) 


X say? = tan 


| Sw |? cos (2¢i2 — 6) + | Siu |? cos (2¢u — ¢) 


and for | Siz 


=| Siu| =1/./2 they reduce to 


6+ ¢) 
Lsw = Low t= Ls = ent eu am 


From a general viewpoint there are other 
possible interconnections of two directional 
couplers which still give a new directional 


coupler. These cases are being studied in a 
Master of Science thesis at Laval Univer- 
sity, Quebec, Can., and will be publisher 
later. 

R. M. VAILLANCOURT 


Canadian Armament Res. and Dev. Estab 
Valcartier, Quebec, Can. 


Dr. Robert C. Hansen 
Microwave Laboratory 
Hughes Aircraft Co. 
Culver City, Calif. 
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1958 PGMTT National Symposium 


The 1958 PGMTT National Sym- 
posium, sponsored by the IRE Professional 
Group on Microwave Theory and Tech- 
niques and hosted by the IRE San Francisco 
Section, will be held at Cubberley Audi- 
torium, Stanford University, Stanford, Calif. 
May 5-7. 

Arthur L. Aden is Symposium Chairman. 
Kiyo Tomiyasu is in charge of the technical 
program; Henry Schroeder, local arrange- 
ments; Glenn Keitel, publicity; and Theo- 
dore Moreno, finance. Members of the 
Steering Committee are A. L. Aden, T. N. 
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The Technical Program Committee is 
K. Tomiyasu, Chairman, S. B. Cohn, 
Bovis jonessbs Diy acy, shale shaws 
P. H. Vartanian, Jr., and G. J. Wheeler. 

Advance registration for this Symposium 
is urged. Registration fees are $3.00 for IRE 
members, $1.00 for IRE student members, 
and $5.00 for nonmembers. The banquet is 
$5.00 per person extra. Checks should be 
made payable to T. Moreno, Finance Chair- 
man, and should be mailed to T. Moreno, 
Finance Chairman, 1958 PGMTT National 
Symposium, Varian Associates, 611 Hansen 
Way, Palo Alto, Calif. 
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H.H. SKILLING, Chairman, Dept. of Elec. Eng., 
Stanford University, Stanford, Calif. 

W. L. PritcHarp, Chairman, PGMTT Ad- 
ministrative Committee, Raytheon Mfg. Co., 
Wayland, Mass. 


Applications of the Nonlinear Properties 
of Ferromagnetic Resonance 
C. L. Hocan, Dept. of Applied Physics, 
Harvard University, Cambridge, Mass. 


Microwave Radiation from Ferrimagneti- 
cally Coupled Electrons in Transient 
Magnetic Fields 
F. R. MorGenrHALeER, Antenna Lab., AF 
Cambridge Res. Center, Bedford, Mass. 


Ferrite High-Power Effects in Waveguide 
E. STERN AND R. MANGIARACINA, Sperry 
Gyroscope Co., Great Neck, N. Y. 


Shape Effects in Microwave Ferrite Devices 
J. L. MELcHoR AND P. H. VARTANIAN, M1- 
crowave Engineering Labs., Inc., 

Palo Alto, Calif. 


Characteristics of Ferrite Microwave 
Limiters 
G. S. UEBELE, Hughes Aircraft Co., 
Culver City, Calif. 


SESSION 2 
2:00-5:00 P.M. 


FERRITES II 


Mon. 


Chairman: T. N. ANDERSON, Airtron, Inc., 
Linden, N.J. 


Theory of Nonreciprocal Ferrite Phase 
Shifters in Dielectric-Loaded Coaxial Line 
K. J. Button, Lincoln Lab., M.I.T., 
Lexington, Mass. 


Nonreciprocity in Dielectric Loaded TEM 
Mode Transmission Lines 
D. FLERI AND G. HANLEY, Sperry Gyroscope 
Co., Great Neck, N.Y. 


Ferrite Phase Shifter for the UHF Region 
C. M. Jounson, Electronic Communications, 
Inc., Timonium, Md. 


A Ferrite Serrodyne for Microwave Fre- 
quency Translation 
F. J. O'Hara, Missile Systems Div., Ray- 
theon Mfg. Co., Bedford, Mass., AND 
H. ScHARFMAN, Research Div., Raytheon 
Mfg. Co., Waltham, Mass. 


Broad-Band Ferrite Rotators Using Quad- 
ruply Ridged Circular Waveguide 
H. N. Cuair anp N. G. Saxtortis, U. S. 
Naval Res. Lab., Washington 25 D. C. 


A Broad-Band Rotational Ferrite Duplexer 
for Microwave Relay Applications 
T. ANDERSON, K. Carr, AND E. WANTUCH, 
Airtron, Inc., Cambridge, Mass. 


Broad-Band High-Power Ferrite Load 
Isolator for S-Band 
E. N. Skomat, Sylvania Microwave Physics 
Lab., Mountain View, Calif. 


Low-Energy Ferrite Switch 
L. M. SILBER AND M. A. TREUHAFT, Micro- 


wave Research Inst., Polytechnic Inst. 
Brooklyn, Brooklun, N.Y. 
SESSION 3 
Tues. 8:45 A.M.-NOON 


MICROWAVE PHYSICS I 


Chairman: D. D. KiNG, Electronic Communi- 
cations, Inc., Timonium, Md. 


The Present State of the Millimeter Wave 
Generation and Technique Art 

P. D. Coreman, Dept. of Elec. Eng., Uni- 
versity of Illinois, Urbana, Til. 


Millimeter-Wave Generation Utilizing 
Ferrites 
W. P. Ayres, Microwave Engineering Lab., 
Inc., Palo Alto, Calif. 


Some Characteristics of Dielectric Image 
Lines at Millimeter Wavelengths 
J. C. Wirtse, Radiation Lab., The Johns 
Hopkins University, Baltimore 2, Md. 


Microwave Properties of Gas Discharges 
S. C. Brown, Dept. of Physics, M.I.T., 
Cambridge, Mass. 


Investigations of Microwave Phase Shift in 
Gas Discharge and Ferrite Loaded 
Coaxial Lines 
J. RowLey, H. BANpDEL, E. Sxomat, A. L. 
ADEN, AND O. T. FUNDINGSLAND, Sylvania 
Microwave Physics Lab., Mountain View, 

Calif. 


Recent Advances in Microwave Gas Dis- 
charge Duplexer Devices 
L. GouLp, Microwave Associates, 
Burlington, Mass. 


Ines 


High-Power, Magnetic Field Controlled 
Microwave Gas Discharge Switches 
S. J. TETENBAUM AND R. M. Hi, Sylvania 
Microwave Physics Lab., Mountain View, 
Calif. 


SESSION 4 


Tues. 2:00-5:00 P.M. 


MICROWAVE PHYSICS II 


Chairman: J. R. WHINNERY, Dept. of Elec. 
Eng., University of California, Berkeley, Calif 


Solid-State Microwave Amplifiers 
H. HEFFNER, Dept. of Elec. Eng., Stanford 
University, Stanford, Calif. 


On the Design of Reflection Cavity Solid- 
State Masers 

A. L. McWuorter ann J. W. MEYER, 

Lincoln Lab., M.I.T., Lexington, Mass. 


AUHF Solid-State Maser 
R. H. Kincston, Lincoln Lab., M.I.T., 
Lexington, Mass. 


At the Frontiers in Radio Astronomy 
H. I. Ewen, Ewen Knight Corp., 
Needham Heights, Mass. 


A Microwave Frequency Standard Employ- 
ing Optically Pumped Sodium Vapor 
W. E. Bett, A. Bloom, Anp R. WILLIAMS, 
Varian Associates, Palo Alto, Calif. 


SYMPOSIUM BANQUET 


Place—Rickey’s Studio Inn, Rose Room, 
4219 El Camino Real, Palo Alto, Calif. 
Time—Tuesday, Cocktail Hour: 6:00-7:00 

P.M., Dinner: 7:00 p.m. 


1958 


Toasimaster—M. LEIFER, Chairman, San 
_ Francisco Section, IRE, Sylvania Electric 
Products, Mountain View, Calif. 


Opening Address—F. E. TERMAN, Dean of 
Engineering and Provost, Stanford Univer- 
sity, Stanford, Calif. 


Microwave Prize—Announced by W. L. 
PRITCHARD, Chairman, PGMTT Adminis- 
trative Committee, Raytheon Mfg. Co., 
Wayland, Mass. 


Industry’s Role In Basic Research 
C. G. Suits, Vice-President and Director of 
Res., General Electric Res. Lab., 
Schenectady, N.Y. 


SESSION 5 
8:45 A.M.—-NOON 


MICROWAVE TECHNIQUES 


Chairman: T. S. Saap, Sage Labs., Inc., 
Wellesley, Mass. 


Wed. 


How to Explain the Smith Chart to a Digital 
Computer 
L. YounG, Westinghouse Electric Corp., 
Baltimore 3, Md. 


Measurement of Two-Mode Discontinuities 
in a Muitimode Waveguide by a Reso- 
nance Technique 


National Symposium Program 


L. B. FELsen, W. K. Kaun, AND L. LEVEY, 
Microwave Res. Inst. Polytechnic Inst. 
Brooklyn, Brooklyn, N.Y. 


Mode Couplers and Multimodal 
Measurement Techniques 
D. J. Lewis, Moore Schoel of Elec. Eng., 
University of Pennsylvania, 
Philadelphia 4, Pa. 


Measurement of Harmonic Power 
Generated by Microwave Transmitters 
V. G. PRICE, General Electric Microwave Lab., 
Palo Alto, Calif. 


Design Data for Optimum Multicoupler 
Networks 
J. F. CLINE AnD B. M. ScuirrMan, Stanford 
Res. Inst. Menlo Park, Calif. 


A Wide-Band Strip-Line Balun 
E. M. T. JONEs AND J. K. Surmizu, Stanford 
Res. Inst., Menlo Park, Calif. 


Periodic Structures in Trough Waveguide 

A. A. OLINER, Microwave Res. Inst., Poly- 

technic Inst. Brooklyn, Brooklyn, N.Y., AND 

W. Rorman, AF Cambridge Res. Center, 
Bedford, Mass. 


A Study of a Serrated-Ridged Waveguide 

H. S. KirscusBaum, Battelle Memorial Inst., 

Columbus, Ohio, AND R. Tsu, Ohio State 
University, Columbus, Ohio 


CORD 


SESSION 6 
2:00-5:00 P.M. 


Wed. 


MICROWAVE FILTERS 


Chairman: W. W. Mumrorn, Bell Telephone 
Labs., Whippany, N.J. 


Design Considerations for High-Power 
Microwave Filters 
S. B. Coun, Stanford Res. Inst., Menlo Park, 
Calif. 


Waveguide Filter for Suppressing Spurious 
Transmission from High-Power S-Band 
Radar 
H. A. WHEELER AND H. L. BACHMAN, 
Wheeler Labs., Great Neck, N.Y. 


High-Power Filters Using Higher-Order 
Mode Resonance 
J. H. Vocerman, Rome Air Development 
Center, Griffiss Air Force Base, N.Y. 


Hybrid Junction-Cutoff Waveguide Filters 
E. N. Torcow, Microwave Res. Inst., Poly- 
technic Inst. Brooklyn, Brooklyn, N.Y. 


Corrugated-Waveguide Filters with 
Specified Stop-Band Characteristics 

M. CRANE AND D. GrRAceE, Electronics Labs., 
Stanford University, Stanford, Calif. 


Practical Design of Strip-Line Half-Wave- 
length Resonator Directional Filters 
R. D. WANSELOW AND L. P. TUTTLE, Melpa 
Inc., Falls Church, Va. 


Contributors 


W. P. Ayres, for a photograph and bi- 
ography please see page 268 of the October, 
1957, issue of these TRANSACTIONS. 
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Morris E. Brodwin (A’49-M’55) was 
born in New York, N. Y., on July 14, 1924. 
He received the B.S. degree in electrical en- 
gineering from the 
University of Ne- 
braska in 1947. In 
1951, he received the 
M.S. degree and in 
1957, the Dr.Eng. de- 
gree from The Johns 
Hopkins University, 
Baltimore, Md. 

He was a member 
on the staff of the 
Martin Company for 
nine months in 1948. 
In October, 1949, he 
joined the Radiation Laboratory of The 
Johns Hopkins University. He is presently 
research scientist in charge of microwave 
research at the Radiation Laboratory. 

Dr. Brodwin is a member of Sigma Xi 
and Pi Mu Epsilon. 


M. E. BropwiIn 
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H. J. Carlin (M’47-SM’50-F’56) was 
born in New York, N. Y., on May 1, 1917. 
He attended Columbia University, receiving 
the B.S. degree in 
1938, and the M.S. 
degree in 1940. In 
1947 he was awarded 
the D.E.E. degree 
from Polytechnic In- 
stitute of Brooklyn. 

Dr. Carlin was 


with Westinghouse 
from 1940-1945. In 
the latter part of 


1945, he joined the 
Polytechnic Institute 
of Brooklyn, where 
he now holds the position of research profes- 
sor and associate director of the Microwave 
Research Institute. His major work has been 
in the fields of microwave devices and net- 
work theory. 

He is a member of the AAAS, Tau Beta 
Pi, Sigma Xi, and Eta Kappa Nu. 


H. J. CARLIN 
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Seymour B. Cohn (S’41-A’44-M’46-~ 
SM’51) was born in Stamford, Conn., on 
October 21, 1920. He received the B.E. de- 
gree in electrical engineering from Yale Uni- 
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versity in 1942. The M.S. degree in com- 
munication engineering, in 1946, and the 
Ph.D. degree in engineering sciences and ap- 
plied physics, in 1948, 
were awarded by 
Harvard University. 
From 1942 to 1954, 
he was employed as 
a special research as- 
sociate by the Radio 
Research Laboratory 
of Harvard Univer- 
sity, also represent- 
ing that Laboratory 
as a technical ob- 
server with the U. S. 
Army Air Force in 
the Mediterranean Theater of Operations. 
Dr. Cohn worked at Sperry Gyroscope Co. 
from 1948 to 1953, where he held the position 
of research engineer in the Microwave In- 
struments and Components Department. 

Since February, 1953, Dr. Cohn has been 
with the Stamford Research Institute as head 
of the Microwave Group, and since 1957 as 
manager of the Antenna Systems Labora- 
tory. 

He is a member of Tau Beta Pi and Sig- 
ma Xi. 


K 


S. B. CoHN 
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%, 
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R. E. Collin, for a photgraph and bi- 
ography please see page 219 of the July, 1957, 
issue of these TRANSACTIONS. 
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Alexander L. Cullen (M’56) was born in 
Lincoln, England, on April 30, 1920. He 
studied electrical engjneering at Imperial 
College, London, Eng- 
land, and in 1940, 
joined the staff of the 
Radio Department of 
the Royal Aircraft 
Establishment, Farn- 
borough, where he 
worked on radar. 

In 1946, Professor 
Cullen joined the 
staff of University 
College, London, Eng- 
land, as lecturer in 
electrical engineer- 
ing, where he collaborated with Professor 
H. M. Barlow in microwave research and in 
writing a textbook on “Microwave Measure- 
ments.” 

In 1955, he was appointed to the Chair 
of Electrical Engineering in the University 
of Sheffield. 

Prof. Cullen is an Associate Member of 
the IEE, and is a member of several com- 
mittees connected with work in the micro- 
wave field. 


A. L. CULLEN 
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Glenn F. Engen was born in Battle 
Creek, Mich., on April 26, 1925. He re- 
ceived the B.A. degree in physics and mathe- 


matics from Em- 
manuel Missionary 
College, Berrien 
Springs, Mich., in 


June, 1947. He has 
done graduate work 
at the Universities of 
Michigan, Maryland, 
and Colorado. After 
employment with the 
U.22S5 Naval 3@xds 
nance Laboratory 
and The Johns Hop- 
kins University Ap- 
plied Physics Laboratory, he joined the Na- 
tional Bureau of Standards in 1954. His pres- 
ent work is in the field of microwave power 
measurement techniques and standards. 
Mr. Engen is a member of the Boulder 
Branch of RESA. 


G. F. ENGEN 
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Alan L. Helgesson was born in Gary, 
Ind., on March 28, 1933. He received the 
B.S. degree in electrical engineering from the 
California Institute 
of Technology, Pasa- 
dena, Calif., in 1955 
and the M.S. degree 
from Stanford Uni-_ 
versity, Stanford, | 
Calif., in 1957. 

He has been a 
member of the tech- — 
nical staff at Bell 
Telephone Labora- 
tories and a_ part- 
time assistant in- 
structor in the math- 
ematics department of Ohio State Univer- 
sity. Since June, 1956, he has been an en- 
gineer at the Sylvania Microwave Physics 
Laboratory engaged in the study of micro- 
wave ferrite devices and dielectric loaded 
waveguide. At present, he is on leave of ab- 
sence at the Massachusetts Institute of 
Technology where he is studying for the 
Sc.D. degree. 


Mr. Helgesson is a member of Tau Beta 
Pr 


A. L. HELGESSON 


J. C. Helmer was born in Evanston, Ill. 
on November 18, 1926. He received the B.S. 
degree in mathematics from Lawrence Col- 
lege in 1950, the M.S. degree in physics from | 
the California Institute of Technology in 
1952, and the Engr. and Ph.D. degrees in 
electrical engineering from Stanford Uni- 
versity in 1954 and 1957, respectively. 

At various times Dr. Helmer has worked 


1958 


as a computer engineer for Northrop Avia- 
tion Corp. and Bendix Aviation Corp. in 
Los Angeles, Calif., and as a microwave engi- 
neer for Bell Tele- 
phone Laboratories. 
From 1953 to 1956, 
he was a research as- 
sistant at the Hansen 
Laboratories at Stan- 
ford University. Since 
August, 1956, he has 
been a member of 
the research staff of 
Varian Associates. 
Dr. Helmer is a 
member of Phi Beta 
Kappa, Tau Beta Pi, 
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J. C. HELMER 


and Sigma Xi. 


Allan V. James (S’51-A’56) was born in 
Kingston, Jamaica, British West Indies, on 
March 23, 1913. He attended elementary 
and high schools in 
Brooklyn, N. Y. Dur- 
ing 1946 and 1947, 
he served in the U. S. 
Army as a radar re- 
pairman with the 
Signal Corps. He re- 
ceived the B.S. de- 
gree in electrical 
engineering from the 
Milwaukee School of 
Engineering in 1950, 
and the M.S. degree 
in electrical engineer- 

ing from the Polytechnic Institute of Brook- 
yn in 1956. 

Mr. James was employed by the Poly- 
technic Institute of Brooklyn, Microwave 
Research Institute, from 1951 to 1956, where 
he designed several bolometric and calori- 
metric power meters for operation in the 
microwave region. He is presently employed 
as microwave design engineer by the Poly- 
technic Research and Development Com- 


pany. 


A. V. JAMES 


Kaneyuki Kurokawa was born on August 
14, 1928, in Tokyo, Japan. He received the 
B.S. degree in electrical engineering from the 
; University of Tokyo 
in 1951. Since then, 
first as a graduate 
student and later as 
an assistant of the 
university, he has 
been engaged in re- 
search on microwave 
measurements. In 
1954, he participated 
in the Foreign Stu- 
dent Summer Project 
held at the Massa- 
chusetts Institute of 


K. KuroKAWA 


Contribufors 


Technology. Mr. Kurokawa became an as- 
sistant professor of the University of Tokyo 
in August, 1957. 

He is a member of the Institute of Elec- 
trical Engineers of Japan and the Institute 
of Electrical Communication Engineers of 
Japan. - 


Katsu Matsumaru (A’55) was born on 
May 30, 1913, in Tokyo, Japan. He was 
graduated from 


Tokyo University with 
the B.S. degree in 
1939. 

From 1940 to 
1943, he served as an 
assistant at Tokyo 
University and later, 
from 1944-1951, he 
served in the same 
capacity at the To- 
kyo Institute of Tech- 


nology. 
i In 1951, Mr. Mat- 
K. MatTsuMARU sumaru joined the 


Radio Development 
Section of the Electrical Communication 
Laboratory, Nippon Telegraph and Tele- 
phone Public Corporation in Tokyo, 
Japan, where he has participated in the 
microwave research program. 


?, 
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Ljubimko Milosevic was born in Zajecar, 
Yugoslavia, on June 23, 1916. He was 
graduated from Faculté Technique of Bel- 
grade University in 
1939. He attended 
the Sorbonne (Etudes 
Supérieures des Sci- 
ences Physiques) in 
Paris, and was grad- 
uated in 1940. In 
1943, he was gradu- 
ated from Ecole Na- 
tionale Supérieure des 
Télécommunications. 
He joined the Com- 
pagnie Frangaise 
Thomson-Houston in 
Paris in 1943, and was in charge of electro- 
acoustics studies until 1949. He then was 
put in charge of hf heads studies in the vhf 
research laboratory. He is, at present, head 
of high-power radar development in the di- 
vision Matériel Electronique. 

Mr. Milosevic is a member of the Société 
des Radio Electriciens. 


L. MILosEvic 


Frederic R. Morgenthaler (S’55-M’S7) 
was bornin Shaker Heights, Ohio, on March 
12, 1933. He was associated with Bell Tele- 
phone Laboratories, New York, N. Y., and 
Murray Hill, N. J., from 1953 to 1955 asa 
cooperative course student and received the 


ee ge 
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degrees of S.B. and S.M. in electrical engi- 
neering in 1956 from the Massachusetts In- 
stitute of Technology, Cambridge, Mass. 

Mr. Morgenthaler 
presently is on active 
duty as a Lieutenant 
in the United States 
Air Force and 1s sta- 
tioned at the Antenna 
Laboratory, Elec- 
tronics Research Di- 
rectorate, Air Force 
Cambridge Research 
Center, Bedford, 
Mass. He is currently 
engaged in the study 
of microwave prop- 
erties of solid state materials. 

He is a member of Eta Kappa Nu, Tau 
Beta Pi, and Sigma Xi. 


F. MORGENTHALER 


John A. Morrison was born in Becken- 
ham, Kent, England, on June 10, 1927. He 
received the B.Sc. (Special) Mathematics 
degree from the Uni- 
versity of London in 
1952. He did his 
graduate study at 
Brown University, 
Providence, R. I., re- 
ceiving the Sc.M. 
degree in 1954 and 
the Ph.D. degree in 
applied mathematics 
in 1956. 

Dr. Morrison has 
been at Bell Tele- 
phone Laboratories, 
Murray Hill, N. J., since February, 1956, 
where he has been mainly concerned with 
electromagnetic theory. 

Dr. Morrison is a member of Sigma Xi. 


J. A. Morrison 


Marcel W. Muller (SM’57) was born in 
Vienna, Austria, on November 1, 1922. He 
received the B.S. degree in electrical engi- 
neering in 1949 and 
the A.M. degree in 
physics in 1952 from 
Columbia University, 
INew,Y Orl<, Naas 
and the Ph.D. in 
physics in 1957 from 
Stanford University, 
Stanford, Calif. 

Since 1952, he has 
been a research en- 
gineer at Varian As- 
sociates, where he 
has engaged in re- 
search on microwave electronics and physics. 

Mr. Muller is a member of the American 
Physical Society, Sigma Xi, and Tau Beta 
ell 


M. W. MULLER 
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Sogo Okamura (A’52-M’57) was born in 
Mie Prefecture, Japan, on March 18, 1918. 
He graduated from the Tokyo Imperial Uni- 
versity (now the Uni- 
versity of Tokyo) in 
1940, and received 
the Doctor of Engi- 
neering degree from 
the same university 
in 1951. 

He was appointed 
an instructor in the 
Electrical Engineer- 
ing Department of 
the Tokyo Imperial 
University in 1940. 
During World War 
II, he served as a naval officer and was en- 
gaged on the microwave radar at the Naval 
Technical Research Institute in Tokyo. 

After the war he was appointed an as- 
sistant professor in 1947, and became a pro- 
fessor in 1951, at the University of Tokyo. 

Awarded a scholarship by the British 
Council, he studied at University College, 
London, from 1953 to 1954. He has been 
lecturing on electrical engineering subjects 
and is now working on microwave electronics. 

Dr. Okamura is a member of the Insti- 
tute of Electrical Engineers of Japan, the 
Institute of Electrical Communication En- 
gineers of Japan, the Physical Society of 
Japan, the Institute of Illuminating En- 
gineers of Japan, and the Institute of Tele- 
vision Engineers of Japan. He is also a 
member of the National Committee of URSI. 


S. OKAMURA 
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B. Rogal was born in Kielce, Poland, on 
April 9, 1920. During World War II, he 
served as a signals officer. After the war he 
obtained the B.Sc. 
(Hons) degree in 
electrical  engineer- 
ing at the University 
of London. 

He joined Wayne- 
Kerr Laboratories, 
Ltd., in February, 
1950, as a develop- 
ment engineer and 
has been engaged on 
work in uhf and vhf 
bands. 

Since 1952, his 
main interest has been in the microwave field 
where he has worked on a number of high 
precision measuring instruments. In April, 
1956, he was appointed chief enginee rf of 
Wayne-Kerr. 

Mr. Rogal is a graduate member of the 
Institute of Electrical Engineers, England. 


B. RoGau 


7, 
~ 


Bernard M. Schiffman (S’51-A’53) was 
born on December 5, 1915, in New York, 
N. Y. He received the B.S. degree in electri- 
cal engineering in 1952 from the State Uni- 
versity of Iowa. He did graduate work at 
the Polytechnic Institute of Brooklyn and 
Stanford University. From 1941 to 1945, he 
served in the U. S. Army. During part of 


244 IRE TRANSACTIONS ON MICROWAVE THEORY AND TECHNIQUES 


this period, he was a radio technician in the 
Signal Corps. From 1946 to 1951, Mr. 
Schiffman was a junior civil engineer with 
the City of New 
York. From 1952 to 
1954, he was em- 
ployed by the Hazel- 
tine Electronics Corp. 
in a radar indicator 
development group. 
In 1954, he joined the 
Sylvania Electronic 
Defense Laboratory, 
where he worked on 
transmitter develop- 
ment and in the mi- 
crowave group. 

In July, 1956, he joined the staff of the 
Stanford Research Institute, where he has 
been engaged in microwave circuit research 
and development. 

Mr. Schiffman isa member of Eta Kappa 
Nu and RESA. 


B. M. SHIFFMAN 


Amarjit Singh (SM’56) was born on No- 
vember 19, 1924, in Ramadas, Punjab, In- 
dia. He received the Master’s degree in 
physics from Punjab 
University in 1945. 
That same year he 
received a Govern- 
ment of India schol- 
arship for study in 
the United States. 
He received the Mas- 
ter of Engineering 
Science degree in 
1947 and the Ph.D. 
degree in 1949 from 
Harvard University, 
Cambridge, Mass. 

From 1949 to 1953, Dr. Singh was lec- 
turer in radio physics at the University of 
Delhi. 

In 1953 he became a member of the Sci- 
entific staff of the National Physical Labora- 
tory of India, leading a project on micro- 
wave tubes, and in 1956 he became Senior 
Scientific Officer. Dr. Singh joined the Cen- 
tral Electronics Engineering Research In- 
stitute in 1957. He now holds the position of 
Assistant Director. 


A. SINGH 


Jadwiga Smolarska was born on July 2, 
1931, in Cracow, Poland. She began her en- 
gineering studies at the Gliwice Polytechni- 
cal College and later 
transferred to the 
Wroclaw Polytechni- 
cal College where she 
obtained an electrical 
engineering _certifi- 
cate in 1954. In 1956, 
she received the 
M.Se. degree from 
the Warsaw Poly- 
technical College. 

The material for 
Miss Smolarska’s ar- 
ticle is derived from 
her diploma work which was done at the In- 


J. SMOLARSKA 
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stitute of Basic Technical Problems of the 
Polish Academy of Science in the Depart- 
ment of Communications Theory, where she 
has been employed since 1956 on waveguide 
theory research. 


Max Sucher was born in Poland in 1913. 
He received the B.S. degree in physics from 
Brooklyn College, Brooklyn, N. Y., in 1933 
and the M.S. de- 
gree in physics from 
Brooklyn Polytech- 
nic Institute, Brook- 
lyn, N. Y., in 1947. 


From 1936 to 
1938, Mr. Sucher was 
with the National 


Bureau of Standards 
and from 1940 to 
1946, with the Bureau 
of Ships of the Navy 
Department. From 
1946 to 1947, he 
served as a research fellow in the physics 
department of Brooklyn Polytechnic Insti- 
tute, joining the staff of the Polytechnic Re- 
search and Development Company in 1947. 
Since 1950 he has been with the Microwave 
Research Institute of Brooklyn Polytechnic 
Institute as a research associate and project 
engineer. 

Mr. Sucher is a member of the American 
Physical Society and Sigma Xi. 


M. SucHER 
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L. O. Sweet (S’51-A’53) was born in 
Brooklyn, N. Y. on October 19, 1929. He re- 
ceived the B.E.E. degree from the College 
of the City of New 
York in 1951 and the 
M.E.E. degree from 
the Polytechnic In- 
stitute of Brooklyn 
in 1952. He was at 
the Microwave Re- 
search Institute of 
Brooklyn Polytech 
from 1951 to 1953 
and from 1955 to 
1956. While there, 
he worked on the de- 
velopment of micro- 
wave power standards. From 1953 to 1955, 
he served asa lieutenant in the United States 
Air Force and was engaged in the airborne 
testing and evaluation of bombing and navi- 
gation systems. 

He joined the engineering staff of the Poly- 
technic Research and Development Com- 
pany in 1956 and is presently concerned with _ 
the development of microwave components. | 

Mr. Sweet is a member of Sigma Xi, 


L. O. SwEET 
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P.H. Vartanian (S’52-M’56-SM’S56) was 
born in Rochester, N. Y., on June 14, 1931. 
He received the Bachelor of Science degree in 


1958 


electrical engineering in 1953 from the Cali- 
fornia Institute of Technology, Pasadena, 
Calif., and the Master of Science degree from 

ee Stanford University, 
Stanford, Calif., in 
1954. 

At Stanford he 
was a Tau Beta Pi 
Fellow and later a 
research assistant at 
the Electronics Re- 
search Laboratory. 
In 1951 and 1952 Dr. 
Vartanian worked 
part-time at the 
United States Naval 
Radiological Defense Laboratory on radia- 


P. H. VARTANIAN 


Contributors 


tion detectors. In 1954, he joined the Elec- 
tronic Defense Laboratory of Sylvania Elec- 
tric Products Inc., Mountain View, Calif., 
where he was engaged in research on micro- 
wave ferrites. 

In 1956, he received the Ph.D. degree in 
electrical engineering at Stanford University 
under the Honors Cooperative Program. 

During that same year, Dr. Vartanian 
assisted in the formation of the Microwave 
Engineering Laboratories, Incorporated, 
Palo Alto, Calif., where he is presently en- 
gaged in research and development on solid- 
state components. 

Dr. Vartanian is a member of Tau Beta 
Pi and RESA. 


Réné Vautey was born in Paris, France, 
on April 29, 1929. He was graduated from 
the Ecole Nationale Supérieure des Télé- 
communications in 
1953. 

Tn 954 ee Nir: 
Vautey joined the 
Compagnie Francaise 
Thomson-Houston in 
Paris, France, where 
he is, at present, in 
charge of microwave 
research and develop- 
ment in the division 
Matériel Electron- 
ique. 


R. VAUTEY 


microwave 
engineers 


e The Hughes Research and 
Development Laboratories are 
engaged in basic and applied 
research and development pro- 
grams in a wide variety of fields, 
including antennas, radomes, 
microwave and storage tubes, 
masers, ferrite devices, micro- 
wave circuitry, instrumentation, 
and other fields. 


One of the several interesting 
problems is the design of feed- 
back loops for locking the local 
oscillator klystron to an availa- 
ble reference signal. The re- 
quirements —good stability and 
low noise in a very trying en- 
vironment. 


Your inquiry is invited. _ 


Please write Mr. John Bailey. 


RESEARCH & DEVELOPMENT 


LABORATORIES 


___ Hughes Aircraft Co., Culver City, Calif. 


AS EARTH 
MOVES INTO 


THE SPACE AGE... 


easing emphasis is being focused on the technical ability of the 
Electronic Specialty Co. ‘Systems Division,” 
as new demands of missile and aircraft systems are reflected in recent 
projects. The Division has proved its ability to 
take these problems and add the ingredients of experience, know how, 
component development and production capability. 

The company is now furnishing systems for ground and flight test, 
armament controls, generator controls, 
communications, electronic countermeasures and of major importance 
today, proximity, impact or timing fuses. 

For engineering details write, outlining your 
specific requirements. 


ELECTRONIC SPECIALTY CO. 


5121 San Fernando Road, Los Angeles 39, California 
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MICROWAVE THEORY AND TECHNIQUES will ac- 
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KEARFOTT COMPANY, INC. 


MICROWAVE DIVISION 
DEPT. 19D, 14844 OXNARD ST. 
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OTHER KEARFOTT products in- 
clude: Ferrite Isolators and ie 
Duplexers in a wide range of Vol. MTT-5, No. 2 
sizes and band widths and fa- April, 1957 $1.90 $2.85 $5.70 
cilities to produce special con- 
figurations if desired. Our 
engineers can help you. Vol. MTT-S, No. 3 
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Eastern Office : Staal teat A dl 
BR ACs wee Baliass tetas, Vol. MTT-5, No. 4 
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* Colleges, Universities, Subscription Agencies, and all Libraries, may 


purchase at IRE Member rate. 


INSTITUTIONAL LISTINGS 


The IRE Professional Group on Microwave Theory and Techniques is grateful for 
the assistance given by the firms listed below, and invites application for Institu- 


tional Listing from other firms interested in the Microwave field. 


AIRTON, INC., i101 W. Elizabeth Ave., Linden, N.J. 


Designers and Producers of Complete Line of Microwave, Electronic and Aircraft Components. 


COLLINS RADIO CO., Cedar Rapids, lowa 


Complete Industrial Microwave, Communication, Navigation and Flight Control Systems 


HUGHES AIRCRAFT COMPANY, Culver City, Calif. 
Radar Systems, Guided Missiles, Antennas, Radomes, Tubes, Solid State Physics, Computers 


MARYLAND ELECTRONIC MANUFACTURING CORPORATION, College Park, Md. 


Development and Production of Microwave Antennas and Waveguide Components 


MICRODOT, INC., South Pasadena, Calif. 


Microminiature Coaxial Connectors, Cables, and Assemblies 


MICROWAVE DEVELOPMENT LABS., INC., 92 Broad St., Babson Park 57, Mass. 
Design, Development & Production of Waveguide Components & Complete RF Assemblies 


MICROWAVE TUBE LAB., SYLVANIA ELECTRIC PRODUCTS, INC., 500 Evelyn Ave., Mountain View, Calif. 
Traveling-Wave Tubes, Backward-Wave Oscillators (Helix and Oscillators), Klystrons 


WEINSCHEL ENGINEERING CO., INC., Kensington, Md. 
Attenuation Standards, Coaxial Attenuators and Insertion Loss Test Sets 


WHEELER LABORATORIES, INC., 122 Cutter Mill Road, Great Neck, N. Y. 


Consulting Services, Research & Development, Microwave Antennas & Waveguide Components 


The charge for an Institutional Listing is $50.00 per issue or $140.00 for four con- 
secutive issues. Applications for Institutional Listings and checks (made out to the 
Institute of Radio Engineers) should be sent to Mr. L. G. Cumming, Technical 
Secretary, Institute of Radio Engineers, | East 79th Street, New York. 21, N. Y. 
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LED IN: STACI 


BROADBAND SPECTRUM 
ANALYZER 


Type L701A: 950 to 2000 Mc/s (Fund.) 

Type S701A: 1900 to 4000 Mc/s 
(Fund.) 

Harmonic Operation: to 16,000 Mc/s 

Swept IF: 7 Kc and 50 Kc 

Sweep Width: 50 Mc 


RF Attenuator: 100 db Range 
Video Markers 


UNIVERSAL KLYSTRON 
POWER SUPPLY 


Beam: 200 to 2000 V, 125 ma max., 
1800 to 3600 V, 100 ma or 250 
W max. 

Reflector: 0 to 1000 V 

Control Grid: —300 to 0 to +150 V, 
5 ma max. 


Regulation: 0.03% 
Ripple: 3 mv max. 


Internal Reflector Modulation: 
Square Wave, Pulse, Sawtooth, 
Sine Wave 


5 ton Microwave Cygwin ent 


SIGNAL SOURCES 


Type L771B: 950 to 2000 Mc/s 
Type S771B: 1900 to 4000 Mc/s 
Type C772A: 3950 to 8200 Mc/s 
Type X772A: 7000 to 10,750 Mc/s 
Output Power: 50 mw (average) 
Direct Reading Frequency Dial: 1% 


Internal Modulation: Pulsed, Square 
Wave, C.W. ‘ 
Integral RF Level Set Attenuator 


UNIVERSAL MICROWAVE 


POWER SUPPLY 


Helix or Beam: 0 to 1800 V, 125 ma max. 
1700 to 3500 V, 100 ma or 250 W max. 
Collector: 0 to 300 V, 100 ma max. 
Anode: 0 to 600 V, 60 ma max. 
G-1: 0 to 300 V, 5 ma max. 

G-2 or Reflector: 0 to +1200, 1 ma max. 


G-3: 0 to +750, 1 ma max. 

G-4: 0 to +500, 1 ma max. 

Regulation: 0.03%. Ripple: 3 mv max. 
Heater: 0 to 15 V D.C., Regulated. 


Internal G-1 or G-2 Modulation: Sine Wave, 


Square Wave, Pulse, Sawtooth. 


also avattabdle...STANDING WAVE AMPLIFIER (30) 
UNIVERSAL POWER METER Gia) 


F-R MACHINE WORKS, Inc. 


WOODSIDE 77, N. Y. 


TEST 
EQUIPMENT 


RADAR 
COMPONENTS 


AStoria 8-2800 


HIGH-POWER 
MODULATORS 


UNIVERSAL RATIOMETER 


(COMBINED RATIO METER AND 
STANDING WAVE AMPLIFIER) 


RATIO METER—1000 cps operation 

VSWR Ranges: 1.02 to 1.22, 1.20 to co 
Reflection Coefficient: .01 to .1, .1 to 1.0 
Other Scales: db, Slotted Line VSWR 
Standing Wave Amplifier—1000 cps operation 
Range: 70 db in six 10 db steps 

Noise Level: .03 mv 

Scales: VSWR, db, Expanded VSWR 
Bolometer Bias: 4.5 and 8.75 ma 

Input Impedance: 200 ohms or 200 K ohms 


KLYSTRON 
POWER SUPPLY 


Beam: 300 to 1000 V, 85 ma max. 
Reflector: 0 to 900 V, 20 “a max. 


Control Grid: —300 to 0 to +150 V, 
5 ma max. 


Regulation: 1% 
Ripple: 7 mv max. 


Internal Reflector Modulation: 
Square Wave, Pulse, Sawtooth 


Write today for compl 


REPRESENT 


FLORID 
GEORGI 
ALABAN 


J. NEAL CO. 
1941 S.W. 33) 
MIAMI, FLA. 
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WASHING 
OREGO! 


AHMCO 

BOEING FIELD 
KING CITY Al 
SEATTLE 8, W. 


WASHINGTC 


A & M ASSOC 
1145 19th ST. 
WASHINGTON, 


———— 
COLORAL 


NEW MEXi 
UTAH 
WYOMIN| 


HYTRONIC 
MEASUREMENT: 
1295 S$. BANNC 
DENVER 23, C¢ 
———————— 
ILLINOIS 
INDIANA 
WISCONS): 


KADELL SALES | 
5875 N. LINCO} 
CHICAGO 45, 11 
LS 
CALIFORN} 
ARIZONA 


VAN GROOS CG 
21051 COSTAN) 


WOODLAND Hill 
———— 


EXPORTI 


SZUCS INT'L ¢ 
50 BROAD STH 
NEW YORK 4, . 
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